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Preface
Power electronics represents a branch of electronics dedicated to the controlled con-
version of electrical energy. This conversion includes adaptation of power to diverse 
applications such as voltage or current power sources, electrical drives, active filter-
ing in power systems, distributed generation and smart grid, electrochemical pro-
cesses, inductive heating, lighting and cooking control, distributed generation, and 
naval or automotive electronics. This very broad range of applications has stimulated 
research and development, and new control methods of power hardware are sug-
gested each day. The medium- and high-power converter systems require multidisci-
plinary knowledge of basic power electronics, digital control and hardware, sensors, 
analog preprocessing of signals, thermal management, reliability, protection devices 
and fault management, or mathematical calculus.

Because of this great number of technical solutions with many variations of the same 
concepts, it is somewhat difficult for the practicing engineer or for a student to keep 
track of new developments or to find the most appropriate solution in the given time. It 
is therefore easier to develop a reasoning based on system-level understanding of the 
problem rather than aiming at an encyclopedia collection of solutions. This naturally 
moves the question from “how to do it?” to “what is better to do?”  Therefore, a good 
engineer involved in industrial activities needs to also understand technology evolution, 
market timing, component availability and technology cycling, social requirements for 
environment and reliability, all of these in addition to the classical now circuit design.

Libraries and bookstores offer a great number of books on power electronics, 
mostly academic textbooks of a theoretical nature without getting too deeply into the 
practical aspects of technology development.

Other publications offer a multitude of design solutions grouped into an encyclo-
pedia style handbook. Given the need for multidisciplinary knowledge at the edge 
between academic and industrial preoccupations, as well as the large variety of appli-
cations, the technical information often stretches beyond the offer of a handbook.

Conversely, this book offers a technology review rather than a collection of design 
procedures. Readers are offered information about the history of important achieve-
ments, current performance expectations, the technology evolution from radical to 
incremental solutions, S-curve and the cycle of performance achievement in technol-
ogy development, and modern requirements for either standards or design for reli-
ability. All of these distinguish this book on the library shelf as a very unique view 
of the technology of power electronics systems. This way, the design and develop-
ment decisions are not made solely by circuit investigation, and a multitude of other 
technology-related criteria can be considered.

This book can also be seen as a digest of cutting-edge results in the field of 
medium- and high-power converters presented in a precise manner, with a fair 
amount of examples and references. From the numerous papers, patents, and research 
notes published throughout the world during the last 25 years, those methods mostly 
relevant to the industry have been selected as samples of the technology evolution. 
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The position of each topic in the history of power electronics technology and its con-
tribution to performance improvement is highlighted and justified. The most incisive 
focus of this book is dedicated to the PWM algorithms and it is hoped that this book 
presents this concept at its best.

The presentation flows from simple facts to advanced research topics and readers 
are required to have only a minimal background in electrical engineering or power 
electronics. Chapters in the first part of the book end with problems to help readers 
improve their learning. This combination of theory and examples is the result of the 
author’s many years of teaching at different universities as well as his vast industrial 
“hands-on” experience.

The book begins with an overview of industrial power converters and power 
semiconductors dedicated to medium- and high-power operations, and includes 
aspects about the market. After a brief technology review of power semiconductors 
in Chapter 2, Chapters 3 through 5 define the basics of operating a conventional 
three-phase inverter with pulse width modulation. Chapters 6 through 10 are dedi-
cated to the practical aspects of implementation with many examples from known 
industrial platforms. Chapters 11 through 17 are dedicated to other special three-
phase topologies and their control. Chapter 14 introduces a solution that has been 
used more frequently during the past few years to achieve higher power from con-
ventional lower-power converters. The parallel or interleaved operation of conven-
tional three-phase inverters helps increase the power capacity by the addition of 
multiple low-power units already available on the market.

Finally, Chapter 18 features a future-looking research topic related to conceiving 
novel converter topologies using Intelligent Power Modules as building bricks, under 
the Network of Switches concept, with benefits in reliability improvement and loss 
reduction. It is the author’s belief that the Network of Switches concept can represent 
for contemporary power electronics what the transition from the bipolar transistor to 
the integrated circuit meant for analog electronics in 1970s.

This book covers modern topics pertaining to medium- and high-power converters 
used in three-phase DC/AC or AC/DC conversion, and it can serve as an advanced text-
book for graduate students or as a reference book for engineers working in the industry.
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Iasi, Romania 
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1

Introduction to Medium- 
and High-Power 
Switching Converters

1.1  MARKET FOR MEDIUM- AND HIGH-POWER CONVERTERS

1.1.1  Technology Status

Power electronic converters have been one of the fastest-growing market sectors in 
the electronics industry over the last 40 years [1]. Power electronic devices are at 
the heart of many modern industrial and consumer applications and account for $18 
billion per year in direct sales, with an estimated $570 billion through sales of other 
products that include power electronic modules.

The main application areas for power electronics are in power quality and protec-
tion, switch-mode power conversion, batteries, and portable power sources, automo-
tive electronics, solar energy technology, communications power, and motion control 
(classification similar to a Darnell Group market report). The technology behind 
most products within these markets is on the saturation side of the performance’s 
S-curve. The industry’s efforts are concentrated in optimization of production and 
cost efficiency. The Organization of Electronics Manufacturers (OEM) has shown a 
clear trend for the power supply sector to stay away from custom-designed products 
and to optimize the standard, modified standard, and modular configurable products.

In power electronics, technology has developed under the pressure of the industry’s 
needs, and there are many excellent papers written both by industry and university peers 
over more than 30 years. In synchronous with the technology status, current academic 
efforts target organization of information, book and tutorial writing, as well as improv-
ing the educational means. Moreover, there are new emerging regions of the world, and 
an ever-increasing number of new students in engineering in new places. This moves the 
focus of large corporations from achieving the technological leadership toward global 
market supremacy by production volume, diversity, and global and regional coverage.

Such an impressive count of sources of information may be overwhelming. However, 
each publication has its own goals, from basic student education textbooks, to indus-
trial design handbooks, or niche tutorials. It is the intention of the present book to 
understand current technology within a business perspective and to present the exist-
ing engineering hands-on knowledge in an organized manner. This book focuses on 
medium- and high-power converters and the main applications at this power level are

•	 High-voltage DC transmission lines
•	 Locomotives

1
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•	 Ship propulsion
•	 Large- or medium-sized uninterruptible power supply (UPS) systems
•	 Motor control from horsepower range to multi-MVA
•	 Propulsion of electric or hybrid vehicles
•	 Servo-drives, robot, or welding machine systems
•	 Elevator systems
•	 Distributed generation for renewable energy sources
•	 Appliances, air conditioners, refrigerators, microwave ovens, and washing 

machines
•	 Automobile electronics, power steering, power windows, doors, or seats
•	 Switch-mode power supply for industrial applications
•	 Consumer electronics, power supplies for VCR, TV sets, and radio
•	 Distribution systems for computers

Since the book deals with intimate details of designing and working with power 
electronic converters at medium- and high-power levels, without too much details at 
the application level, this introductory chapter briefly discusses the most attractive 
and emerging applications.

The introduction to the first edition has insisted on a series of market realities and 
numbers since the beginning of the twenty-first century which quest for technological 
leadership corporations still have. Such commitment for technological performance has 
generally favored a mathematical approach, a competition based on quantities explicitly 
shown both in market and technological achievements. Currently, we are witnessing a 
shift from the interest for quantitative expression of success toward the interest in global 
coverage and image. The newest financial annual reports of many corporations are less 
rich in numeric data and more informative on the geopolitical plans of the corporation. 
Sensitive to this trend, the introduction of the current edition of this book will review 
more the major technological achievements and less the market numerical data.

The most advanced efforts in power electronics are covering the following activities:

•	 Semiconductors
•	 Application development and assimilation of SiC/GaN devices
•	 New generations of power ICs, taking advantage of new IC technology 

platforms
•	 Low-power converters

•	 Digital power supplies, especially those used for server/computer 
applications

−− Processor power controller with Intel VR10/11, or AMD VID support
−− Digital power supply with communication, and variable voltage 

controller, multiple operation modes
−− Generate and/or meet new standards, at the cross-disciplinary field 

between power supplies and servers/computers
•	 Lower-voltage output, for newer generations of processors (like 100 A 

at 1 V)
•	 Lower-voltage input for energy harvesting devices such as thermo-

electric generators
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•	 Conventional low-voltage applications
•	 Improved power density and efficiency (sustaining efforts at system 

level, including thermal management)
•	 Use of new materials in passive components (magnetics and capaci-

tors), with redesign at the converter level to accommodate their peculiar 
performance

•	 Generate and/or meet standards derived from the saturation of 
performance

•	 Application development
−− Light systems, including multiple LEDs
−− Energy management in automotive systems, with networks of mul-

tiple motor drives
•	 Given the existing production lines operating at high volume, we have 

efforts in reliability and protection—models, calculations, physics of 
failure

•	 Medium-voltage converters
•	 Improved power density and efficiency (sustaining efforts at system 

level, including thermal management)
•	 New topologies and afferent control for better use of energy while tak-

ing advantage of the existing saturation limits of performance if sus-
taining would not do it, need to cross fields—you need to be really good 
to see it at the system level

•	 Application development
−− Smart grid, including communications along the transmission of 

energy, for better energy management
−− New products, for energy metering, sensing, production, stor-

age, and transfer
−− New algorithms for software calculation of various perfor-

mance indices
−− Application development and assimilation of power converter 

technology (motor drives) within HVAC and refrigeration systems 
(fairly new product applications)

−− This may require novel and appropriate control algorithms
−− Integration of renewable energy sources

−− Photovoltaics
−− Wind, sun, and water—this topic slowly moves into sustaining 

mode
•	 Given the existing production lines operating at high volume, we have 

efforts in reliability and protection—models, calculations, and physics 
of failure

•	 High-voltage converters
•	 Introduction/design of new power semiconductor devices
•	 More power electronic control of energy, including active filters, 

STATCOM devices, power quality controllers, and so on
•	 Inventive protection devices for high-voltage environment
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•	 Brand new applications in experimental physics and medical equipment
•	 HV pulse power, plasma science, and scanning microscope systems
•	 Laser diode, LED, or other projection lamps

1.1.2  Transportation Electrification Systems

The most important current application for power electronic systems lies within the 
electrification of the transportation systems.

1.1.2.1  Automotive
With a continuously evolving market and a continuous demand for new vehicles, the 
automotive sector embraces more and more electronic-based features. They range 
from entertainment systems to propulsion systems. This market is expected to double 
its growth rate in the coming years (from 2005 to 2015). A study [2] states an annual 
growth rate of 15.5% for the automotive sector, that is the strongest growth market.

These are new divisions for the power electronics market, but they must develop 
quickly due to the increased demand for efficiency, comfort, and safety. Another 
study has counted about 80 small-power drives, including two modern cars, in a 
middle-class American family’s household. The power electronic products used in 
home applications are designed for low voltage and low power. Low-power servo-
drives are described in this book.

Propulsion systems for advanced electric and hybrid vehicles are another emerg-
ing application field, with numerous electric and hybrid vehicles already released on 
the market.

The contemporary efforts are targeting

•	 Extended energy storage capabilities
•	 Fast and contactless chargers
•	 Advanced control algorithms
•	 Improved reliability to sustain the lifetime expectancy in the automotive 

products
•	 New designs for permanent magnet motors

1.1.2.2  Aviation
Another transportation-related effort is related to the More Electric Aircraft concept 
[3,4]. The large aircraft systems feature electrical power systems in the range of 
1 MW. The power installed within the electrical power systems is increasing with 
the introduction of more and more power electronics processing to replace the con-
ventional hydraulic systems. Such a large power needs to be processed by power 
electronics systems with advantages such as “power on demand,” increased effi-
ciency, small form factor, and so on.

Several modules are well-known examples of success stories:

•	 Integrated drive generator
•	 Variable speed constant frequency converter driven by engine
•	 Auxiliary power unit (115 V, 400 Hz)
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•	 Emergency power source driven by the Ram Air Turbine (RAT system)
•	 High-voltage DC (HVDC) power systems and conversion to low voltage
•	 Flight control actuation, brake systems, and doors
•	 Air conditioning and heating systems

Challenges are related to harmonics, reduction of electromagnetic inference 
(EMI), and increasing power density. All of these fuel an impressive contemporary 
R&D effort for More Electric Aircraft based on power electronics concepts.

1.1.2.3  Railways
An emerging application for medium-voltage motor drives consists of rail propulsion 
systems in the multi-MW range [5–6]. Coming a long way from the beginning of the 
twentieth century, four major railway power supply systems are the most extended 
nowadays:

•	 DC 1.5 kV (6.5% of market in 2003 [5])
•	 DC 3 kV (30.3% in 2003 [5])
•	 AC 50 Hz, 25 kV (44.8% in 2003 [5])
•	 AC 16.7 Hz, 15 kV (13.6% in 2003 [5])

Additionally, subway systems mostly use DC 600–800 V.
The development, especially in Europe and Japan, of power electronics used 

in locomotive propulsion has encouraged replacement of gate turn-off thyristors 
(GTOs) switches by their modern insular gate bipolar transistor (IGBT) counter-
parts. Traditional GTO solutions [6] were in use since early 1990 s, in the 6.4 MW 
EuroSprinter locomotive built by Krauss-Maffei and Siemens. Other examples are 
the locomotives RENFE8252 in Spain and CPLE5600 in Portugal. Other impor-
tant corporations playing a role in railway electrification are Alstom, Bombardier 
Transportation (which absorbed the former ABB/ADTranz), or new comers such as 
the Swiss’ Stadler Rail in cooperation with ABB.

Contemporary R&D efforts target:

•	 Power electronics for high-speed trains
•	 Expansion of onboard energy storage
•	 New concepts in permanent magnet synchronous motors
•	 Electronic transformer, especially for the 16.7 Hz applications
•	 Improvements in flux-orientated control algorithms
•	 Optimization of system level issues for the transmission and distribution 

of energy

1.1.2.4  Marine Power Systems
The ship marine power systems represent contemporary effort for market success. 
Over the last 5 years (2008–2013), numerous large corporations, or small business 
endeavors have released an impressive number of new devices and systems to this 
sector.
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Electric propulsion has redeemed itself as the proper choice for large cruise ships 
and is already accepted more and more for warships. Unfortunately, simple operat-
ing profiles of some low-power vessels or commercial pressures make the all-electric 
solution not generally attractive. There exist many types of ships between these two 
extremes in which an all-electric solution can be successful. This solution provides 
potential for safer, more flexible, and sustainable vessels in the future as well as 
increased effectiveness in war and reduced life-cycle cost within the warship fleet.

In the past, the U.S. Navy acquired and implemented all-electric ship-propulsion 
systems for warships and submarines. Since the late 1990s, Eaton NCD (currently 
DRS Technologies) has already delivered a 2.2 MW brushless DC motor drive for 
submarine propulsion [7], and such efforts are continuing within the defense indus-
try around the world.

Current efforts are mainly targeting expansion to smaller vessels, offering more 
and more electrical equipment for propulsion, services, auxiliary power, and naviga-
tion for either military, commercial, or entertainment vessels. Integration of small 
renewable energy sources, improved onboard energy storage, power management, 
and actuator supply are trying to cope up with the ever-increasing power demand.

1.1.3  Traditional Industrial Applications

1.1.3.1  Motor Drives
Despite the decreasing number of production facilities and the reduction of new 
facility development, the industrial sector is still asking for motor drives. The market 
share for the motor drives has developed steadily during the last 40 years [1,10–12]. 
This market opportunity has been followed with a strong R&D effort leading to 
a continuous technology development. However, advanced knowledge has allowed 
complete automation of the production lines, which has soon led to excess capac-
ity and which, in turn, has resulted in a decrease in the revenue growth rate from 
16.6% in 1970 to 5.5% in 2000 [8]. The resulting price erosion has been overcome by 
introducing new semiconductor devices and improving control algorithms and motor 
designs to reduce the cost, improve the efficiency, and increase the applicability to a 
large number of uses. Moreover, the motor drive market has in time a larger share of 
the nonindustrial products’ market, in contrast to the trends of the last 20 year, when 
the end-market has been industrial. Home appliance power electronics and motor 
drives are good examples in this sense.

1.1.3.2  Grid-Tied Power Supplies
Another large business profile for electronic power converters is the UPS or grid-
related applications. In 2001, the total worldwide market for UPS alone was at $5.3 
billion. A derivative from this market is distributed generation, which is probably 
(since 2002) the most dynamic R&D sector in power electronics in the United States. 
The combination of a grid power supply and a nonconventional power source such as 
a diesel generator, a fuel-cell, or a wind turbine requires power electronics condition-
ing and protection. The appropriate power converters do not really bring anything 
new in their structure or packaging, but their control is a challenge yet to be solved.
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Other related consumer markets include the AC/DC power supply, the PC and 
work-station power supply markets, and the communication power market. As these 
markets use only low-voltage systems, they are therefore not the direct focus of this 
book. However, these emergently ask for more power within the distribution system 
that is controlled with electronics.

1.1.3.3  Medium Voltage
Another new market segment deals with medium-voltage motor drives, in the range 
of 3300 V and 2000 A. High-voltage IGBTs have been introduced recently, and they 
take more and more the role of the GTOs. The complete picture here is filled with 
new devices, such as the integrated gate commutated thyristor (IGCT), a traditional 
IGBT device with the gate driver colocated with the power semiconductor. Motor 
drives delivering 19,000 HP are nowadays built by companies such as Siemens 
Corporation.

Different solutions for multilevel inverters are of interest for medium- and high-
voltage applications allowing operation of up to 25 kV. A special approach consists 
of a stack of connected single-phase inverters, which is being extensively analyzed 
in the ABB and Daimler laboratories.

Harmonic performance is limited, however, due to limited switching frequency. 
New device materials such as silicon-carbide (SiC) may make the dream of high-
frequency switching come true for medium- or high-voltage applications.

1.2  BOOK COVERAGE

The biggest difference from the other fields of electronics is the power coordinate. If 
students learn about a circuit or method for any other class of applications of electron-
ics, they can easily manage to debug or put into service versions of that circuit from 
different manufacturers or within different applications. Power electronic circuits 
and their applications, however, are very different. The topology of a three-phase 
rectifier equipped with thyristors can be used for a 500 MVA HVDC transmission 
line or for a 1 kW welding machine. We can understand the basic operation of the 
three-phase phase-controlled rectifier from a college textbook, but the two systems 
are extremely different in reality. Each thyristor circuit explained in the textbook has 
a different implementation in practice, ranging from a half-inch T0–220 package to a 
building of six floors. The protection circuits are also very different, and range from 
no protection at all to sets of computer-controlled panels and automatic hot-swap 
replacement units. Finally, the cooling system could range from environmental air 
to complex systems of pumps or fans that by themselves have large installed power, 
often controlled with variable frequency through power electronics equipment.

Given this diversity of power levels and applications, different power semicon-
ductor switches are more suitable for each case. Figure 1.1 stretches over the whole 
range of possible switching frequencies and installed power achievable with a sin-
gle device. For larger power levels, multiple converters can be hardware connected 
in parallel. Modern power semiconductor devices, especially those of high power, 
require a good knowledge and control of their dv/dt and di/dt variations. These 
can be achieved through gate control as well as through circuit design, as shown 
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in Chapter 2, which is dedicated to understanding the operation and parameters of 
diverse power semiconductor devices.

The core of any power electronic converter is the control algorithm, and multiple 
options for pulse width modulation (PWM) algorithms are detailed in the book. The 
implementation possibilities for these control methods are shown from a historical 
perspective to allow the reader to understand that the semiconductor technology 
embedded in microcontrollers influence continuously the way we think about the 
PWM algorithms.

Each class of converters is dedicated a separate chapter, including topologies that 
are in demand by industry as well as topologies that lost somewhat their appeal while 
they still offer a huge academic and educational benefit.

The final chapter presents advanced concepts considered by the author as possible 
to find success in certain niche applications where conventional products still leave 
room for improvement with advanced concepts.

1.3  ADJUSTABLE SPEED DRIVES

A three-phase adjustable speed drive (ASD) comprises not just the power converter; 
it is a whole system that includes the power converter.

Figure 1.2 shows a complete ASD system consisting of:

•	 A three-phase rectifier system able to convert the grid three-phase system 
into a DC voltage

•	 An intermediate DC circuit usually composed of a large capacitor bank
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FIGURE 1.1  Power switches availability.
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•	 A three-phase inverter able to generate variable frequency, and variable 
voltage in the three-phase system

•	 A control circuit built with a digital signal processor (DSP), microcon-
troller, or programmable logic circuit (PLC) device

•	 Sensors and analog-signal preprocessing
•	 Connect/disconnect power switches, fuses, or protection circuitry
•	 Thermal-management system based on heatsinks or coldplates and a cool-

ing system
•	 Start-up circuit with charging of the DC bus capacitor
•	 Braking resistor circuit

1.3.1 AC /DC Converter

The input stage, called the three-phase rectifier, is built in many applications with 
rectifier diodes. The DC bus voltage is therefore quasi-constant at 1.35 times the line-
to-line voltage (VLL). For a system with a VLL of 460 V, the DC voltage equals 620 
V. Rarely, this power converter is made with silicon-controlled rectifier (SCR) devices 
in order to control the DC voltage with a method called phase control. Both solutions 
introduce very large harmonics of the current on the grid. These can become bother-
some at large power levels, pollute the grid, and create problems for other users.

Another solution used often during the last few years consists of active front-end 
rectifiers built with controllable devices such as IGBTs or MOSFETs. Such three-
phase power converters can process power directly, or they can be used as active 
filters to deliver the difference between the square-wave current produced by the 
diode rectifier and an ideal sinusoidal waveform. Thus, they result rated at a lower 
power level. If a direct three-phase active converter is used, the DC bus voltage can 
be higher due to the boost operation of that converter. This is advantageous, as it is 
easier to manipulate high-power levels from a high-voltage source.
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FIGURE 1.2  Global view on a three-phase ASD system.
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1.3.2 I ntermediate Circuit

The intermediate circuit is also called the DC Link, as it really is a DC link between 
the input rectifier and the output inverter. It serves as a power storage device. It is 
composed of a reactor inductor and a capacitor bank. Inductors filter the current 
through the capacitor in order to limit losses and heating. These two components are 
the bulkiest parts in the converter system panel (Figure 1.3).

Many manufacturers of ASD use a very large capacitance on the bus in order to 
ensure a power ride by enabling the motor to continue to operate when grid power 
is interrupted. Because of this large capacitance, however, it takes a longer time for 
these capacitors to discharge once power is turned off.

1.3.3 DC  Capacitor Bank

The main functions of the DC capacitor bank are to

•	 Filter the harmonic ripple produced by the switching devices to produce 
clean sine-in, sine-out waveforms.

•	 Provide a stable voltage to ensure the control system’s stability.
•	 Store energy useful for quick transients in the output.
•	 Work together with the brake resistor to limit DC voltage during regenera-

tion of the “inverter” power stage.
•	 Limit overvoltages (clamp) before the system protection takes over and 

shutdown the power devices or start other auxiliary protection.

If the load is unbalanced or nonlinear, an alternative current circulates through 
the DC bus at twice the fundamental frequency. Depending on the value of the DC 
capacitor, this current can produce an oscillation of the DC bus voltage. Additional 
capacitive kVA in the DC link seems mandatory for inverters that feed unbalanced 
or nonlinear loads. This implies:

•	 Increased weight, volume, cost
•	 Selection of DC link to satisfy the maximum expected imbalance or worst-

case nonlinear
•	 Increased losses and reduced reliability of the DC link components

Different active filtering solutions are considered to solve this problem.
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FIGURE 1.3  Intermediate DC circuit.
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1.3.4  Soft-Charge Circuit

ASDs at power levels above 30 HP (22.5 kW) use a soft-charge circuit for powering 
up the drive. Without this circuit, the in-rush current will be very large at power-on 
due to the extremely small impedance of the discharged DC bus capacitor. This large 
in-rush current would blow the grid fuses if not damage the rectifier semiconductors.

Figure 1.4 presents a possible soft-charge circuit. It basically adds a power resis-
tor in the path of capacitor charging. This power resistor is also protected with a 
thermal switch able to disconnect above a certain temperature. After the voltage on 
the capacitor is larger than a minimum value, the power converter is disconnected 
through the grid disconnect switch. Due to the cooling requirements for the power 
resistor, the ASD can start only after 1 or 2 min.

1.3.5 DC  Reactor

The other important part of the intermediate circuit consists of the DC reactor. This 
is also called choke or DC coils. It has two basic functions:

•	 Reduce the harmonics of the current by about 40%, with advantages in the 
power source or grid current.

•	 Help reduce power interruptions to avoid numerous nuisance shut-downs.

1.3.6  Brake Circuit

The intermediate circuit may also contain a brake circuit that takes the power from 
the DC bus when the drive is decelerating or stopping (Figure 1.5). Its operation is 
very simple: when the voltage across the capacitor bank increases above a certain 
level, the IGBT is turned-on and the power resistor is connected across the DC bus, at 
the inverter input. The inverter current now feeds a parallel R–C circuit. A large part 
of this current circulates through the resistor along with the discharge current from 
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FIGURE 1.4  Principle of a soft-charge circuit.
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the capacitor. Usually, the brake circuit is part of the ASD, and the brake resistor is 
something the user adds depending on his requirements for a specific application.

One alternative to using the brake circuit is to transfer the excess power back to the 
grid through a power converter. This is called regeneration due to its efficiency advan-
tages. However, one drawback is that it produces harmonics on the grid voltage affect-
ing the incoming power to the converter. Finally, another option is to transfer the power 
excess to another drive’s DC bus capacitor. This is sometimes called load sharing.

1.3.7  Three-Phase Inverter

The third major component of the system is the three-phase inverter. This is used 
for conversion of energy from DC voltage in an AC three-phase system with vari-
able frequency and variable voltage. Typically, the topology is based on six IGBTs 
connected in a bridge; this will be discussed later in Chapter 3. Control of the three-
phase inverter for this purpose is called pulse width modulation (PWM). Different 
PWM methods will be introduced in Chapters 4 and 5. Other topologies for DC/AC 
conversion are also presented in this book in Chapters 6 and 7.

1.3.8 P rotection Circuits

A very important function for the whole ASD system is represented by the protection 
circuitry. We have protection for each power semiconductor device at over-voltage, 
over-current, over-temperature, or at problems within the gate drivers. The appropri-
ate protection circuits will be presented in Chapter 3. More protection at the system 
level includes input or output fuses.

1.3.9  Sensors

Voltage on the DC bus and of the output currents is monitored through sensors. 
Some manufacturers use two current sensors at the output of the inverter while oth-
ers use three sensors, one for each phase.
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FIGURE 1.5  Brake circuit.
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1.3.10 M otor Connection

Large-power ASDs include motor coils that allow the operation of the motor far 
from the ASD system. For instance, the standard distance for a Danfoss drive is up 
to 300 m (1000 ft) for unshielded (unscreened) cable and 150 m (500 ft) for shielded 
(screened) cable [9]. If these coils are not used, the standard distance from the drive 
to the motor is as low as 50 m (160 ft) [9].

1.3.11 C ontroller

All of these blocks are supervised, monitored, and controlled from a central control-
ler module. This is usually implemented on a digital circuit built around a micro-
controller, DSP, PLC, or field programmable gate array (FPGA), application-specific 
integrated circuits (ASIC).

There are several functions that mandatorily must be included in the system:

•	 System command
•	 System initialization
•	 Run auto-test program
•	 Define start/stop functions and check their operation
•	 Define acceleration/deceleration of the system
•	 Define sense of rotation or direction of displacement
•	 Interfaces

−− Display data
−− User-interface
−− Communication with upper hierarchical level

•	 Control and regulation
•	 Control algorithm
•	 Data acquisition and digital processing
•	 Regulation
•	 Limits of control variables
•	 Nonlinear characteristics

•	 Rectifier control when it is not built with only diodes
•	 Synchronization
•	 Command angle generation
•	 Harmonic control
•	 Power factor control
•	 Gate control
•	 Inverter control
•	 Three-phase system generation
•	 PWM generation
•	 Minimum pulse control
•	 Change of voltage and frequency
•	 Limit of the operation range

•	 Supervision
•	 Protection
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•	 Diagnosis
•	 Data storage
•	 Report to upper level through communication interface

Chapters 6 and 7 will provide details about the experimental aspects of imple-
menting these functions in modern microcontrollers.

Power converters used for ASD applications generally need to satisfy some 
requirements or standards. Typical requirements are next presented.

1.4  GRID INTERFACES OR DISTRIBUTED GENERATION

Power electronics has been used for controlling and monitoring power transfer 
through HVDC links, especially in countries such as Canada and Brazil with iso-
lated or local power systems. The back-to-back connection of controlled rectifier 
bridges on both ends of a DC transmission line allows control of up to 150 MW 
after the AC/DC/AC conversion [10]. However, these systems are rather rare, and 
the extensive use of power electronics in power systems is increasing as either active 
filters or grid interfaces. Many utility companies are providing solutions for power 
quality at the facility level on the utility side of the power meter. This multi-MW 
equipment is expensive and not likely to find success in the market.

A separate class of applications deals with nonconventional power sources, such 
as fuel cells, solar power, micro-turbines, or wind power. These projects with distrib-
uted energy sources manage local power generation in the range of 1 kW to 1 MW. 
For instance, one of the largest fuel-cell-based equipment is installed in Anchorage, 
Alaska, and accounts for 1 MW [11,12].

Special features are included in power converter controls in order to transfer 
energy from any of these energy sources or conventional batteries to grid [13]. At 
higher-power levels, this energy is exchanged on three-phase systems. Two operation 
modes are typical for these applications:

•	 Grid parallel: power converters that synchronize with the grid while 
exchanging energy from or to the grid.

•	 Stand-alone: that maintains three-phase voltage generation while the grid 
is disconnected.

Definitely, the control system must be able to switch between these modes any 
time the grid is lost or re-appears suddenly. Such requirements are also present in 
a conventional UPS system. The distributed generation system can also combine 
power delivery from the grid and the alternate source of energy.

The power electronic system maintains many of the protection and connection 
features presented for the ASD case. Let us take a closer look at the requirements of 
the grid interface.

The switching nature of operating power converters has led to various concerns 
about the quality of the grid at the point where the power converter is connected. 
Many standards have been elaborated in this respect. Some of these follow gen-
eral requirements for inverters, some are specific for the grid connection. Any new 

 



15Introduction to Medium- and High-Power Switching Converters

power electronic equipment dedicated to a grid interface must obey regulations. 
Unfortunately, there are different grid voltage systems in the world, and grid require-
ments are different from country to country. Constraints to low-voltage grid applica-
tions around the world are presented next. Appropriate standards are next quoted, 
and they can be consulted for larger grid voltage systems:

•	 Nominal voltage ratings and operating tolerances for 60 Hz electric power 
systems from 100 V through 230 kV [14]

•	 Voltage sags analysis and methods of reporting sag characteristic graphi-
cally and statistically [15]

•	 Guidelines and limits for current and voltage distortion levels on transmis-
sion and distribution circuits [16]

•	 Powering and grounding sensitive electronic equipment [17]
•	 Monitoring of single-phase and polyphase AC power systems [18]
•	 Incompatibility of modern electronic equipment with a normal power sys-

tem [19]
•	 Distributed resources interconnected with electric power systems [20]

1.4.1 G rid Harmonics

Most European countries require compliance with EN61000-3-2. It lays down abso-
lute limits for each individual harmonics. Japan’s regulations are also derived from 
EN61000-3-2. Australia, the United States, and the United Kingdom set relative lim-
its with a Total Harmonic Distortion (THD) of the current of 5% maximum and 
maximum values for each individual harmonic. Methods for minimizing those grid 
harmonics are presented in Chapter 9.

Power converters are also subject to harmonics from grid. The harmonics of the 
mains (grid) voltage a converter can cope with are given in the European standard 
EN60146-1-1 [13,14].

1.4.2 P ower Factor

A power factor of 1.00 is considered the best case, while anything higher than 0.8 is 
acceptable. If these levels cannot be achieved with the power system itself, additional 
units are used for power factor correction. This is the case of large inductive loads on 
the grid or on silicon-controlled rectifiers.

The high-frequency components of the input currents can be further reduced with 
chokes on the mains or on the DC link. DC link chokes also prevent resonance with 
the grid impedance. The incorporation of DC chokes on the power converter struc-
ture reduces the harmonic currents by up to 40% [13,14].

1.4.3 DC  Current Injection

It is very important not to inject DC components on the grid. Many countries avoid 
transformerless connection of switching converters to the grid. The operation of the 
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power-switching converter must be symmetrical, so as not to produce DC compo-
nents. The amount of DC current accepted by different countries is very different. 
A maximum of 0.5 mA is allowed in the United Kingdom; Australia’s regulations 
allow a maximum of 0.5% of the power converter’s rated current or 5 mA, whichever 
is greater; the U.S. regulations limit DC to a maximum of 0.5% of rated current; 
Japan allows a maximum 1% of rated current; and Germany a maximum 1 A per 
power converter connected to grid [13,14].

1.4.4 E lectromagnetic Compatibility and Electromagnetic Inference

Step-switching waveforms of up to 15 V/ns or 5 A/ns generate EMI in both conducted 
and radiated forms. The conducted EMI is generated in differential (symmetrical) 
mode or common (asymmetrical) mode. Symmetrical mode EMI is generated when 
currents flow into the connection lines due to the power semiconductor variation of 
current (di/dt). The common mode EMI is produced due to the high (dv/dt) and para-
sitic capacitances to ground or connecting lines.

The radio or EMI interference produced by power converters depends on a num-
ber of factors:

•	 Switching frequency of the converter
•	 Slope of current and voltage at switching
•	 Impedance of the mains power supply
•	 Length of cables from grid and to the motor

Standards have been defined for previous applications of power converters, and 
they are re-applied to these grid interfaces. The most used standards for EMI are the 
German standard VDE or the Europe standard EN55011 (Figure 1.6). Appliances 
are covered by Europe standard EN55014, while power converter products are cov-
ered by EN61800-3.

The interference conducted to grid is usually reduced with a filter composed of 
coils and capacitors. If the power converter is not built with this filter, it can be pur-
chased separately: “class A” for industrial applications and “class B” for household 
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FIGURE 1.6  Example of EMI standard requirements.
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applications. Moreover, using screened or armored cables limits the interference 
generated from power converter to the switching motor.

A new trend in EMI protection is the use of converter methods to reduce the com-
mon mode voltages; this will be analyzed in detail in Chapter 6.

1.4.5 F requency and Voltage Variations

It is accepted that power converters connected to grid can operate only within cer-
tain voltage and frequency windows. The system is considered stable within these 
windows. Along with voltage or frequency limits, a maximum allowable run-on time 
is also defined, and it varies considerably from country to country. Table 1.1 shows 
these limits [20].

1.4.6 M aximum Power Connected at Low-Voltage Grid

The maximum power installed in a power converter used as a grid interface is not 
always regulated by standards. Single-phase converters can be connected to low-
voltage systems if their power is below 4.6 kW in Germany or Austria, 5 kW in the 
United Kingdom or Italy, and 10 kW in Australia. Three-phase converters can be 
connected to a low-voltage grid if their power is below 25 kW in Mexico, 30 kW in 
Australia, and 100 kW in Portugal. Obviously, higher-power converters can be con-
nected to three-phase systems with higher voltages.

TABLE 1.1
Voltage and Frequency Variations

Country

Voltage Frequency

Max V Min V
Run-On
Time (s) Max Hz Min Hz

Run-On
Time (s)

Australia 270 200 2 50–52 48–50 2

Austria 253 195 0.2 50.2 49.8 0.2

Denmark 253 195 0.2 50.5 49.5 0.2

Germany 253 195 0.2 50.2 49.8 0.2

Italy 264 184 0.1 (@ 264 V)
0.15 (@ 184 V)

50.3 49.7 0.1

Japan 120 80 0.5–2 51.5 48.5 0.5–2

Mexico 132 108 2 61 59 —

The Netherlands 244 207 0.1 52 48 2

Portugal 264 195 0.1–1 50.25 49.75 0.1

Switzerland 264 195 0.2 51 49 0.2

The United Kingdom 253 207 Disconnect 50.5 47 Disconnect

The United States 164 64 0.022–0.100 60.6 59.3 0.1

Source:	 Data compiled from Panhuber, C. 2001. PV System Installation and Grid Interconnection 
Guidelines in Selected IEA countries, Raport IEA-PVPS, T5, April.
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1.5  MULTICONVERTER POWER ELECTRONIC SYSTEMS

The advent of power electronic applications in industry changed the focus from issues 
related to building the power converter to issues related to system development and 
interaction between different power converters. Many modern industrial systems are 
composed of several ASDs connected to the same DC bus in multidrive or multi-
module configurations. Modular design in multiconverter applications is based on the 
knowledge gained by individual analysis of each power converter. Power quality, effi-
ciency, and system stability are affected by the interdependency between power stages.

Examples of multiconverter applications are:

•	 Industrial multidrive systems
•	 Parallel operation achieving higher-power levels
•	 Electric or hybrid electric vehicles
•	 Aircraft power electronic systems
•	 Ship power electronic systems
•	 Space electronic systems

Figure 1.7 shows a schematic of a modern power electronic system. The power 
source can be the industrial AC grid followed by an AC/DC power conversion, or the 
main power source can be a nonconventional power source, such as solar, wind, or 
thermal energy. After the appropriate conversion, the whole power resides on the DC 
bus. This bus supplies several motor drives. Some of them can dynamically be on the 
motoring mode, some on regeneration. The important thing is to manage the power 
on the DC bus so that the voltage is kept within two certain limits. This raises new 
problems, such as the stability of the DC bus at different loads. If one of the ASDs 
is working at constant torque with its speed regulated, its power can be considered 
constant. A load with constant power presents negative dynamic impedance that is a 
source of instability on the bus. Chapter 9 makes an extensive analysis of multicon-
verter power electronic systems.

Multidrive or multiconverter systems have several advantages:

•	 Modularity: quick and easy to integrate in panels and cabinets
•	 Scalability

AC/DC DC/AC

DC/DC

DC/AC

DC/AC

FIGURE 1.7  Complex power electronics system comprised of several drives.
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•	 Redundancy
•	 Reliability: easy to replace a faulty module with a new one (hot-swap 

possible)
•	 Electronic gearing
•	 Flexibility: modules can be customized to any application
•	 Use of the same control cards and software for a large number of applications
•	 The same personnel training requirements across a wide power range
•	 Reduced-size library of AutoCad drawings, easy to integrate in a new design
•	 Lead-time reduction and money savings by minimizing spare requirements
•	 Same packaging and power density across the whole power range
•	 Technical advantages of using a single, high-power DC bus structure
•	 Optimized cooling system

1.6  CONCLUSION

Power electronics has emerged as a well-established technology with a broad range 
of applications. This chapter has shown the application range for medium and high-
power converters, and it has focused on ASDs and grid interfaces. Constraints and 
standards to be met by different power converters within these applications are 
briefly listed. Equipment involving power converters are being increasingly used 
in all domains of our lives. Most of this energy is processed at medium and high 
power through power converters. The following chapters take an in-depth look at the 
theory of three-phase power converters, giving details of their problems and provid-
ing many solutions that can be implemented.
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High-Power 
Semiconductor Devices

2.1  A VIEW ON THE POWER SEMICONDUCTOR MARKET

Power semiconductor components are at the core of any power electronic converter. 
They have a history of more than 50 years, reach in technology development and 
market success. Since the technology behind these devices is not new, the differ-
ences between the newly released components and the role of these changes are not 
always easy to understand for a student. For this reason, a brief market survey is 
herein presented with the goal of outlining why efforts are made for certain perfor-
mance indices of the power semiconductor devices. It is also important to understand 
the specifics of the semiconductor industry. Since production is based on large capi-
tal equipment, the technology development is done in a cyclical manner.

Power semiconductor devices are at the heart of many modern industrial and con-
sumer end-use applications and come in different size and ratings. The application 
objectives are ranging from low power supplies of tens of watt to 4 MW locomotives 
or 10 MW steel rollers.

The power discrete market was estimated at $12.9 billion in 2011, having grown 
by just over 2% from 2010 [1]. It is worthnoting the continued high demand for dis-
crete IGBTs that accounted for nearly all the growth. This was fuelled by new prod-
ucts for domestic appliances such as room air-conditioning and washing machines 
targeting especially the Asian markets. Sales of standard power MOSFETs and thy-
ristors declined slightly in 2011 given the limited new development within the eco-
nomic crisis.

According to IMS Research, the market for power semiconductor modules grew 
faster than that for discrete power semiconductors in 2010, increasing by 32% to $4.6 
billion. The power module market growth was continuing in 2012 despite slowing 
demand.

The power semiconductor devices most related to our book topic are MOSFET, 
IGBT, and diverse modern variations of thyristors (SCR). The last 20 years have 
seen spectacular improvement in technology and performance. The technological 
S-curves related to the power device capacity are shown in Figure 2.1 [4].

The power MOSFET device was introduced in early 1980s with starting param-
eters of 3–5 A for the drain current, up to 400 V breakdown voltage and turn-off 
time in the range of 1.2 ms. Technology development allowed improvement of rat-
ings to different sets of 9 A/600 V or 100 A/50 V and decrease of the turn-off time 
to 600 ns. The most recent technology advances include the CoolMOS devices that 
are able to switch 20 A/600 V with a turn-off time of around 100 ns. Among all sorts 
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of MOSFET devices, the largest market increase is now seen in the high current 
applications where new devices are released continuously.

IGBT devices combine the advantages of bipolar and MOSFET transistors into 
a device dedicated to power-switching converters operated under high current and 
high voltage. These devices are the most useful for the class of converters pre-
sented in this book, and we will dedicate more space to the presentation of IGBT’s 
parameters.

The history of IGBTs starts also in early 1980s, but the real technological advent 
was in late 1980s and early 1990s when several generations of IGBT devices have 
been developed by a series of companies. Snapshots of performance evolution are 
next included:

•	 1986: starting parameters 50 A/600 V/3 ms
•	 1990: commonly from 50 A to 400 A/1000 V/1.8 ms
•	 1995: commonly from 50 A to 400 A/1200 V/1.3 ms
•	 1996: 800 A/1600 V/1.6 ms
•	 1997: 1200 A/3,3 kV/2.2 ms
•	 2000: 50 A to 400 A/1200 V/0.4 ms to 0.8 ms
•	 2000: 1000 A/3,3 kV are available in smaller series
•	 2004: commonly 1000 A/1700 V/1.2 ms, in small series up to 1200 A/6 kV

Given their application to high-power converters, the focus was on the improve-
ment of parameters that relate to the power conversion. During the last 20 years, we 
have seen technology evolution with effects in

•	 Current handling capability—increased four times since 1982
•	 Voltage handling capabilities—increased four times
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•	 Turn-off time dropped 20 times, to around 100 ns today
•	 Switching frequencies from 2 kHz in early 1980s to 150 kHz in 1999 and 

200 kHz nowadays

The evolution of the IGBT market was also impressive over the last 10 years. The 
1995 world market for IGBT market was estimated at $200 million, the European 
market taking the largest share (approximately 45%). The global market increased to 
$800 million in 2003, and it topped $1 billion in 2005.

All the above performance-related information refers to the limits of the IGBT 
technology. It is worthlooking also into the market depth. Most of the power converter 
applications are in lower power range (around kW) rather than the multi-100 kW power 
range. Also, the production volumes are higher in low kW power range. For instance, 
there are more inverterized A/C units than locomotives in the world. This explains why 
the number of vendors and the number of product variations are higher in the lower 
power range. Figure 2.2 shows a snapshot of all the IGBT product offering of a distribu-
tor (digikey) for North American market, in November 2011. It is clearly shown that the 
most IGBT product types are for 600 V and <50 Amp ratings. Knowing the peculiar 
aspects of protection and control for these devices covers more applications than focus-
ing on the multi-kW IGBTs. It is true that the companies with products in higher power 
range also work on direct supplier agreements rather than with distributors.

The success of power semiconductor devices in existing applications and the 
appearance of new applications encouraged the development of new concepts. Today, 
emerging high-frequency power semiconductor devices (Example 1–10 kW switched 
at 100 s kHz) are a very hot R&D topic.
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Currently, the discrete power semiconductor devices target the following mar-
kets [2]:

•	 IT and consumer for 33.9%
•	 Automotive for 12.5%
•	 Industrial equipment 23.8%
•	 Consumer appliances 29.8%

The first two categories use mostly lower power devices, and the last two are more 
related to our book. However, the advent of hybrid electric vehicle (HEV) power elec-
tronics is expected to increase the market share of high-voltage automotive applications.

A special market segment refers to the integrated circuits dedicated to power 
management and motor control. This sector is very dynamic with large investments 
over the last years.

2.2  POWER MOSFETs

2.2.1  Operation

Power MOSFET devices are faster than bipolar transistors, as they do not have 
excess minority carrier that should be moved during turn-on and turn-off. A posi-
tive voltage is applied at turn-on on the gate circuit. The equivalent gate capacitance 
is charged through an external gate resistor. When this gate voltage rises above the 
VGS(th), a current starts circulating in the drain circuit with a (di/dt) determined by 
both the internal semiconductor structure and the external circuit. During this time 
interval, charge is stored within both Cds (drain-source) and Cgs (gate-source). This 
state ends when drain current reaches the level of the current determined by the 
external circuit (the current is clamped at the load current). As no variation of the 
current is possible, the voltage across the gate-source circuit remains constant at a 
level depending on the load-circuit current. This level is called the Miller plateau.

During this state, the gate-source capacitance has a constant voltage, and all the 
gate current charges the gate-drain capacitance. This determines the trip of the drain 
source voltage towards the ground. When this voltage reaches a low level, the gate-
source voltage increases to the level of the control voltage.

During the first two states of the turn-on transient, electrical charges are moved 
through the stray capacitances or depletion-layer capacitances, and the equivalent cir-
cuit model for transient analysis in cut-off and active regions are shown in Figure 2.3.

The last state shown in Figure 2.4 corresponds to a drain-source voltage VDS < 
VGS − VGSth, when the MOSFET device enters the ohmic region. In power-switching 
converters, VGS ≫ VGSth (typically, 15 V > 4 V), and the boundary for the ohmic region 
is sometimes approximated with VDS < VGS, the equivalent circuit model for the ohmic 
region (Figure 2.5). The drain-source resistance corresponds to the conduction loss, 
mostly arising from the drain-drift region. This is the most important performance 
index for MOSFET devices. Modern MOSFETs go as low as 5 mV RDS(on).

The capacitances Cgd and Cgs are not constant during the transient. A better model 
can be defined with values varying with the voltage across them. The capacitance 
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Cgd shows a substantial change that can be approximated with a two-step variation 
(Figure 2.6).

The gate-source capacitance is constant on the first interval, increases with volt-
age on the second interval because of the gate oxide capacitance of drain overlap, 
and it is constant during and after the third interval. The final value is three to four 
times higher than the initial value (both values are in the range of few nF).

MOSFET datasheets provide values of CISS, CRSS, and COSS. The following 
relationships help relate these parameters to inter-junction parasitic capacitances 
Cgd = CRSS, Cgs = CISS − CRSS, Cds = COSS − CRSS.

The switching speed is not only determined within the input capacitance and 
gate resistor circuit, but the Miller threshold level and the device transconductance 
also matter. This is illustrated in Figure 2.7. The first slope (from zero to the Miller 
threshold) is determined by the input capacitance, which is higher for the second 
device. However, the second device has a higher transconductance and, therefore, 
requires less voltage at its gate for a given amount of collector current. The device 
with the smaller input capacitance is not always faster.

At turn-off, the gate voltage goes to zero and the gate’s equivalent capacitance 
starts to discharge through the gate resistance (Figure 2.8). Both Cgd and Cgs are 
discharged at the first interval. When the gate voltage reaches the Miller plateau, it 
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FIGURE 2.6  Variation of the gate-drain capacitance.

Qgate

t2 (<t1)t1 (>t2)

V g
e

V g
e

Qgate

FIGURE 2.7  Gate switching characteristics for two devices.
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is clamped until the drain voltage increases to the bus voltage. During this interval, 
charge is changed with the Cgd capacitance only. Finally, the current decreases to 
zero at the last interval, whereas the drain-source voltage remains at the bus voltage 
level. The device can be considered turned-off when the gate voltage goes below the 
threshold voltage. Figure 2.8 also presents the turn-off characteristic of an IGBT 
device. IGBT devices will be described in the next section. Notice the difference 
between the MOSFET turn-off with the current tail due to bipolar effect and the use 
of a bipolar voltage for the gate control.

The MOSFET’s switching characteristics also depend on the external circuit. 
Switching currents on inductive loads imposes special precautions, including a free-
wheeling diode for the reactive current (Figure 2.9). As this diode is not an ideal 
switch, its reverse recovery current has an important influence on the switching char-
acteristics. The dotted lines in both Figures 2.3 and 2.8 illustrate how the reverse 
recovery current of the free-wheeling diode influences the switching of the power 
MOSFET.

RG* (Cgd2+Cgs)
RG* (Cgd1+Cgs) Miller plateau

VGS (th)

VGG

Bipolar current
~IGBT only

VD

IDI0

IG

VGS (Io)
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Charge on
Cgs and Cgd

MOSFET
current

Charge on Cgd

FIGURE 2.8  Generic turn-off waveforms for an IGBT/MOSFET power device.

M

DL

Rg

FIGURE 2.9  Using free-wheeling diodes for inductive switching.
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There is also another reason for the use of the antiparallel free-wheeling diode. 
The internal structure of the MOSFET device features a p–n junction between the 
source and the drain. Under certain conditions, a negative current may free-wheel 
through this parasitic diode, which may happen especially within an inverter leg 
when a MOSFET turns off and the other one turns on. The conduction of the para-
sitic diode becomes a problem because of its slow turn-off (or long reverse recov-
ery time) when the opposing MOSFET tries to turn-on. If the body diode of one 
MOSFET conducts when the opposing device is switched on, then a short circuit 
occurs similar to the shoot-through condition.

The historical solution to this problem consists in using two additional diodes for 
each MOSFET. A fast diode (can be a Schottky diode) is connected in series with the 
MOSFET source preventing the body diode from turning-on. A second fast diode 
is used in parallel with the MOSFET to allow a path for the free-wheeling current. 
Schottky diodes are nowadays available up to 200 V, whereas other fast recovery 
diodes are available at higher voltages. Moreover, MOSFET devices are mainly sold 
with the fast diode integrated within the same package for ease of use.

Numerous modern MOSFET devices eliminate this problem by creating a fast 
body diode. For instance, International Rectifier has introduced a 500 V HEXFET 
in the power MOSFET family, with fast body-diode characteristics that eliminate the 
need for additional Schottky and high-voltage diodes, reducing component count, 
cost, and layout space. The maximum reverse recovery time for the body diodes in 
the L-Series HEXFET devices is <250 ns, and even shorter for lower-current devices.

Note that the MOSFET semiconductor structure has a parasitic bipolar transistor 
formed with the body region of the MOSFET as the base, the source as the bipolar 
emitter, and the drain as the bipolar collector. The base of such transistors should be 
kept at a low voltage, which can otherwise cause negative effects.

•	 The MOSFET breakdown voltage will be reduced to the collector–emitter 
voltage of this transistor.

•	 The bipolar transistor can turn on accidentally without any possibility of 
being turned off by control. (This is called MOSFET latch-up.)

•	 A fast turn-off of the MOSFET would produce the turn-on of the parasitic 
bipolar transistor through the portion of the gate-drain capacitance that 
would connect the base to the collector. This can be prevented with series 
diodes on each drain.

Modern technology avoids the presence of this parasitic bipolar transistor 
(Figure 2.10). For instance, modern MOSFET devices have (dv/dt) larger than 
10,000 V/μs.

What concerns the evolution of the MOSFET technology, we have witnessed sev-
eral generations of successful components:

•	 Planar MOSFET
•	 Quasi-planar junction
•	 Superjunction MOSFET
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Their performance for representative Fuji devices in the 600 V class is next 
illustrated:

•	 Technology evolution with time (Figure 2.11)
•	 Evolution of the figure of merit “Ron * Qgd” over time (Figure 2.12) [3]
•	 Evolution of figure of merit “Ron * Area” over time (Figure 2.13) [3]

Since different technologies are more suitable for low voltage power switches 
(60 V) that mostly target automotive applications, the performance of products in 
this category is presented separately. This is presented for information only, as these 
devices are not directly used in medium and high-power converters (that is the topic 
of this book). Criteria for illustration of results are

•	 Technology evolution with time (Figure 2.14)
•	 Evolution of the figure of merit “Ron * Qgd” over time (Figure 2.15) [3]
•	 Evolution of figure of merit “Ron * Area” over time (Figure 2.16) [3]

Cgd

FIGURE 2.10  Parasitic bipolar transistor.
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FIGURE 2.11  Technology evolution and years of product release.
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2.2.2  Control

Design of gate drivers depends on the switching characteristics. The switching times 
given in datasheets as electrical characteristics are for resistive load switching. The 
performance curves are for half-bridge inductive load, as they are the most prevalent 
application of IGBTs.

Circuits used to control power MOSFET devices are called gate drivers. A 
MOSFET gate driver has the simple task of providing a voltage for the gate control, 

Technology evolution—Fuji 600 V MOSFET
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and it does not require a large amount of current. The gate current is large at the 
beginning and limited by the resistance at the gate circuit. Depending on the level 
of the gate threshold voltage, gate control is usually performed with voltages at logic 
level (5 V) or from complementary metal oxide semiconductor buffers (15–20 V). 
Many integrated gate driver circuits are available for both situations, along with pro-
tection circuits for fast shutdown (e.g., TPS2812).

Given the small amount of capacitance to be charged, MOSFET gate drivers 
should ensure a fast variation of the control voltage with slopes below 20 ns.

Technology evolution—Fuji 60 V MOSFET
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The gate-source voltage should not be higher than a datasheet parameter, VGS(max). 
This is determined by the requirement that the gate oxide not be broken down by a 
large electric field. Another consideration is the paralleling of MOSFETs, which is 
presented in Chapter 12.

2.3  INSULATED GATE BIPOLAR TRANSISTORS

2.3.1  Operation

IGBTs combine the advantages of bipolar transistors, such as low conduction 
losses, with the merits of MOSFETs, such as shorter switching times. For this 
reason, the switching behavior of IGBTs can be analyzed based on MOSFET 
models described earlier. The conduction interval is better modeled with the char-
acteristics of a saturated bipolar transistor. Because of the smaller voltage drop at 
conduction, IGBT devices are used at higher voltages than the MOSFET devices 
(Figure 2.17).

Without entering into the details of the semiconductor structure, let us first focus 
on the IGBT model presented in Figure 2.18. It considers the IGBT formed as a 
Darlington combination of a main MOSFET device and a pnp transistor. Unlike 
the conventional Darlington, the MOSFET device carries most of the current. The 
parasitic npn transistor has the same origin and effect as the parasitic transistor from 
the MOSFET structure.

Switching characteristics of IGBT devices are highly similar to those of the 
MOSFET devices. The major difference consists in the bipolar effect at turn-off, 
when a tail current still persists for a certain amount of time. Because of this tail 
current, the IGBT devices are not very suitable for use within zero-voltage switching 
(ZVS) applications and generally introduce additional switching loss.
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The tail current is also the source of an interesting design trade-off. This current 
exists due to the charge stored in the drift region. As the MOSFET section is OFF and 
there is no reverse voltage applied to the device to generate a negative drain current, 
there is no possibility of removing the stored charge. This can finally be removed by 
recombination within the IGBT. Here comes the trade-off. The excess carrier lifetime 
is required to be large for a small voltage drop in the conduction state. This would 
determine a slow recombination and a long existence of the tail current.

This is the most-used method to minimize the magnitude of the tail current, or 
the magnitude of the bipolar current within the IGBT device. The device is designed 
to have 90% or more drain current passing through the MOSFET structure and only 
a small amount of current through the bipolar transistor, which can be achieved with 
a low beta of the pnp transistor.

An alternative technological solution to this problem is the so-called punch-through 
(PT) technology. The PT IGBT minimizes current-tailing by shortening the duration 
of the tailing time, with one n+ layer acting like a sink for the excess holes. This buffer 
layer allows the drift region to be smaller than that of the non-punch through (NPT) 
IGBTs, resulting, consequently, in a reduced voltage drop in the conduction state.

VCE

IC
2400 A
1700 V

1200 A
3300 V

600 A
6500 V

FIGURE 2.17  Present limits of the IGBT technology (example from EUPEC product line).

Drift region
resistance

Body region
resistance

FIGURE 2.18  Equivalent model of an IGBT device.
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The characteristics of both NPT IGBT and punch through (PT) IGBT have been 
improved over the years (F). Their technology development is marked by the follow-
ing top characteristics:

PT IGBT:

•	 Improvements rely on the buffer layer structure and the carrier lifetime 
reduction processing.

•	 The major drawbacks are related to
•	 The extremely high-carrier concentration in the buffer layer causes 

undesired high turn-off current and hence increased losses.
•	 The processing to reduce carrier lifetime results in an increased for-

ward voltage drop.

NPT IGBT:

•	 Improvements rely on geometry optimization allowing reduction of the 
wafer layer thickness.

•	 The major drawback relates to the thick n-drift region that leads to higher 
static and dynamic losses. This thick n-drift region is needed for voltage 
blocking.

The newer Field-Stop (FS) IGBT structures are overcoming the drawbacks of 
the two structures by vertically shrinking the NPT IGBT to a structure with a thin 
n-drift region, while inserting a low doped field-stop layer instead of the high doped 
buffer layer used in the PT IGBT (Figure 2.19). Therefore, the Field-Stop IGBT 
exhibits reduced overall losses and better high-voltage performance.

The weakly doped field-stop layer in the FS IGBT gives a trapezoidal electric 
field distribution under forward blocking (similar to the PT IGBTs), which is more 
desirable than the triangular electric field distribution of NPT IGBTs. This further 
provides a reduction of the drift region thickness for the same blocking voltage.

The advantages of the NPT IGBT devices (low-efficiency emitter and the high-car-
rier lifetime) are still maintained because the field-stop layer only pins the electric field 
under forward blocking without reducing the p-emitter injection efficiency, unlike the 
injection efficiency reduction from the highly doped buffer layer in the PT structure.

Variations of the Field-Stop IGBT technology are improving further these main 
properties (like the Advanced Field Stop trench IGBT, AFS-IGBT).

The actual performance of these three technologies (NPT IGBT, PT IGBT, and 
FS IGBT) can be briefly observed within the following figures, compiled from vari-
ous sources featuring Fuji devices [4–7]. While different manufacturers report mer-
its and demerits of their own technologies, sampling the product performance of a 
single manufacturer illustrates somewhat the state of the technology at a given time. 
Criteria illustrated in these figures are

•	 Technology timeline (Figure 2.20)
•	 Maximum current for each chip on the respective technology (Figure 2.21)
•	 Evolution of inverter loss over time (Figure 2.22)
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•	 Chip area (size) over time (Figure 2.23)
•	 Semiconductor design rule over time (Figure 2.24)

Very similar results are reported in [8] for the technology evolution for IGBT 
devices made by Infineon and in [9] for IGBT devices made by Semikron. The per-
formance of the FS IGBT technology is also investigated in [10,11].
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FIGURE 2.19  Principle of the three IGBT technologies.
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The latest generation of IGBT devices, after the emergence of FS IGBT, featured 
the trench gate. Trench gate technology developed in parallel with field-stop, and it 
was incorporated in both MOSFET and IGBT devices, independent of the applica-
tion of the field-stop features. The advantages of trench gate devices consist of the 
use of a vertical channel that requires less area compared to the horizontal channel 
of planar structure. This provides a greater cell density, greater channel width/unit 
area, and a lower RDS(on). Moreover, there is no parasitic JFET between adjacent cells, 
and this also helps a greater cell density and lower RDS(on). The advantage of a smaller 
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ON-resistance is even more prominent at lower voltage ratings, where the channel 
resistance represents a more important contribution to the ON-resistance.

2.3.2  Control, Gate Drivers

2.3.2.1  Requirements
The major requirements for the IGBT gate driver are highly similar to those of a 
MOSFET device. However, IGBT devices usually require a negative gate voltage 
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for turning-off, with the exception of a class of IGBT devices designed for opera-
tion with unipolar voltage. Negative OFF-state control voltage and appropriate gate 
resistance can prevent cross-conduction. When the high-side IGBT turns on within 
an inverter leg, the voltage across the low-side IGBT increases with a high (dv/dt).

This induces a current in the gate of the IGBT that may produce turn-on of the 
low side device short of the DC bus. A negative gate voltage prevents this by provid-
ing a different path for the gate current. The same possible turn-on due to (dv/dt) 
can take place within a MOSFET as well, but the input capacitance is different and 
the chances of cross-conduction are minimal. This can be understood by looking 
at the ratio of reverse transfer capacitance to the input capacitance, which is larger 
for IGBTs (Cres/Cies). This produces an increased Miller effect, and a larger noise 
is coupled from collector to gate. However, certain low power IGBTs do not need 
negative gate voltage for turn-off, as their design minimizes Cres (reverse transfer). 
Another reason for the negative gate voltage at IGBTs is of the operation at higher 
voltages with increased (dv/dt) coupling of noise.

Figure 2.25 shows the minimal requirements of the gate driver circuit: a power 
supply able to ensure enough gate current, a gate-driving circuit, and a gate resis-
tor. As the IGBT can float with respect to ground at the power stage, both the power 
supply and the gate circuitry should be isolated from the inverter ground. This gives 
room to a limited number of gate-driver configurations [12,13].

•	 Gate drivers with potential separation
•	 Gate driver with inductive transfer of power (power supply of up to 1 MHz 

intermediate frequency) and a direct information transfer
•	 Gate driver with inductive transfer of energy (power supply of up to 20 kHz 

intermediate frequency) and optocoupler transfer of information
•	 Gate drivers without potential separation
•	 Gate driver with bootstrap for power supply of high-side and level shifter 

for sending switching control information

In all these designs, a series resistor is employed at both turn-on and turn-off 
(Figure 2.25) that is usually implemented with a passive resistor. Advanced gate 
driver design requires different resistors for turn-on and turn-off. The value of the 

Logic
control
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IGBT

Gate
resistor

Buffer

V+

V–

FIGURE 2.25  Gate driver concept.
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gate resistor within the range of values suggested by the IGBT/MOSFET manufac-
turer influences different aspects of the switching process. Figure 2.26 illustrates this 
graphically [14].

The gate current and the appropriate power of the voltage supply depend on the 
operating frequency, bias control voltages, and total gate charge. The total gate charge 
is published in IGBT/MOSFET datasheets, depending on gate-control voltage. The 
gate charge necessary for switching is very important to establish the switching per-
formance of a MOSFET or IGBT. The lower the charge, the lower is the gate-drive 
current needed for a given switching time [15].

The average gate current can be calculated as is = Q ⋅ freq. The total gate power 
can be estimated as P = iS ⋅ (VG + − VG−). Therefore, the power requirements for the 
gate circuit are reduced to a small-power level and a high-peak gate current. This 
peak current can be roughly estimated as IG(Peak) = (VG + − VG−)/R.

2.3.2.2  Optimal Design of the Gate Resistor
As shown in Figure 2.26, the selection of the gate resistor influences performance of 
the converter. Considering an advanced gate driver with different gate resistors for 
turn-on and turn-off [16] allows us to perform an optimal selection of the gate resis-
tor in order to control (dv/dt) and (di/dt) during switchings. The converter can thus be 
designed to operate snubberless [17,18].

Design constraints for optimization include:

•	 Minimum (dv/dt)on at highest current
•	 Maximum allowable peak voltage at turn-off
•	 Minimum (dv/dt)off for any current
•	 Avoiding cross-conduction through the (dv/dt)-induced current

The following calculations refer to Figure 2.25.

2.3.2.2.1  dv/dt at Turn-On
Let us observe Figure 2.3. Immediately after the turn-on signal has been applied, the 
VGE voltage rises from VGmin to VGE(th) due to the currents flowing through the input 

Large value of
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gate resistor

Limit diode losses Avoid ringing

Limit of the diode
recovery voltage

Improve di/dt

Limit IGBT switching losses

Avoid cross-conduction

FIGURE 2.26  Effect of the gate resistor.
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capacitances (Cge and Cgc). The rate of rise is almost linear across the equivalent 
input capacitance (as approximation of a part of an exponential curve with a time 
constant of τ1 = RGON * Cies).

After the gate voltage passes VGE(th), the collector current begins to increase with 
a rate given by the current/voltage characteristics:
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The current within the gate circuit can be described with the equation:
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where VGE(IL + IRM) represents the Miller voltage, and VG
+ is the positive gate supply 

voltage.
The voltage equation for the gate circuit should include the parasitic inductance 

that is composed of IGBT package inductance and external connection inductance. 
This value is usually provided in the device datasheet as LE.
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It yields:
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(2.4)

After the gate voltage reaches the Miller plateau, the entire gate current is flow-
ing through the gate-collector capacitance, causing the collector voltage to drop at 
a rate of
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with the maximum value at IC = ILoad.
If we want to obtain a (dv/dt) higher (faster) than a specified minimum value, the 

gate resistor should be less than:
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2.3.2.2.2  dv/dt at Turn-Off
After the turn-off control signal has been applied, and the IGBT crosses the active 
region, the VGE is clamped to a constant value that is the voltage needed to maintain 
the IL load current.
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The entire gate current flows through Cgc and causes the voltage variation:
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If we want to obtain a (dv/dt) higher (faster) than a specified minimum value, the 
gate resistor should be less than:
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2.3.2.2.3  Peak Voltage at Diode Turn-Off
The overvoltage across the inverter leg should be limited to a pre-established value 
(for instance 5%). This over-voltage occurs at any fast current variation (switching) in 
the inverter leg, and it is most important at diode turn-off when the recovery current 
is superimposed to the conventional switching of the load current. This occurs when 
IGBT turns on. The design value for the gate resistance yields from Equation 2.4:
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This design equation can be expressed also directly from the peak voltage:
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where Lst is the stray inductance of the busbar connection between the inverter leg 
(IGBT) and the actual DC source (usually an electrolytic capacitor).

2.3.2.2.4  Avoiding Cross-Conduction
A fourth design constraint comes from the request to avoid cross-conduction due to 
the large (dv/dt). If we suddenly apply a large dv/dt across an IGBT device, currents 
may start to circulate within. The collector-gate current would become gate current 
and supply the IGBT turn-on through the actual gate resistor RGoff.

It yields

	 i i iGCG GE= + 	 (2.12)
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The variation of the gate voltage can be considered as being zero (dvG/dt = 0) dur-
ing the Miller plateau interval. This reduces at
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The peak of the induced gate voltage results as
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Equation 2.5 into 2.16 yields
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Appropriate value of the gate resistance can prevent this shoot-through conduc-
tion. When considering the “on” resistance defined by previous conditions, the “off” 
gate resistance can be calculated from this relationship for different gate voltage and 
load current values.

Automated design procedures can be implemented on computer software based 
on the above considerations as well as from considering parameter variations [18].
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2.3.3 P rotection

A power converter equipment includes a set of protection circuits and features. 
Chapter 6 presents in detail the practical aspects of building a power converter. 
Before such a design can be accomplished, the datasheet information about the lim-
its of operation should be understood.

The proper operation of an IGBT or MOSFET device is bounded by datasheet 
limitations. The collector current is limited to avoid latch-up. The maximum gate 
emitter voltage is set by the gate oxide breakdown considerations. The maximum 
current that can flow under short-circuit with a maximum gate-emitter voltage is four 
to ten times the nominal rated collector current. The maximum collector–emitter 
voltage of an IGBT device is set with the breakdown voltage of the internal pnp tran-
sistor. The maximum junction temperature is 150°C.

Special datasheet information refers to the safe operating area (SOA). Both IGBT 
and MOSFET devices have square SOAs for short switching times. If the conduc-
tion intervals are longer, thermal aspects modify the SOA, as shown in Figure 2.27. 
Modern IGBT devices can operate at the corner of the SOA for 10 µs (Figure 2.27). 

Thermal limit for longer
switching times

Thermal limit for DC
equivalent

VCE

IC

Forward bias
SOA

VCE

IC

Reverse bias
SOA

Higher
dv/dt

Limit by reapplied
dVCE/dt

FIGURE 2.27  Ideal SOA and limitations due to special operation conditions.
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This allows a protection circuit to trigger the gate signal and to protect the IGBT at 
high currents. In other words, the IGBT can operate in short-circuit for up to 10 µs [12].

The parasitic components of the collector–emitter circuit determine a real 
switching characteristic far from a square one. The designer should make sure that 
this real characteristic is always inside the SOA (Figure 2.28). These trajectories 
depend upon stray inductances, parasitic capacitances, and the MOSFET’s switch-
ing performance as (di/ dt), (dv/dt). The IGBT package itself has a stray inductance 
of about 10–20 nH [12,19].

2.4  POWER LOSS ESTIMATION

As the switching characteristics are the results of nonlinear phenomena, there are 
different methods to estimate the power loss. Power loss and efficiency of the power 
stage are very important, given the use of MOSFET and IGBT devices in power-
conversion circuits.

There are two major methods for loss estimation:

•	 Calculation of energy loss based on analytical investigation of the switching 
waveforms

•	 Estimation of the energy loss based on empirical models derived from 
bench measurements

Observing the collector current and voltage waveforms, switching loss can be 
derived by calculating the areas of VI regions that correspond to the switchings.

The switching-loss energy at IGBT turn-on (Figure 2.3) is [17,18]:
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where we assumed Lst as the stray inductance, VDC as the bus voltage, IRM as the peak 
recovery current of the adjacent diode, (di/dt) and (dv/dt) as the datasheet information 
about the selected semiconductor device.

The turn-off energy is calculated with (see Figure 2.5)
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The last term corresponds to the tail current at the IGBT turn-off and should miss 
at the same calculation performed for a MOSFET device. It can be seen that the gate 
drive circuit (especially the gate resistance) influences the switching losses by di/dt, 
dv/dt, IRM, and overvoltage.

Finally, the diode turn-off within an inverter leg is characterized by loss expressed 
by
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The conduction loss is calculated as
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Integral across the fundamental period T can be reduced to integrals across all 
conduction intervals during a period.

Total losses can be calculated by adding up the switching and conduction losses, 
by taking into account the inverter topology, the modulation function for each device, 
and the operation mode or load power factor.

The second approach to loss estimation is based on bench measurement of power 
losses under specified conditions, followed by interpolation of results from these 
measurements for the actual circuit operation.

An example for this procedure is provided in [20], where the power loss equa-
tions for a three-phase inverter power module are determined by experiment rather 
than analytical calculation. In this respect, it is first determined that the power loss 
depends on actual load current and steady-state measurements are made for each 
possible load current. Given the peculiar construction of the IPM module, an empiri-
cal calculation of the loss is preferred [20].

This empirical model considers each switch individually and calculates the power 
loss with the following set of equations (valid for IRAMS devices [20]):

	 E h h I I e e I Ix k
on = + ⋅ ⋅ = − + − ⋅ ⋅−( ) [( . ) ( . ) ].

1 2
1 159 27 69 4 2 99 2 	 (2.22)
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	 E m m I I e e I Iy n
off = + ⋅ ⋅ = − + − ⋅ ⋅−( ) [( . ) ( . ) ].

1 2
0 492 11 76 2 4 34 2 	 (2.23)

	 V V a I IT
b

CEon = + ⋅ = + ⋅0 51 0 46 0 649. . .
	 (2.24)

The results of this method used for a conventional motor drive application built 
with a 20 A IPM module show 2.3 W power loss per switch, and 14.1 W per entire 
package, when operated in ambient temperature and trying to prevent a junction 
temperature close to 125°C.

2.5  ACTIVE GATE DRIVERS

The role of a passive gate-driver resistor has already been explained. It has also been 
shown that the value of the gate resistor influences different characteristics of the 
switching circuit (Figure 2.26). These performance aspects are not based on simul-
taneous phenomena and introduce the possibility of an idealistic control through a 
variable gate resistor. A variable value of the gate resistor can be achieved with an 
active gate control [21–30].

Historically, the use of active gate control was first mentioned in series connec-
tion of IGBT devices. This is required in medium-voltage applications, when the DC 
bus has values in thousands of voltage range. Series connection of IGBTs raises the 
problem of unequal voltage-sharing across these devices. The unequal voltage shar-
ing across the IGBTs is due to

•	 Different delay times in gate driver and power semiconductor device
•	 Small parameter deviation among different devices
•	 Different reverse recovery behavior of the free-wheeling diodes
•	 Increased (dv/dt) with the number of series-connected devices

Voltage-balancing between series-connected devices is traditionally achieved 
with individual snubbering of each IGBT device. To reduce the passive component 
count and volume, modern active-snubbering methods have been reported to limit 
(dv/dt) and the overvoltage (Figure 2.29).

Turn-on
reference

+

–

RgatePush-
pull

buffer

FIGURE 2.29  Active voltage balancing circuit used within series connected IGBTs.
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Control of the collector voltage is achieved within an analog fast-feedback loop. 
Stability requirements imply design of a controller with poles at a frequency higher 
than gate circuitry, with a pole in the range of 1–10 MHz. Control bandwidth of 
50–90 MHz is achieved with high-performance operational amplifiers. A significant 
loss reduction can be achieved by controlling the IGBT voltage in closed-loop opera-
tions only near the peak rating. Open-loop operation can be considered for the rest of 
the operation range. This obviously complicates the control circuit.

The downside of this solution can be seen at inductive loads. The IGBT voltage 
cannot respond to the gate voltage turn-on control until the free-wheeling diode has 
turned off. The closed-loop approach charges the gate quickly, producing a very high 
(di/dt).

Historically, the second step in active gate control was in short-circuit protection. 
If the collectors circuit experiences a short-circuit, the protection circuit tries to shut 
the gate down and cut the current. This produces a large (di/dt) and a large overshoot. 
The equivalent gate resistance increases when the protection acts to turn the IGBT 
off with a soft shutdown. This avoids the large (di/dt) and the large voltage overshoot.

Voltage-overshoot protection can be achieved by including an additional transis-
tor stage in the gate driver (Figure 2.30) [31]. At turn-off, Qprot is turned on and the 
current is discharged through it. When the collector voltage reaches the breakdown 
voltage of the Zener diode, a current will flow through the gate of Qprot and will turn it 
off. The remaining current would flow through Rgate(off) slowing down the (dv/dt) rate.

Modern gate drivers adjust (di/dt) and/or (dv/dt) independently according to cri-
teria, such as electron magnetic interference (EMI) emission control or efficiency 
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FIGURE 2.30  Principle circuits for active gate control: (a) based on (di/dt) optimization; 
(b) based on (dv/dt) optimization.
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improvement through snubberless operation. For instance, the gate resistor can be 
optimized to reduce EMI emission through controlled (di/dt) and/or (dv/dt). Usually, 
this value increases loss. These two constraints require different values of the gate 
resistors during operation.

There are different methods for active control of (di/dt) and (dv/dt) (Figure 2.30). 
The simplest control is the feedback control of the gate current based on the device 
current or voltage slopes. Sensing the current or voltage slopes is carried out with a 
shunt resistor, on Kelvin emitter, on the information resulting from the Miller effect 
sensing.

The active gate control is not easy to implement. The circuit designer faces sev-
eral constraints related to a fast event time scale that does not allow delays within the 
analog circuit and to a feedback dependence on IGBT parameters.

Consider the experiment shown in Figure 2.31 and the results in Figure 2.32 [21].
The gate voltage has an intermediate voltage level that decreases the gate current 

level on the first slope of turn-on. The voltage level ΔVs and the length of the time 
interval Δtts within this voltage level are adjusted. The IGBT/MOSFET behavior is 
a result of variable inductance. Despite the clear demonstration of the principle of 
active gate control, this experiment is not easy to implement. Generally, the strong 
nonlinear character and the detection of the Miller plateau are a problem.

Different solutions were reported in the literature for active gate control even 
from late 1900s [32–42]. Because all of the active gate drivers need a design depen-
dent on the actual IGBT device to be controlled, these technologies did not make 
it into too many IC solutions. Several recent IPM products are taking advantage of 
dynamically controlled gate drivers only.

Vgate

Δtts
ΔVs

t
0

FIGURE 2.31  Principle of a simple experiment.

t

IC 6.1 V
5.3 V

4.6 V

FIGURE 2.32  Results of the simple experiment.
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2.6  GATE TURN-OFF THYRISTORS (GTOs)

As shown in the introduction to this chapter, gate turn-off thyristor (GTO) devices are 
used at high levels of current and voltage. They are a derivative of SCR devices, with 
a p–n–p–n structure, and can control both turn-on and turn-off processes. The opera-
tion is based on conventional recombination processes and the physics of junctions.

The major drawback of these devices is the large current required in the gate 
circuit for turn-off. Moreover, the GTO has a very low gain which means it requires 
a sophisticated and expensive gate drive. It is therefore impractical to use a charge 
extracting drive circuit, and so the GTO has a “tail effect” whereby the device still 
conducts while the minority carriers combine naturally.

2.7  ADVANCED POWER DEVICES

Despite the technology saturation in what concerns conversion circuits and convert-
ers, the power semiconductor sector is still dynamic. There is continuous develop-
ment along existing devices like MOSFET and IGBT. New generations of IGBTs and 
MOSFETs are introduced each year to the market and their performance is continu-
ously improving, especially through the design rule improvement (the pitch resolu-
tion in defining the shape of each semiconductor region).

However, the most exciting news about completely new devices is their ability 
to change performance patterns through disruptive innovation. These disruptive 
devices can be classified in three categories:

•	 New devices solving certain issues with conventional devices and hence 
dedicated to certain peculiar applications (IGCT, IGBT-RC, IGBT-RB, and 
so on).

•	 High-frequency, high-voltage devices aiming at increasing the operation 
frequency with a degree of magnitude, and therefore requiring a complete 
overhaul of the inverter assembly.

•	 Devices using emerging new substrate materials and aiming at efficiency 
improvements through a new class of devices. Their novelty may lead to 
changes in the design of the gate driver and/or protection circuitry and hence 
may not be useable as a drop-in substitute for the existing components.

2.7.1 S pecialty Devices

2.7.1.1  IGCT
A good example of device especially designed for medium and high-power applica-
tions is the integrated gate commutated thyristor (IGCT). Its architecture is com-
bining the best features of an IGBT and a GTO. The new solid-state switch is for 
medium-voltage applications from 2 to 6.9 kV, with maximum ratings of 4000 A, 
which builds upon the drawbacks of IGBTs that have high conduction losses and 
GTOs that are slow and require additional circuitry.

Through this new architecture, the IGCT makes possible designs that have not 
been feasible in the past. Thus, engineers need not design around IGBT and GTO 
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trade-offs, which often impose limits on starting torque and regeneration ability of 
motor drives.

2.7.1.2  IGBT-RC
The Reverse Conducting IGBT is a very new device proposed to the market by 
Infineon at the end of 2009 [43]. This new device addresses the motor drives market, 
and it is especially successful within the BLDC motor drives controlled with the 
120° program. Other applications include the soft-switching converters used within 
the induction heating and induction cooking products. This device incorporates the 
diode monolithically along the IGBT, providing low conduction losses of both IGBT 
and the integrated diode. This helps reducing the overall losses.

2.7.1.3  IGBT-RB
The increasing use of power electronic converters in energy processing has brought 
into attention topologies like Current Source Inverter, Matrix Converter, or the 
Neutral Point Clamped Inverter that require AC switches. All of these topologies 
promise a better power density for a given application. The conventional solution for 
preventing reverse conduction consists in connecting a diode in series with the usual 
IGBT. This is increasing the voltage drop during conduction state.

An alternative solution was proposed in early 2000 s with the IGBT-RB device. 
This device has the capacity to block voltage of both polarities without adding any 
supplemental series diode. Figure 2.33 is based on data compiled from [44,45], and it 
shows the improvement of the trade-off between the turn-off energy and the voltage 
drop during the conduction state.

The dependency shown in Figure 2.33 is used for comparing different power 
semiconductor technologies. Each curve is typical for a certain technology, and 
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FIGURE 2.33  Performance improvement with the use of an IGBT-RB device instead 
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different products are at certain points of the technology performance curve. For 
instance, an IGBT for motor drives can aim at a low voltage drop in the conduc-
tion state as it is switched at low switching frequencies and the efficiency can be 
improved with reducing the voltage drop. Such a device would sit in the top-left 
corner of the technology curve. By contrary a different IGBT product made with the 
same technology can be aimed at use within UPS and power supplies applications 
where switching at a high switching frequency would reduce the filter requirements. 
Such an IGBT device would sit in the bottom-right corner of the technology curve. 
Figure 2.34 illustrates further this figure of merit by showing Powerex devices and 
their technologies [46]. To avoid a direct comparison between products of different 
manufacturers (which is not the goal here), Powerex products and technologies of the 
year 1999 have been compared in Figure 2.34, and Fuji products and technologies 
for the year 2010 are shown in Figure 2.33. Both figures are given for illustration of 
this performance figure of merit.

2.7.2  High-Frequency, High-Voltage Devices

Another power semiconductor device that is picking up in the market is the CoolMOS, 
a MOSFET with a special structure, rated up to 600 V, and able to switch up to 50 A. 
These devices change the entire way we think about power converters.

Design of the power stage is limited by the parasitic of the implementation (printed 
circuit or busbar). The idea of switching, say, a 400 V bus at 250 kHz, pushes the 
designer to be very careful while designing circuit details.

Given the requirements of a general overhaul of the power electronics equipment, 
the penetration of these devices as a substitute for conventional IGBTs was not very 
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tN = 250 mm, Jc = 100 A/cm2; B = PT planar gate uniform lifetime control, Jc = 100 A/cm2; 
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spectacular. They remain attractive solutions for high-power density equipment like 
certain aviation systems.

2.7.3 U sing New Substrate Materials (SiC, GaN, and so on)

A generic trend in emerging power semiconductor devices is the use of new substrate 
semiconductors [47].

The development of new device technology started from within academic lab-
oratories and small-business companies, and hence their experimental character 
has recommended them onto lower power converter market. The first applications 
included industrial applications in the HEV automotive market, IT and consumer, 
grid connected low power converters, or certain appliances. According to [44], the 
most dynamic sector is represented by the power factor correction converters in sub-
kW power range. The SiC device technology being a little more advanced was able 
to bring up devices for applications up to MW power range. The GaN technology 
started 10 years after the SiC technology, and is currently featuring mostly diodes.

The success of the new substrate material semiconductors is mostly seen in diodes 
replacing conventional recovery diodes. The first application was the power factor 
correction circuitry in early 2001. The use of SiC diodes in the PFC application leads 
to power conversion improvement of around 2.4% [47] and a more optimal packag-
ing. The losses are reduced tremendously and there is virtually no cost of circuit 
adaptation. Moreover, different auxiliary components like small inductor snubbers 
can be removed from circuit. The remaining obstacle is yet the slight cost difference 
(to beat the $0.20/Amp barrier).

Another good example is the recent release of IGBT-Diode copack devices built 
of standard Si-based IGBT and emerging SiC diodes, and dedicated to motor drives 
as a drop-in replacement or for new designs.

Conversely, the application of the power semiconductor switch made on new sub-
strate material is more limited. The new devices are also requiring special gate driv-
ers for control and protection and this is complicating the replacement in existing 
designs. Another limitation is the lack of reliability information or qualifications that 
prohibit somehow the use of these devices in applications with a critical lifetime or 
ruggedness requirements.

The new substrate materials devices do not present a major improvement for 
medium voltage converters switched at low switching frequency. The operation 
of high voltage (multi kV-range) converters will benefit from these new devices. 
Especially here, the plasma science or physics instrumentation equipment with oper-
ation at 50–100 kV would see major improvement with the use of SiC diodes for a 
considerable voltage drop across the device.

What concerns the high switching frequency application, here the voltage level 
matters again. At very low voltage levels, the soft-switching operation can easily 
be achieved with resonant converters and the merits of the new substrate material 
devices fade. At medium voltage (100s V) the new devices have clear merits over the 
use of conventional semiconductors at high switching frequencies.

The major advantages of using a complete SiC based technology instead of con-
ventional Si devices can be briefly stated as [48]
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•	 Approximately half of the chip area is required for a SiC JFET in order to 
achieve the same efficiency as with a Si MOSFET.

•	 When operating SiC devices with a junction temperature limit above 165°C, 
the heat-sink temperature can be higher and the size of the cooling system 
decreases.

•	 Hence, the power density increases.
•	 The same power density could be achieved if the SiC devices have 30–40% 

of the Si MOSFET chip area.

2.8  DATASHEET INFORMATION

Successful design of power converters depends strongly on the information provided 
by the power semiconductor manufacturer within the datasheet. Each power device 
or class of devices is characterized with a peculiar technical document called “data-
sheet.” Let us see here how the information from a device datasheet has been gath-
ered and what does it mean.

The first section of a datasheet includes a brief description of the device and a 
drawing of the device. In most cases, the application field is also suggested herein.

Even if presented in other random order, a first important section contains infor-
mation about the absolute maximum electrical ratings of the device. If the opera-
tion of the power semiconductor device exceeds these ratings even on transients—it 
voids the manufacturer’s guarantee regardless of the duration or the conditions of 
the stress. Usually manufacturers use a test tolerance for these ratings when test-
ing to establish the highest absolute-maximum rating. However, the circuit designer 
should never count on this tolerance band as it may vary from manufacturer to manu-
facturer. Alternatively, protective components can be used to completely alleviate 
operation beyond the absolute maximum ratings.

Any datasheet also provides three absolute maximum temperature ratings:

•	 Operating temperature is the maximum temperature over which you can 
operate the power device, even if there is no guarantee implied that electri-
cal performance will be maintained over the entire operating temperature 
range.

•	 Junction temperature is the maximum temperature that the internal semi-
conductor die can reach under any environmental or operation condition.

•	 Storage temperature is the maximum temperature that the device may reach 
under a storage condition. This also voids the warranty offered by manufac-
turer for the device.

There is also another environmental warning regarding the ESD protection.
The most challenging information for a converter designer comes from the elec-

trical characteristics tables. Each performance characteristics is reported along with 
test conditions for measurement, and it is provided with three fields: MIN (minimum), 
TYP (typical), and MAX (maximum). The manufacturer is trying to select the most 
significant test points. However, the circuit designer should exercise care in under-
standing the differences between the circuit under design and what the manufacturer 
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is offering as test data. After initial assessment of their own power semiconductor 
devices, the manufacturer applies statistics to the data to obtain the mean value for 
each parameter. The following production batches are tested by statistical sampling 
for this datasheet information. The statistics yield the variance and sigma for the 
results distribution. The maximum and minimum values for each characteristics 
are selected at six times the value of sigma. These six sigma points become the 
minimum and maximum values for that parameter, and the mean is usually taken as 
the typical specification. Modern Design for Reliability concerns require the circuit 
designers to consider both the MAX and MIN values in order to cover all possible 
mishaps during operation rather than reducing the design to the use of TYP values. 
Alternatively, the designer may use its own statistical process of evaluation for the 
in-circuit tests of the new design.

A section of the datasheet contains graphs and table data for parameters that may 
vary with different operation points.

This applications related section often includes parameter measurement infor-
mation, or unusual measurement circuits. The application section covers load-
driving capability, layout and heat-sink suggestions, safe-operating area curves, 
special stabilization techniques for control circuits if included, or Spice models. 
All this information is provided by application engineer with experience in product 
and with a desire to present the product at its best. Such examples are eye-catching 
and not necessarily the best solutions for very large volume production. This is 
why the modern Design for Reliability concerns should be applied in all phases 
of design.

PROBLEMS

	 P2.1	� Try to explain the variation of the gate-drain and gate-source 
capacitances?

	 P2.2	� The on-resistance of a power MOSFET equals 120 mOhms at a junction 
temperature of 25°C and increases linearly with temperature up to 200 
mOhms at 100°C. Calculate the conduction loss in function of the opera-
tion temperature if the load resistance is 10 Ohms and the supply voltage 
is 150 V for a chopper operation.

	 P2.3	� Imagine a hybrid power switch made up of a bipolar transistor and a 
power MOSFET connected in parallel. What would be the benefits of 
such a device?

	 P2.4	� Qualitatively sketch the collector current versus time during turn-off 
for a short lifetime IGBT and for a long lifetime IGBT and explain the 
differences.

	 P2.5	� Qualitatively sketch the collector current change during the turn-on of 
an IGBT device controlled through different gate resistors.

	 P2.6	� Qualitatively sketch the collector current change during the turn-off of 
an IGBT device controlled through different gate resistors.

	 P2.7	� Write a computer program for power loss estimation based on the equa-
tions shown in this chapter and run this program for a simple case of 
a single IGBT switching a load resistor of 20 Ohms, at 20 kHz, from a 
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DC bus of 400 Vdc. Consider a real IGBT device along with the manu-
facturer datasheet and compare results with those given in datasheet.

	 P2.8	� Consider a MOSFET and an IGBT with the same breakdown voltage 
and the same current rating. How would you compare the gate-drain and 
gate-source capacitances of these two devices?
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Basic Three-Phase 
Inverters

3.1  HIGH-POWER DEVICES OPERATED AS SIMPLE SWITCHES

Using semiconductor devices such as bipolar transistors and MOSFETs at somewhat 
higher power levels in the active region yields low efficiency. A voltage regulator 
built with a bipolar transistor working in the active region can barely provide an 
efficiency of 30–40% because of the large collector–emitter voltage drop. In con-
trast, operation of the same device in switch mode allows efficiencies of 80–99%, 
depending on the converter topology and the number of passive elements. The whole 
idea of using switches is to operate at high frequency with a constant or variable duty 
cycle followed by low-pass filtering with a passive filter. The DC or low-frequency 
component of the converter waveform is therefore derived and used as a result of the 
power transfer.

Take the example of a switch controlled to produce a voltage on the load (Figure 
3.1). This is the simple case of a step-down DC/DC conversion. If a low-frequency 
AC component is injected in the duty cycle of the switch, a low-frequency variation 
is seen on the load (Figure 3.1). In other words, the low-frequency component of 
the load voltage reflects the control reference. Figure 3.2 illustrates this principle of 
modulating the pulse width (or duty cycle) of a buck (step-down) converter according 
to a variable control function.

Figure 3.2 also helps us to understand the difference in terminology between duty 
cycle and modulation index. The former characterizes the variation of the whole 
control reference, whereas the latter concerns the control of each individual switch. 
Therefore, we can modify the load voltage root mean square (RMS) on the funda-
mental frequency through the modulation index.

Many power loads are actually supplied in current, and the goal of power conver-
sion is to provide a smooth variation in the load current. In such a case, the filter-
ing task is partly laid on the inductive component in the load circuit, which is able 
to transform pulses of voltage into smooth current. If the load already has enough 
inductive components, it is not necessary to add an inductive filter in the system; the 
load itself will take care of the filtering task.

Conversion at higher power levels requires drawing power from a three-phase 
grid system and delivering it to a three-phase load. Special topologies have been 
developed for three-phase power conversion and their operation is more complex 
than a single switch-based DC/DC converter. Particularities within the operation 
of the three-phase power converter are presented in this chapter. The main power 
devices used today in building power converters have already been introduced in the 
previous chapter.

3
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3.2  INVERTER LEG WITH INDUCTIVE LOAD OPERATION

The simplest circuit to produce an AC waveform on the output is shown in Figure 3.3.
To simplify our explanation, a pure inductive load is first considered. The high-

side switch S1 and the low-side diode D1 constitute a buck converter during the posi-
tive half-wave of the inductor current. Analogously, the low-side switch S2 and the 
high-side diode D2 form a buck converter during the negative half-wave of the induc-
tor current. During the ON-time of any switch (S1 or S2), energy is charged on the 
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inductor depending on the width of the ON-time interval. Diodes (D1 or D2) ensure 
a circulation path for the currents during the OFF state of the switches. Overall, the 
current through the load inductor follows the control reference, with the delay given 
by the load power factor. Because of this phase-shift between the control reference 
and the actual load current, it becomes mandatory to control both switches in a com-
plementary manner. If each switch is controlled on its appropriate buck converter 
half-wave, an interval without any switching of the load voltage will be necessary 
for inductor current to discharge through the diodes (Figure 3.4). A complementary 
control is shown in Figure 3.5. The load current is always under control and it follows 
a quasi-sinusoidal waveform with a constant phase-shift from the control reference.

3.3  WHAT IS A PWM ALGORITHM?

Both cases presented in Figures 3.4 and 3.5 show a continuous variation of the width 
of voltage pulses applied to the load. This is called pulse width modulation (PWM). 
The modulating waveform coincides with the control waveform and pulses are pro-
duced at a constant frequency. The carrier pulses are ensured by a waveform called 
carrier signal. The way the modulating and carrier signals are produced and com-
pared differentiates between PWM algorithms [10–14].

Figure 3.2 presents a very generic power converter. In practical applications, other 
topologies may be employed and the load might not be a simple inductance. The 
principle of transferring energy from a source in a switched operation mode ensuring 
high efficiency of the conversion always remains the same. It has already been shown 
that the controls for such operation are called PWM techniques.

In the AC/DC conversion case, it is obvious that the line or boost inductance 
acts as a low-pass filter (LPF) for the applied voltage. Considering an AC drive, the 
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machine inductance filters the harmonics provided by the discontinuous power flow 
at switching. The flux linkage in the machine’s windings is approximately equal to 
the time integral of the impressed voltage, if a drop in voltage across resistance and 
leakage inductance of the stator windings are neglected. No matter how the induc-
tance appears on the load circuit, the power transfer is ensured through PWM.

The great advantage of the PWM algorithm is its ability to control the content in 
fundamental voltage across the load. This is ensured by the modulation index that is 
related to the magnitude of the control reference waveform. For instance, the exam-
ples shown in Figures 3.4 and 3.5 are based on a modulation index of 0.75. The pulse 
width variations are based not only on the shape of the control reference but also on 
this modulation index. The pulse widths modify the charge and discharge intervals 
of the energy within the load inductor. Accordingly, the ripple of the current through 
load will depend on the variation of the pulse width. It is important to note that the 
duty cycle of the switch control coincides with the modulation index in the converter 
shown in Figure 3.2. Figure 3.6 shows how all waveforms depend on the modulation 
index. The load current ripple depends on the modulation index value.

Fourier or frequency analysis provides an instrument with which to compare the 
amount of ripple or harmonics that results from operating at one modulation index or 
another with one converter topology or another. Fast Fourier transform (FFT) results 
for the voltage applied to the load at different modulation indices and different switch-
ing frequencies are shown in Figures 3.7 and 3.8 for the converter shown in Figure 3.2.

If no modulation is involved, the harmonic spectrum of the output voltage shows 
a strong harmonic component at the switching frequency. When the modulation 
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index increases, the component at the switching frequency decreases, and the low-
frequency component at the frequency of the modulating signal increases. A part of 
the power transfers from the switching frequency component to the fundamental. 
The best case, with the most pure low-frequency component synthesis, is achieved 
at higher modulation indices. However, the modulation index can increase only until 
the wider pulse in the pattern fits the whole sampling (or switching) period interval. 
After this point, any increase of the modulation index will produce distortion of the 
synthesized fundamental frequency waveform.

Conclusions of these harmonic results can be grouped as follows:

•	 The main effect of modulation is to move the harmonics toward higher 
frequencies where they can be filtered easier.

•	 The load voltage spectra contain no DC component, but only components 
of fundamental frequency and multiplies of the switching frequency.

•	 The magnitude of the components at multiples of the switching frequency 
is smaller when frequency increases.

•	 More harmonics are observed at lower modulation indices.

Global harmonic performance coefficients provide a better comparative image. 
Section 3.8 makes a complete discussion of these coefficients.

3.4 � BASIC THREE-PHASE VOLTAGE SOURCE INVERTER: 
OPERATION AND FUNCTIONS

Figure 3.2 has shown a possible solution for energy conversion from a DC power 
supply to a single-phase AC load. AC has been achieved on the load by PWM. At 
higher power levels, it is common to receive or deliver power on a three-phase sys-
tem. Power is, therefore, distributed equally on the three phases, and the current in 
each phase is smaller.

The simplest solution to define a three-phase converter is to multiply the structure 
of Figure 3.2 on three similar circuits. Figure 3.9 shows such a converter. The opera-
tion of each inverter leg is identical to the operation of the converter from Figure 3.3 
with reference voltages shifted 120° from one leg to another.

A star-connected three-phase load is represented in Figure 3.9. The load neutral 
point is connected to the mid-point of the capacitor bank. As the load voltages fol-
low the three-phase reference system, the fundamental voltages applied to the load 
also form a three-phase system. If the load is symmetrical, the phase currents form 
a system with no zero sequence, which means that there is no current circulation 
from the load to the capacitor bank mid-point. The load can be disconnected from 
the capacitor bank mid-point and an alternative delta-connected load can also be 
considered (Figure 3.10). Because the phase currents must add up to zero, there is no 
zero-sequence in the currents for the star-connected load without connection to the 
DC capacitor bank mid-point.

It has been shown that switches have been controlled on each phase with sinusoi-
dal references modulating the duty cycle of the pulses. The phase voltages can be 
expressed with dependence on the switch voltage drop.
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The main constraint for PWM generation is the need to produce a symmetrical set 
of voltages on the load (Figure 3.11). This can be expressed as

	 Vph A + Vph B + Vph C = 0	 (3.1)

The circuit equations are

	

V V V

V V V

V V

ph A pole A NO

ph B pole B NO

pole A pole B

 = 

 =  

 +  

−

−

⇒ ++  = 3

 =  +  + 

pole C NO

NO pole A pole B pole C

ph 

1
3

[ ]

V V

V V V V

V

⇒

CC pole C NO =   V V−

















	

(3.2)

D11

S11

S21

D21C1

C2

L1

+

–

D12

S12

S22

D22

D13

S13

S23

D23

L2

L3
VL1

VL2

VL3

FIGURE 3.9  Three-phase inverter derived from the single-phase topology.

+

–

+

–

FIGURE 3.10  Different load connections.

 



70 Switching Power Converters

These equations can be seen both in average and instantaneous values. The aver-
age analysis neglects all switching processes. If the pole voltages follow sinusoidal 
references superimposed to half of the DC voltage, the VNO voltage always equals half 
the DC voltage. If we consider a third or a multiple of the third harmonic injected 
identically within the pole voltages Vpole A, Vpole B, Vpole C, this harmonic will be found 
on the VNO voltage. Any shape of a repetitive signal on the third harmonic frequency 
will satisfy the same remark. Furthermore, as the same signal is a part of the pole 
voltages and the neutral voltage, it is not seen on the output phase voltage. This leads 
to a very important conclusion: third and multiple of three harmonics in the modula-
tor reference voltages are not seen on the output phase voltages. It will be shown later 
that this conclusion helps increase the maximum modulation index.

The previous equations in instantaneous values help demonstrate that the phase 
voltages equal 1/3 VDC, 2/3 VDC, –1/3 VDC, –2/3 VDC, or 0. This also implies that the 
VNO voltage does not maintain a stiff constant DC voltage, but changes between 
different levels of voltage at each switching.

The operation of the ideal converter with a six-step modulation or PWM outlines 
the following conclusions for the output phase voltages:

•	 There is no even order harmonics
•	 There is no 3rd harmonic or harmonic multiple of three
•	 There is no DC component

Accordingly, a typical spectrum of the load voltage is characterized by funda-
mental, pairs of 6 k ± 1 order harmonics (5,7,11,13,17,19,. . .), up to the switching 
frequency and its multiplies. Examples of spectra of the load voltage are included 
in Figures 3.12 through 3.14. A low ratio between switching frequency and the fre-
quency of the sinusoidal reference has been assumed in order to outline the lower-
order harmonics.

+

–

Vpole A Vpole B

Vpole C

Vph B

Vph A

Vph C

A

B

C

N

O

FIGURE 3.11  Voltage construction on the load.
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The six-step operation (without modulation) of the three-phase inverter produces 
large harmonics of the load voltages. Different methods for harmonic improvement 
have been introduced:

•	 Connection of several identical power stages through transformers and con-
trol with phase shift in order to add up voltage or current waveforms on the 
load (Figure 3.15)
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FIGURE 3.12  Six-step operation.
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•	 Control with PWM algorithms such as
•	 Programmed pattern calculated to optimize a harmonic coefficient for 

low-frequency range or for reduction of certain low-frequency harmonics
•	 Triangle-intersection or direct digital pulse-programming techniques to 

achieve carrier-based PWM methods (carrier-based PWM algorithms)
•	 Vectorial PWM methods

Each of these methods will be detailed later with specific examples of applica-
tions. Before pursuing such analysis, let us understand what the requirements are for 
performance indices in three-phase inverters.
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FIGURE 3.13  Switching frequency 24 times larger than the sinusoidal reference frequency.
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3.5 � PERFORMANCE INDICES: DEFINITIONS AND TERMS USED 
IN DIFFERENT COUNTRIES

In order to compare the results from different PWM methods and different power 
converters, several performance indices are defined based on frequency analy-
sis. These analyses of the voltages and currents at the input or output of a power 
converter can be performed with coefficients of the Fourier series or with Fourier 
transform.
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FIGURE 3.14  Switching frequency 48 times larger than the sinusoidal reference frequency.
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3.5.1  Frequency Analysis

Any periodic function can be developed in a constant value and an infinite series of 
sin and cos functions on even and odd multiples of the fundamental frequency.

This is called Fourier series and it is easy to apply for signals defined analytically.
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Components on the same frequency determine the magnitude of the respective 
harmonic.
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FIGURE 3.15  Harmonic improvement by adding-up voltage or current waveforms from 
individual power converters. Off-line optimization of the phase-shift is required.
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Previous results shown in Figures 3.12 through 3.14 have used the Fourier series.
If the waveform is not defined analytically, but as a set of measurements or simu-

lation results, then it is worthwhile to calculate the Fourier transform. This converts 
a time domain periodic function into a frequency domain function called spectral 
function.
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where nε (–∞,∞).
The reverse transform is given by
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Numeric calculus is achieved for an approximation of the Fourier integral when 
samples of the measured signal are known as u(kT) = uk. In this respect, let us con-
sider T = NTs and dt = Ts.
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The sampling theorem states that N samples of a signal can define (N/2) – 1 posi-
tive spectral components and (N/2) – 1 negative spectral components. Function u(t) 
is periodic and this implies S(–nω) = S((N – n)ω). This further allows conversion of 
the negative spectral components into the upper range (N/2, N – 1) and calculation of 
N spectral components from the N samples of the waveform in time domain.

Computer calculation of the spectral function S(nω) can be done after evaluation 
of the expression:

	 w = e−j2π/N

It yields:
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The sequence of calculus can be reduced when considering the number of sam-
ples as a power of two. The outcome is also named FFT. For instance, choosing 1024 
samples and the advantages of the FFT algorithm reduces the running time to only 
1% of the time required for conventional Fourier transform calculation.

Because of the limited resolution of the Fourier transform methods, each com-
ponent is shown for an interval adjacent with a triangular shape. The base of this 
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triangle will be smaller for a finer sampling of the original signal and its magnitude 
will better approximate the magnitude of the frequency component. Previous results 
shown in Figures 3.7 and 3.8 have been determined with FFT.

3.5.2  Modulation Index for Three-Phase Converters

For a three-phase inverter, performance indices are defined with respect to the mod-
ulation index

	
m

V
V
s=

(2/3) DC 	
(3.13)

3.5.3  Performance Indices

Commonly used performance indices are introduced next. Calculated results are 
introduced as examples, but details on how these results have been achieved are 
overlooked in order to simplify the presentation. Precise differences in results from 
different PWM methods will be shown in Chapters 4 and 5.

3.5.3.1  Content in Fundamental (z)
It represents the ratio between the RMS value of the fundamental of the output phase 
voltage (VL1) and the RMS value of the output phase voltage (VL). It is used mostly in 
Europe.

3.5.3.2  Total Harmonic Distortion (THD) Coefficient
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Results of this coefficient depend on the number of harmonics considered in cal-
culus. It is a good practice to consider a number of harmonics several times larger 
than the switching frequency.

Figure 3.16 shows THD for different switching frequencies when the modulation 
index varies between 0.1 and 0.8 and when calculus is performed for an extremely 
large number of samples. It is obvious that for the same modulation index, the results 
are approximately identical, no matter what the switching frequency when the fre-
quency ratio is a multiple of six. This certifies that a PWM algorithm is just mov-
ing harmonics from lower frequency to higher frequency without altering the power 
delivered on the load.

3.5.3.3  Harmonic Current Factor (HCF)
As the inductive load is basically a low pass filter (LPF), the higher order current 
harmonics will be attenuated. The remaining spectrum of the current will be differ-
ent from one PWM method to another and from one switching frequency to another. 
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A coefficient regarding current harmonics would better define the performance of a 
PWM method. Such a coefficient is called HCF and it can be expressed also based 
on the voltage harmonics at the converter output:
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(3.15)

After some calculation, Figure 3.17 presents the HCF coefficient dependence on 
the modulation index for the three-phase converter shown in Figure 3.10. The larger 
the switching frequency, the lower the HCF coefficient.
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FIGURE 3.16  THD variation with the modulation index for 1.2; 2.4 and 3.6 kHz switching 
frequency when harmonics up to 150 kHz are considered.
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FIGURE 3.17  HCF variation with the modulation index for 1.2; 2.4 and 3.6 kHz switching 
frequency when harmonics up to 150 kHz are considered.
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3.5.3.4  Current Distortion Factor
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(3.16)

This performance index is equivalent with HCF.
The requirements for AC power supplies consist of low output impedance and less 

than 5% voltage THD at load terminals. An output LC filter is necessary to decrease 
the THD content of the output voltage (Figure 3.18).

Let us note the harmonics of the filter output voltageVn
*. Taking into account the 

effect of the filter and the transfer function between the filter output voltage and the 
inverter voltage, DF yields (Figure 3.19):
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3.6 � DIRECT CALCULATION OF HARMONIC SPECTRUM FROM 
INVERTER WAVEFORMS

Any version of FFT can be calculated based on the samples of the waveform, but 
it requires extensive calculation. Calculation of the harmonic coefficients based on 

1
s2 + ωr

2L ⋅ C ⋅ s2 + 1Vn

Vn* ωr
2

==

Vn Vn*

C

L

FIGURE 3.18  Output with filter of a power supply.
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FIGURE 3.19  DF2 for regular SVM with different number of pulses on the fundamen-
tal period. (Adapted from Lucanu, M., Neacsu, D., and Donescu, V. 1995. Optimal Power 
Control Strategies for Space Vector PWM Inverters, Technical Bulletin of IPlasi, Romania, 
Tomme XLI (XLV), Fasc. 1–2, pp. 97–102.)
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Fourier definitions is also complicated. This section introduces two methods for a 
quick estimation of the harmonic spectrum without integral calculation.

3.6.1 D ecomposition in Quasi-Rectangular Waveforms

Let us start with the quasi-rectangular waveform shown in Figure 3.20.
Applying Equation 3.5, the voltage harmonics can be expressed as
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(3.18)

All waveforms in power converters can be characterized with rectangular shapes. 
Moreover, such waveforms can be decomposed in periodic elementary quasi-rect-
angular waveforms, as shown in Figure 3.20. This approach can be applied to all 
staircase, two-level, and three-level waveforms.

Figure 3.21 shows the decomposition of a staircase waveform in quasi-rectangular 
waveforms.

Each harmonic component can be calculated by simple addition of the harmonics of 
the same order from the individual quasi-rectangular waveforms. The previous Fourier 
series development helps in the calculation of harmonics through simple addition.
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FIGURE 3.20  Waveform with parameter α.
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FIGURE 3.21  Decomposition in quasi-rectangular waveforms.
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Similarly, a PWM waveform can be decomposed into an algebraic sum of com-
ponents (Figure 3.22).

The mathematical form of this decomposition is:
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(3.20)

3.6.2 V ectorial Method

Any periodic waveform can be decomposed into simple periodic rectangular 
waveforms with the same shape but phase shifted. The Fourier series of each such 
simple waveform is well known. Moreover, each harmonic component can be rep-
resented with a vector. Figure 3.23 shows an example of the waveform composed 
of simple square-waves. Adding up the appropriate waveforms is equivalent to 
adding up their corresponding vectors for fundamental frequency and generic har-
monics of order n.

Simple mathematical relationships can be written for this vectorial composition. 
The magnitude and phase of a vector that results from composing two other vectors 
is well defined in mathematics textbooks. Definitely, this method is appealing for a 
reduced number of square-waves in decomposition.
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FIGURE 3.22  Decomposition of a PWM waveform.
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FIGURE 3.23  Decomposition in simple square-waves: (a) fundamental frequency; (b) n-th 
harmonics.
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The magnitude of the nth harmonics in the development of Fourier series for each 
individual square wave is provided by
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The vectorial result can be computed easily by the decomposition of each particu-
lar vector on the real and imaginary axes, followed by algebraic operations on each 
of these two axes (Figure 3.24). It yields:
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3.7  PREPROGRAMMED PWM FOR THREE-PHASE INVERTERS

The application of PWM methods in different industrial systems aims to improve 
global harmonic factors, reduce losses in the power converter or load, reduce torque 
pulsations in the motor drive applications, and reduce noise and vibrations.

It is easy to imagine a direct method of achieving this by optimal off-line defini-
tion of the switching instants. Results from all possible optimization criteria have 
reduction of low harmonics in common. This PWM can therefore operate without 
a fixed frequency but according to a preprogrammed pattern. The drawback of this 
approach is extensive computing. In comparison with carrier-based PWM or vecto-
rial PWM, preprogrammed PWM can offer:

•	 Reduction of the inverter switching frequency by about 50%
•	 Direct operation into overmodulation providing more output voltage
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FIGURE 3.24  Vectorial composition.
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•	 Reduced ripple of the DC current and elimination of the possibility of oscil-
lations within the output filter

•	 Simpler implementation from a memory look-up table

3.7.1  Preprogrammed PWM for Single-Phase Inverter

Different topologies for single-phase voltage generation can be operated with bipo-
lar PWM (two-level) or unipolar PWM (three-level) (Figure 3.25) [7,8,14,15]. The 
bipolar waveform can also be mathematically derived as a difference between a 
unipolar PWM and a square wave of half the amplitude. The following harmonic 
analysis supposes that waveforms are synchronized with a cos function and the Bn 
term equals zero.

The Fourier series for the three-level (unipolar) PWM can be expressed as
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 A DC bus voltage of π/4 has been considered for normalization in order to sim-
plify calculation. The fundamental component can therefore be expressed as
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The first optimization constraint consists in setting a desired level of the funda-
mental. Canceling the 3rd, 5th, 7th, 9th, 11th, . . . harmonics require the appropriate 
Fourier coefficients to be zero. The number of degrees of freedom is provided by 
the number of angular coordinates αk. For instance, controlling the fundamental and 
cancelation of the first five odd harmonics is achieved when the output voltage has 
six level changes within a 90° interval.
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FIGURE 3.25  Bipolar and unipolar PWM waveforms.
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If only cancelation of the first five harmonics is our goal, the following can be 
written:
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Solving this system yields the following values:

	 α1 = 18.17°

	 α2 = 26.64°

	 α3 = 36.87°� (3.26)

	 α4 = 52.90°

	 α5 = 56.69°

Replacing these values for the fundamental component yields:

	 A1 = cos(18.17) – cos(26.64) + cos(36.87) – cos(52.90) + cos(56.69) = 0.74	 (3.27)

A proper adjustment of the VDC voltage can modify the content in fundamental 
A1. Similar calculus can be performed for any other harmonic condition (Table 3.1).

The bipolar (two-level) PWM wave has the following development in the Fourier 
series:
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A similar system of equations can be written for specific harmonic elimination 
or fundamental component control. For instance, elimination of the 5th and 7th har-
monics along with the control of fundamental needs three angular variables.
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The equations yield:

	 A1 = [–1 + 2(cos α1 – cos α2 + cos α3)] = V

	 A5 = [–1 + 2(cos(5α1) – cos(5α2) + cos(5α3))] = 0	 (3.29)

	 A7 = [–1 + 2(cos(7α1) – cos(7α2) + cos(7α3))] = 0

As these equations are similar to those from the three-phase inverter analysis, 
a practical result will be shown later for the more popular case of a three-phase 
inverter.

3.7.2  Preprogrammed PWM for Three-Phase Inverter

For a three-phase voltage source inverter, elimination of low harmonics in the pole 
voltage (switching function) implies elimination of low harmonics in the phase 
voltage.

TABLE 3.1
Eliminated Harmonics without Restriction on the Fundamental Content and 
the Appropriate Switching Angles

Eliminated 
Harmonics 5th 7th 11th 13th

Switching angles 18.00° 21.43° 24.54° 25.39°

30.00° 30.00° 30.00° 30.00°

42.00° 38.57° 35.45° 34.61°

Eliminated 
Harmonics

5th and 
7th

5th and 
11th

5th and 
13th

7th and 
11th

7th and 
13th

11th and 
13th

Switching angles 7.93° 7.93° 12.96° 15.24° 16.59° 19.03°

13.75° 13.75° 19.14° 19.37° 20.80° 21.76°

30.00° 30.00° 30.00° 30.00° 30.00° 30.00°

46.25° 46.25° 38.88° 40.63° 39.20° 38.24°

52.07° 52.07° 45.52° 44.76° 43.41° 40.97°

Eliminated 
Harmonics

5th 7th 
11th

5th 13th 
11th

7th 13th 
11th

Switching angles 2.25° 7.82° 9.48°

5.61° 11.04° 11.61°

21.26° 22.13° 23.26°

30.00° 30.00° 30.00°

38.74° 37.87° 36.74°

54.39° 48.96° 48.39°

57.75° 52.18° 50.52°
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The harmonics in the line-to-line voltage (VLL) are related to the harmonics in the 
phase voltage through the following relationship:
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The Fourier coefficients of the line-to-line voltage can be expressed by
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that is identical with the Fourier series for the unipolar PWM in the single-phase 
case.

However, symmetries for a three-phase system should be taken into account. 
Because of these symmetries, the switching-pattern calculation can be reduced to 
30°. The three-phase switching pattern optimally defined for a 30° interval can then 
be used in the definition of the whole switching pattern. Switching instants within 
the first 30° interval are defined by an angular coordinate α measured from the 
beginning of the interval. Optimization can be set up based on appropriate wave-
forms for the phase voltages, VLL, or pole voltages in a three-phase voltage source 
inverter and for the phase currents within a current source three-phase inverter.

Similarly, operation of a single-phase preprogrammed PWM needs a pattern defi-
nition for 90°.

Therefore, it can be demonstrated that voltage reversals within the first 60° need 
mirror symmetries around the middle point situated at 30° from the beginning. For 
instance, a voltage transition from 0 to VDC at α1 implies a voltage transition from 
VDC to 0 at 60 – α1. Next, there should be no switching at the top of the waveform 
for a 60° interval (between 60° and 120° from the beginning of the waveform). The 
symmetry on the second harmonic imposes transitions on the following 60° with the 
same angular delays as on the first 60° interval. If all these conditions are respected, 
one can analyze only a single-phase waveform and account automatically for the 
cancelation of the second and third harmonics.

If the considered pattern has N switching instants within a 30° sector, N variables 
can be defined. For a given content in fundamental (A1), there are N – 1 degrees of 
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freedom for harmonic elimination. The nonlinear form of these constraints provides 
the complexity of the optimization calculus.
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where 2 M is the number of switching instants over a 30° interval and V is the desired 
fundamental voltage (current). Solving this system provides a set of values for αk at 
each V. Accordingly, the solution of Equation 3.27 or 3.33 can be presented graphi-
cally, as in Figure 3.26. Possible shapes of waveforms within a three-phase system 
are displayed in Figure 3.27.
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FIGURE 3.26  Solution for 5th and 7th harmonics eliminated with control of fundamental.
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FIGURE 3.27  Examples of line-to-line voltage with eliminated harmonics.
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This section presented methods for cancelation of specific harmonics. Other opti-
mization criteria can be considered for minimization of THD, HCF, or torque har-
monics [18]. They will lead to more complex calculus and require extensive use of 
computer programs, as MATHCAD or MATHEMATICA.

3.7.3  Binary-Programmed PWM [1]

A version of the harmonic elimination principle can be achieved for a three-phase 
system with a division of the 30° interval in a fixed number of equal intervals. A 
variable is inserted at each of these sampling instants and optimization calculus is 
performed to define positive or zero values for these variables. Using symmetry, the 
whole waveform is finally built-up in the microcontroller memory.

For instance, Figure 3.28 applies this principle to a single-phase system required 
to cancel all harmonics up to the 13th and to maximize the content in fundamen-
tal [1]. The switching waveform results for 45 samples over an interval of 90° and 
the remaining higher harmonics are below 0.45% of fundamental. If applied to an 
induction machine, the torque harmonics result is below 3% of torque fundamental 
component.

3.8 � MODELING A THREE-PHASE INVERTER WITH 
SWITCHING FUNCTIONS

Understanding the operation of each single-phase circuitry (Figure 3.3) helps 
define the controller for the three-phase converter. A very good tool for mathemati-
cal modeling of the operation of a three-phase converter is based on the switching 
functions concept. Given the repetitive manner of switching power devices within 
the three-phase power converter, one can define switching functions as periodical 
functions built up of rectangular pulses. The switching functions can commute 
within a limited number of states. This mathematical representation is possible 
only when switching of the power devices is not dictated by circuit operation (as 
in the SCR).

A conventional analysis of the converter presented in Figure 3.10 would need 
36 circuit equations to be written for all currents and voltages. This system of equa-
tions can be further reduced to three if symmetries of the three-phase circuitry are 
considered. To simplify the mathematical model, switching functions are introduced. 

0 0 1 0 0 0 0 0 0 1 1 0 0 0 0 1 1 1 0 1 1 0 1 1 1 1 1 1 1 0 1 1 1 1 1 1 1 1 1 1 1 1

900 Degrees

FIGURE 3.28  Binary programmed PWM.
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The definitions of the switching functions are not unique [2–4]. Let us consider sev-
eral examples:
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Load voltages can be expressed with dependency on these switching functions:
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The DC current can also be calculated based on these functions:

	 iDC = iph A f1 + iph B f2 + iph C f3	 (3.36)

Another possibility:
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Load voltages can now be expressed as
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The DC current can also be calculated on the basis of these functions:

	 iDC = iph A f1 + iph B f2 + iph C f3	 (3.39)

This method provides a mathematical relationship between the PWM control algo-
rithm and the load voltages and DC current in a three-phase converter. Simulation 
tools can be built-up based on this concept, and they can provide a quick simulation 
without taking into account all the transient details pertaining to any peculiar power 
device. For instance, a direct implementation of these equations can be made in 
MATLAB-SIMULINK [2] environment, whereas an implementation with current 
and voltage sources can be accomplished in PSPICE [3].

3.9  BRAKING LEG IN POWER CONVERTERS FOR MOTOR DRIVES

Motor drives represent the greatest application for three-phase inverters. Power 
converters are manufactured especially for this application in the topology with six 
switches, presented in Figure 3.10. The braking deceleration of these motors trans-
fers power to the intermediary circuit of these power converters. The basic require-
ments for a braking module have been analyzed in the introductory chapter. The 
DC voltage rises until the frequency converter trips for protection and it requires, 
sometimes, a special brake module to absorb this braking power. For power levels 
above 6.8 kW and less than 20 kW, the power converter itself includes an internal 
brake circuit and can accept an external brake resistor [4,7]. This resistor should be 
mounted on a heatsink and covered. For higher power levels, such braking modules 
can be attached outside [19].

This circuit is useful for dynamic regeneration during power dissipation, avoiding 
overcharging of the DC capacitor. This circuit is not rated for a continuously over-
hauling load, but it needs to absorb the peak brake power during large dynamics. It 
is rated for the average power calculated over a complete cycle.
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where J is total inertia (kg m2); n1 the initial speed (RPM); n2 the final speed (RPM); 
tb the brake time (s); tc the cycle time (s).

A minimum value of the brake resistor must be defined to limit its current and power.
Then, we derate this calculus based on the ambient temperature at the moment of 

braking (Figure 3.29).
Another way to brake a motor is to use the DC brake. A DC voltage is applied 

across two motor phases to produce a stationary magnetic field in the stator. The 
braking power remains in the motor, which may overheat. For this reason, this 
method is used only in low-speed ranges.
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3.10 � DC BUS CAPACITOR WITHIN AN AC/DC/AC POWER 
CONVERTER

The introductory chapter showed the role and features of the DC capacitor bank. The 
selection of the bus capacitors and the associated ripple aspects are next discussed. 
One of the functions of the DC capacitive bank is to reduce ripple. The input current 
to a three-phase inverter is composed of current pulses according to the switching 
sequence. An example is shown in Figure 3.30. The average value of these pulses 
represents the active power delivered to the three-phase inverter. The other harmon-
ics compose the ripple to be filtered by the capacitor bank [5,6,16,17].
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FIGURE 3.30  DC current and the phase currents of a three-phase inverter.
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FIGURE 3.29  Derating based on temperature.
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Aluminum electrolytic capacitors are usually selected in order to filter the 
front-end rectification waveform and to store the energy necessary for the dynam-
ics of the load (Figure 3.31). This type of capacitor has an anode foil with an alumi-
num oxide layer acting as the dielectric, a cathode foil with no oxidation process, 
and a separator paper. All of them are wound together and impregnated with an 
electrolyte.

The equivalent circuit of an aluminum electrolytic capacitor is shown in Figure 3.32.
The most important parameter is definitely the capacitance, and it is expressed by [5]

	
C
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= × −8 855 10 8.
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(3.42)

where ε, is the dielectric constant, S the surface area of dielectric (cm2), d the thick-
ness of the dielectric (cm). The dielectric constant is [8–10] within any aluminum 
electrolytic capacitor, whereas the dielectric layer is very thin, in the range of about 
15 A per volt. The surface area is increased by electrochemically etching the alumi-
num foil up to 100 times in low-voltage foil and 25 times in high-voltage foil. This 
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FIGURE 3.31  Spectrum of the DC current for carrier sinusoidal modulation at 3 kHz. 
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FIGURE 3.32  Equivalent circuit for an electrolytic capacitor.
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is the major advantage of aluminum capacitors, as they provide a larger capacitance 
when compared with other types of electrolytic capacitors.

The equivalent series resistance (ESR) represents the resistance that produces 
heat in the capacitor when the AC ripple current is applied. It is a combination of the 
resistive losses because of aluminum oxide thickness, electrolytic spacer combina-
tion, and resistance due to materials and material characteristics, such as foil length, 
tabbing, lead wires, and contact resistance.

The leakage current (DCL) corresponds to the DC current leaking through the 
capacitor. Ideally, it is well known that the capacitor is supposed not to allow any cir-
culation of a DC current. However, small leakage of current occurs; it is proportional 
with capacitance and decreases when the applied voltage reduces.

The inductance of a capacitor (equivalent series inductance—ESL) is a con-
stant and it depends on the mechanical mounting of terminals. The ESL is in 
the range of 3–40 nF and it influences the capacitor operation only at very high 
frequencies.

All these components contribute to the capacitor impedance. The frequency 
characteristic of this impedance has usually a notch in tens of kilohertz range, 
whereas the magnitude at lower and higher frequencies is higher. The lowest 
impedance value corresponds to the resonant frequency that turns the electrolytic 
capacitor into an inductor [6]. The frequency components within this frequency 
range will not be filtered by the electrolytic capacitor. Therefore, small low-induc-
tance film capacitors (polyester or polypropylene) are generally used in differential 
or common mode to compensate the frequency characteristic of the electrolytic 
capacitor. A simple solution consists of using parallel connections with electro-
lytic capacitors in order to filter the harmonic components from current ripple and 
electromagnetic inference. The use of high-frequency film capacitors as DC bus 
snubber is suggested at the electrolytic capacitor terminals to minimize the con-
nection inductance.

Finally, let us note two other important parameters in the selection of the DC bus 
electrolytic capacitor: the rated voltage and the ripple current. The rated voltage 
is calculated as the sum of the DC and AC voltages applied to the capacitor. If the 
ripple current is larger than a specified value, the life of the capacitor becomes 
shorter because of the heat generated by the excessive ripple current. Accordingly, 
there is an inverse relationship between the current ripple and the capacitor’s ESR.

3.11  CONCLUSION

This chapter introduces the single-phase and three-phase inverters and explains 
the challenges in meeting harmonic performance requirements. Details of prepro-
grammed PWMs are provided along with mathematical tools to calculate harmon-
ics. Among all possible algorithms, the most used are the carrier-based PWM and 
the vectorial PWM that are explained in later chapters.

Finally, the brake leg and the DC capacitor bank are shown as possible auxiliary 
components of a three-phase inverter. Chapter 6 will provide the details on protec-
tion and building a three-phase inverter for different power levels.
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PROBLEMS

	 P3.1	� Figure 3.16 shows no difference between the THD of the output voltage 
for different switching frequencies at any modulation index. How can 
this be explained?

	 P3.2	� Consider Figure 3.21 with a DC voltage of 100 V. Write the math-
ematical constraints for achieving a fundamental voltage of 48 V and 
cancelation of the third and fifth harmonics (use Equation 3.19). Solve 
this system of equations and look for a solution with α1 < α2 < α3.

	 P3.3	� Consider Figure 3.22 with a DC voltage of 100 V. Write the mathemati-
cal constraints for achieving a fundamental voltage of 48 V and cancel-
ation of the fifth and seventh harmonics (use Equation 3.20). Solve this 
system of equations and look for a solution with α1 < α2 < α3 < 30°. 
This condition also ensures that third harmonic vanishes.

	 P3.4	� Write Equation 3.22 for the case of Figure 3.23. Consider α1 = 12, 
α2 = 18, α3 = 23, and calculate the first seven harmonics.

	 P3.5	� Consider V = 0.4 and read α1, α2, α3 from Figure 3.26. Calculate the 
first 10 harmonics using these values in Equation 3.27.

	 P3.6	� Imagine a new definition of the switching functions for a three-phase 
inverter and write the appropriate dependency of the phase voltages and 
DC current on these switching functions.
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Carrier-Based Pulse 
Width Modulation and 
Operation Limits

4.1 � CARRIER-BASED PULSE WIDTH MODULATION ALGORITHMS: 
HISTORICAL IMPORTANCE

Figure 3.2 shows the principle of pulse width modulation (PWM) control, but it does 
not provide any information on how we can produce the modulation within a real hard-
ware circuitry. In order to keep the pulse frequency constant, a carrier signal is neces-
sary. Switches change their conduction states at moments of time that are determined 
by the intersections between our reference voltage and a triangular high-frequency 
signal with a fixed magnitude equal to unity. This operation is shown in Figure 4.1.

The frequency of the pulses is kept constant while their duty cycle is modulated. 
This is known as natural sampling, suboscillation or the subcycle method. The 
method and the names are derived from the initial hardware implementation. In 
the 1970s, when engineers were already using power semiconductor switches fast 
enough to support modulation, the only control hardware available was analog cir-
cuitry. It was therefore easy to generate the carrier signal as a triangular waveform 
and to achieve modulation by comparison with a variable reference.

The method described in Figure 4.1 allows several possible shapes for the trian-
gular waveform (Figure 4.2):

•	 Center-aligned (a)
•	 Left-aligned (c)
•	 Right-aligned (b)

Secondly, the ratio (q) between the frequency of the carrier and the frequency 
of the reference signal can have different values. If q is small, harmonics can be 
improved if the following are taken into account:

•	 q should be an integer in order to have synchronous waveforms leading to a 
periodical train of pulses.

•	 q should be odd in order to produce the same number of pulses on both 
positive and negative half-waves. The output voltage, therefore, contains no 
even harmonics.

•	 The harmonic of order q is the dominant one.
•	 In a three-phase system, the third and multiple-of-three harmonics vanish 

when q is selected as a multiple of three.

4
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The modulation signals could also have other shapes, such as trapezoidal and 
staircase (Figure 4.3), which provide advantages in the hardware implementation of 
the controller and in optimal switching performance at the power stage [1–7].

Finally, let us note here the advantage of a uniform-sampled PWM in digital 
implementation. This method samples and holds the sinusoidal reference at the same 
frequency as the carrier. The resulting reference looks like a staircase wave-form 
with elementary steps equaling the width of the carrier period. Figure 4.4 illustrates 
this method for a low-frequency carrier. Control pulses are obtained at the intersec-
tion of the S/H signal and the triangular waveform. A proper synchronization of 
these signals produces symmetrical signals.

A mathematical description of the harmonics of these carrier-based methods is dif-
ficult because the intersection moments are not linearly or equally spread over the 
reference cycle. Harmonics can be observed by FFT applied to simulation or measured 
data (Figure 4.2, right). The best harmonic content is achieved for the center-aligned 
pulses.

The case of a three-phase system can be treated as three individual modulators 
(Figure 4.5) with a star connected load. This load connection modifies the shape 
of the load voltage in each phase. Since the ratio of the switching and fundamental 
frequencies is chosen as a multiple of three (denoted with 6 k), high-frequency har-
monics are seen in pairs at orders of 6 k ± 1. Frequency components at multiples of 
the switching frequency vanish.

Center-aligned PWM is also known as symmetrical PWM, whereas the left- and 
right-aligned methods are called asymmetrical PWM. Figure 4.2 showed the single-
phase generation for each of these methods. The three-phase converter uses the same 
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FIGURE 4.1  Sinusoidal PWM based on intersection between a triangular carrier signal and 
the reference.
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modulators, but the special load-connection modifies the shape of the load voltage 
and its spectrum.

4.2 � CARRIER-BASED PWM ALGORITHMS WITH IMPROVED 
REFERENCE

The magnitude of the sinusoidal reference can be extended up to the magnitude of 
the carrier waveform. This situation corresponds to a maximum modulation index:
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FIGURE 4.2  Different shapes of the triangular signal for q = 9 and modulation index of 
0.5, for a single-phase inverter switched at 2.4 kHz: (a) time-domain waveforms for center-
aligned triangular carrier; (b) spectrum of output voltage with modulation defined in (a); 
(c) time-domain waveforms for right-aligned triangular carrier; (d) spectrum of output volt-
age with modulation defined at (c); (e) time-domain waveforms for left-aligned triangular 
carrier; (f) spectrum of output voltage with modulation defined at (e).
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This is less than what is obviously possible when the pole (leg) voltage bounces 
on the full DC bus. This deficiency—of limited modulation index—is corrected by 
modified reference waveforms.

In Section 3.4, we have seen that a three-phase inverter can have third or higher 
order harmonics on the pole voltage without seeing them on the load voltage. 
Generally, any zero-sequence waveform can be added to the reference without being 
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FIGURE 4.3  Trapezoidal and staircase references.
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FIGURE 4.4  Uniform sampling of the reference signals.
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FIGURE 4.5  PWM generation in a three-phase system.

 



100 Switching Power Converters

noticed on the load. This feature is used in applications that limit the peak-to-peak 
voltage applied to the load while preserving a high content in fundamental for this 
voltage. There is an infinite number of possible additions to the reference waveform 
that satisfy this condition.

First, let us consider a simple third-harmonic injection with the phase selected to 
suppress the peak of the sinusoidal reference (Figure 4.6).
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(4.2)

Considering k as a parameter, we can define the amount of the third harmonic to 
be injected in the reference signals in order to optimize performance indices such 
as maximum content in fundamental or minimum harmonic current factor (HCF) 
coefficient.

In [1], a minimization of the total harmonic distortion (THD) is considered and 
k = 1/4 is found as the optimal solution. Separate works [2,3] demonstrate that a third 
harmonic with k = 1/3 maximizes the fundamental voltage.

As the shape of the pole voltage is different from the shape of the phase voltage 
(Section 3.4), it is possible to keep one inverter leg unswitched and to produce the 
load three-phase system of sinusoidal waveforms out of the other two phases. Due 
to symmetries within a three-phase system, each interval of no switching can last 
for 60°. Accordingly, the reference function needs to be defined by six sets of func-
tions, each one valid for 60°. A 50% theoretical switching loss reduction is therefore 
possible by not switching each switch for 60°. This opportunity was first explored in 
[4,5] and it was shown that discontinuous references produced by discontinuous zero 
sequence components can extend linearity above 0.785 up to the six-step operation 

FIGURE 4.6  Injection of the third harmonic in the reference signal.
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fundamental and reduce switching losses. Later, other researchers proposed other 
shapes (or functions) for the zero sequence component. Figure 4.7 provides several 
examples [8–15].

The difference between these methods is the way in which we have selected the 
60° interval when an inverter leg is not switched. It is advantageous to select between 
these methods based on each application and taking into account that switching losses 
strongly depend on the current through the insulated gate bipolar transistors (IGBTs). 
Power converters working on the grid application would benefit by using the first 
method in which the no-switching interval is produced around the peak of the voltage 
reference and phase current. Motor drive applications are typically characterized by 
a lagging current and the second method would be better, as it has the no-switching 
interval after the peak of the voltage reference. If the high-side IGBTs and the low-
side IGBTs are identical in the inverter building, using the last two methods would 
produce different power loss and heat on the high side and the low side. The last two 
methods are not used, since they do not share equally losses between power switches.

Closely observing the mathematics of these methods enables us to define a general-
ized modulator configurable in specific applications. Figure 4.8 illustrates generalized 
PWM generation. The injected zero sequence is calculated as the difference between 
the sinusoidal references and the peak of the carrier waveforms considered here as 
unity. This difference represents how much we should add to the top of the existing 
reference system in order to saturate the modulator and to not have any switching dur-
ing a 60° interval. It becomes obvious that the range of φ lies within 0° and 60°. Due 
to symmetries in a three-phase system and the condition of equally sharing losses, 
alternative use of saturation at maximum and minimum of the reference is considered.

Despite the obvious theoretical advantages of these methods, they are not often 
used in practical systems. Carrier-based PWM algorithms have emerged in analog 
hardware support. Using discontinuous zero-sequence injection highly increases the 
complexity and cost of the analog control circuits. Moreover, the performance at 
low-modulation index is very poor due to the narrow pulse limitations and transition 
instabilities during the change of the modulation function. As an alternative, engi-
neers have used this method in high-modulation indexes only, keeping the conven-
tional continuous modulation for low-modulation indexes.

Understanding the principles of carrier-based PWM generation with discontinu-
ous reference functions later helped define reduced loss space vector PWM methods. 
These are analyzed extensively in Chapter 5 and are based exclusively on digital 
implementation. Because of their usefulness in extended linear ranges and reduced 
switching losses, combined with the advantages of digital implementation, they are 
used nowadays by industry.

4.3 � PWM USED WITHIN VOLT/HERTZ DRIVES: CHOICE OF 
NUMBER OF PULSES BASED ON THE DESIRED CURRENT 
HARMONIC FACTOR

One of the major applications for three-phase inverters operated with PWM is within 
motor drives. The simplest and still most used control of an induction motor consid-
ers the constant flux within the machine on the basis of a constant Volt/Hertz (V/Hz) 
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of 0.5.
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ratio. Without getting into machine drive details, let us see what are the consequences 
of applying PWM inverters for this class of applications.

First, note that the V/Hz characteristic used in control is not linear over the entire 
frequency range (Figure 4.9). At low frequencies, the magnitude of the reference volt-
age is small and the voltage drop on the resistive component of the stator is larger 
than the inductive voltage component. The reference magnitude, therefore, actually 
increases within the controller, accounting for the resistive voltage drop while the 
machine flux remains constant. Moreover, at high frequencies, the characteristic is 
limited in order to keep a constant voltage. This ensures control with a field weakening.

From the control and implementation of control perspectives, V/Hz control con-
siders phase voltage generation in phase measures, with variations on a time scale 
referring more to the shape over the fundamental period. In contrast, modern vector 
control or field-orientation control assumes a high-frequency sample-and-hold of the 
drive system and a control independent of phase measures. Within a vector control 

Zero-sequence
signal

φ

FIGURE 4.8  Generalized PWM generator.
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FIGURE 4.9  Real V/Hz characteristics.
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system, the digital PWM generation does not use the desired shape of the phase 
voltage over a cycle, but the calculation of the instantaneous changes of these volt-
ages (or currents) only. Volt per hertz control changes magnitude and phase while 
the vector-control method changes current references at a fixed sampling interval. 
Understanding this big difference emphasizes the advantage of using carrier based 
PWM in V/Hz control methods [4–6,12,16].

It has been shown that for very large ratios between the carrier frequency and the 
frequency of the reference waveform, these two waveforms do not need to be syn-
chronized to each other. However, for low-frequency ratios, waveform synchroniza-
tion becomes mandatory and the frequency ratios may take particular values only 
(multiple of six).

4.3.1 � Operation in the Low-Frequencies Range 
(Below Nominal Frequency)

In a motor drive application, the fundamental frequency varies over a wide range. 
On the other hand, the switching frequency must be contained due to power loss and 
thermal considerations. It is very difficult to satisfy both constraints using a single 
pattern of the PWM generator over the whole frequency range. The frequency ratio is 
generally selected to take different values on different fundamental frequency inter-
vals, on the basis of the limits of the switching frequency or optimization of the HCF 
factor [4–6,12,16]. If we extend this method for power supplies that generate voltages 
with variable frequency and magnitude, we can optimize the number of pulses on 
the basis of filter requirements optimization. Let us analyze each method separately.

•	 Limit of the switching frequency: A possible solution is shown in Figure 
4.10. For each frequency interval there is a linear relationship between the 
fundamental frequency of the reference and the carrier frequency ( fsw). 
The slope of the characteristics equals the frequency ratio. To avoid sys-
tem oscillations, transition between operation modes is ensured with a hys-
teresis. The solution shown in Figure 4.10 changes operation modes when 
frequency doubles, but similar controls can be defined for ratio values in 
a series like 24 → 36 → 48 → 60 → 72 or 18 → 36 → 72 → 144 → 288. 
Many industrial solutions go up to a frequency ratio of six for the last 
interval, ending up with a six-step not-modulated operation. The solution 

fsw

f(1)

244896192
fswmax

fswmin

0
6030157.5

FIGURE 4.10  Use of different number of pulses on different intervals.
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in which intervals are selected at double frequency is generally preferred 
because that reduces the number of transitions between operation modes 
and is simple to implement (see Chapter 8).

•	 Optimization of the HCF factor: HCF has been calculated for different fre-
quency ratio methods and results are shown in Figure 4.11. If the application 
requires limiting this coefficient to below a given level, we can optimize the 
number of switching processes while still satisfying the harmonic require-
ment by selecting different frequency ratios for different frequency varia-
tion intervals (Figure 4.11) (see Chapter 3, Ref. 20). For instance, when a 
minimum value of 4% is considered, the maximum switching frequency is 
about 1.5 kHz. A limit to the frequency ratio must be assumed in the very 
low-speed range in order to simplify the digital implementation. Therefore, 
the HCF constraints will be relaxed for frequencies less than a few hertz. 
The proposed dependence of the sampling frequency fsw on the fundamen-
tal frequency f1 is presented in Figure 4.12 (see Chapter 3, Ref. 20).
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FIGURE 4.11  HCF for PWM with different number of pulses.

f1 (Hz)

fsw (Hz)

604218

1.50

1.20

1.00
0.86
0.65

48

36 24

FIGURE 4.12  Sampling frequency versus output frequency.

 



106 Switching Power Converters

•	 Filter requirements optimization for power supply applications: High-power 
power supplies operate at a constant frequency and with variable-voltage 
and are required to provide a low output impedance and less than 5% THD 
voltage content at load terminals. Their harmonic performance analyses 
have been considered in Section 3.5 and computer analysis results for DF in 
frequency ratios that equal 24, 36, 48, 72, and 96 have been shown in Figure 
3.19. The proper frequency ratio can be selected from these results in order 
to keep DF below a certain value for any modulation index.

4.3.2 H igh Frequencies (>60 Hz)

In high frequencies that range from (60–120 Hz), a unique PWM pattern with a low 
number of pulses must be used independent of frequency and with a constant modu-
lation index. This is generally optimized to reduce harmonics with lowest orders:

•	 Elimination of selective harmonics, such as the 5th or the 5th and 7th and 
so on, in the output phase voltage (Section 3.6).

•	 Global reduction of several low harmonics; for instance, minimization of 
the V5

2 + V7
2.

4.4 � IMPLEMENTATION OF HARMONIC REDUCTION 
WITH CARRIER PWM

Chapter 3 has provided solutions for specific harmonic elimination within three-phase 
inverters. Their implementation requires extensive off-line calculation and storage in 
memory look-up tables. This solution is not very advantageous for the control engineer. 
In contrast, this chapter has shown that carrier-based PWM is easily understood and 
implemented in modern microcontrollers without off-line calculation. Chapter 7 will 
further detail different implementation strategies within modern controllers. Some of 
these devices already have special peripherals for natural-sampled or regular-sampled 
carrier-based PWM. In the early 1990s, researchers considered these digital hardware 
platforms for implementation of harmonic elimination strategies [17].

Let us reconsider Figure 3.26 in Figure 4.13. Solutions for harmonic elimina-
tion for the line-to-line voltage (VLL) can be achieved below a modulation index 
of 0.866. The operation outside 0.866 can be artificially achieved by extending the 
angular solutions, as shown in Figure 4.13. As a coincidence, this also represents the 
maximum modulation index for a space vector modulation algorithm. Moreover, the 
dependency of the switching angles on the modulation index is linear up to approxi-
mately 0.69 and nonlinear between 0.69 and 0.866. Figure 4.13 also shows that odd 
switching angles have a negative slope whereas the even switching angles have posi-
tive slopes. All these characteristics start and end at points with a separation of 

	
ω π

Ts
N

= +
2

3 1( ) 	
(4.3)

where N is the number of switchings within a 60° interval (3 in our example).
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Let us consider a regular-sampled PWM with this sampling interval (Ts). During 
each sampling period, control of the trailing and leading edges are supposed to be 
achieved separately according to the regular-sampled PWM approach. For each of 
these controls, sinusoidal reference waveforms are considered, as shown in Figure 
4.14 and the switching angles are given by Equation 4.4 in absolute values from the 
beginning of the whole cycle.
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FIGURE 4.13  Switching angles for harmonic cancelation in VLL of a three-phase inverter.
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The sinusoidal term is required for a microcontroller implementation of Equation 
4.4, since the first term is already incrementally generated within the natural PWM 
algorithm. The magnitude of the reference sinusoidal waveform represents the mod-
ulation index (m) and it follows closely the desired amount of voltage on the load with 
an error less than 3.5%. The phase of these sinusoidal references can be determined 
with curve fitting at each sampling moment or with an approximate solution. The 
approximate solution uses:
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The resulting errors of this approximation are less than 0.25° at any operation 
point, leading to “cancelled” harmonics less than 2% [17].

For modulation indices between 0.69 and 0.866, the switching angle dependency 
on the modulation index is nonlinear, and the implementation on a regular-sampled 
PWM can be achieved by a nonlinear variation of the position of the sampling 
instants. The sampling period becomes smaller and smaller when the modulation 
index increases and all the sampling intervals are crowded toward 0°. Finally, all 
sampling moments coincide at 0° for the maximum modulation index, and square-
wave operation is achieved.

4.5  LIMITS OF OPERATION: MINIMUM PULSE WIDTH

The circuit presented in Figure 3.2 is ideal and differences in operation will occur 
when switches are implemented with real semiconductor devices. Figure 3.2 also 
showed how current always commutes between a switch and a diode on the same leg. 
The PWM method can sometimes lead to short widths of the pulses to be applied on 
the load [18,19].

Transients in a real semiconductor device delay and narrow the shape of the volt-
age pulses achieved on the load. In extreme cases, the load does not see any clear 
voltage pulses while the power semiconductor devices are still switching. In other 
words, losses remain but the expected harmonic improvement on the load is not real-
ized. Waveforms pertaining to such a case are shown in Figure 4.15.

In order to avoid the commutation at the power stage of short pulses, the most 
common methods employed are

•	 Pulse deletion: pulses are deleted from the PWM waveform if narrower 
than a certain amount and intervals with no switchings on the power con-
verter occur. Waveforms resulting from this method are shown in Figures 
4.16 and 4.17. One can see that the resulting load current has an increased 
content in fundamental and larger harmonics.
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•	 Pulse limitation: pulses are limited to a predefined value if narrower than 
a certain amount and switches are transitioning at fixed pulse widths for 
some time. Waveforms resulting from this method are shown in Figures 
4.18 and 4.19. The loss in fundamental is noticeable; the worsened content 
in harmonics is also noticeable.
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The pulse dropping region occurs at an especially high modulation index and the 
dependence of the fundamental component of the phase voltage on the modulation 
index is shown in Figure 4.20. Loss or gain of characteristics is more obvious at the 
high modulation index where generally high currents are also present.

The pulse-dropping region poses important problems for the control engineer. 
The system becomes nonlinear and controllability is lost during the intervals when 
pulses are limited or deleted. This ultimately leads to instabilities.

Many researchers have tried to find solutions to compensate for the pulse drop-
ping effect or to avoid operation with narrow pulses. Compensation of the pulse 
dropping effect can extend linearity of the inverter transfer characteristics in high-
modulation indices range.
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Figure 4.21 shows how the real reference voltage signal is saturated at a level 
equal to 1 – δ, where δ is the accepted minimum pulse normalized. This normaliza-
tion is made to the maximum available modulation index, which is 0.785 (or π/4).

To calculate its component on the fundamental frequency, we have to use the 
Fourier coefficient relationship:
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Let us denote mx as the magnitude of the voltage reference before saturation 
(larger than 1 for the considered normalization). The relationship between the modu-
lation index and mx is given by

	
m

m m
x = =

0 785
4

. π 	
(4.7)

Reference
voltage

1.0

1.0

1.0

1.0

Reference 
voltage

Compensated
reference voltage

(4.9)

1.0-δ

1.0-δ

1-δ

0.0

0.0

sin–1 1

mx

1
1 1

2mx mx

mx VDC

Time (s)

m

Time (s)

If m > 1 − δ: 

Output 
voltage

Vout 
1

π

FIGURE 4.21  Compensation of the control (reference) voltage in order to achieve the 
desired linear dependence on the fundamental component.

 



113Carrier-Based Pulse Width Modulation and Operation Limits

The component on the fundamental frequency after saturation is calculated as
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Several methods have proven useful:

•	 Increase of the voltage reference in inverse proportion with the falling 
transfer characteristic [11] with drawbacks on the dynamic range (Figure 
4.21). Observing the limitation of the real reference voltage due to limita-
tion of the pulse width provides a mathematical relationship between the 
modulation index and the real output voltage. A memory look-up table of 
the inverse relationship helps to compensate for the truncation of the trans-
fer characteristics in order to get the desired fundamental component on 
the load.

•	 Adding a square-wave to the modulating voltage command [11] with draw-
backs on the harmonic content of the phase currents, inverter, and machine 
losses (Figure 4.22). The magnitude of the square-wave (x) is calculated 
based on the magnitude of desired waveform (V) so that, after saturation 
at “1,” the same level of the component at the fundamental frequency can 
be kept.

•	 Other reshaping of the modulating commands with increased computa-
tional effort (Figure 4.23).

All these methods based on reshaping the reference voltage are not very suit-
able for motor drive applications due to the intensive computation required in real 
time. At each operating point, we would need to correct the reference waveform for 
linearity.

A completely different method consists of using staircase PWM or another PWM 
method that does not produce narrow pulses. The idea is to use a reference voltage 
with changes in the low frequency and sampled by the PWM generator at high fre-
quency (Figure 4.24).

Using this method results in loss of resolution in defining the pulse width based 
on the sinusoidal reference waveform. This has effects on the harmonic content of 
the load voltage. Figure 4.25 shows what we gain by using this method while limiting 
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pulses to a minimum pulse width and what we lose by using this staircase reference 
instead of a sinusoidal reference.

4.5.1 A voiding Pulse Dropping by Harmonic Injection [18]

The last solution reviewed in this chapter refers to a harmonic injection able to avoid 
small pulse widths. It has already been shown that the presence of the third harmonic 
in the switching function or pole voltage does not show up in the phase voltage. 
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1.0-δ
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Compensated reference
voltage

Compensated 
reference voltage

PWM saturation

Square-
wave generator

Time (s)

(a) Waveforms

(b) Controller

v* 1-x 1

x

x

FIGURE 4.22  Reshaping the control (reference) voltage by adding square-wave functions: 
(a) waveforms; (b) controller.
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FIGURE 4.23  Reshaping the control (reference) voltage by adding square-wave functions.
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Since many years, this has been used to increase the linear transfer range of a three-
phase inverter. It was originally required because only a low switching frequency 
was available from power semiconductor devices.

The same idea can be used along with high-frequency power semiconductor 
devices to avoid pulse dropping. This will modify the modulation waveform so that 
the pulse width is kept inside a desired bandwidth, as shown in Figure 4.26.
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FIGURE 4.24  Principle of generating staircase PWM.
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The pulse widths in the presence of the third harmonic are calculated with
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where θ is the angular coordinate. This is known from the methods using the third 
harmonic to increase the modulation range. These equations are easily implemented 
in a digital controller with center-aligned PWM generator. Examples of implementa-
tion will be shown in Chapter 9.

Considering that the only goal of this third harmonic injection consists of limit-
ing the pulse width to avoid pulse deletion, the amount of the third harmonic can be 
calculated from the constraint of the minimum pulse.

The extreme points of any of PWMA, PWMB, or PWMC are given by

	

∂
∂θ

PWMA = 0
	

(4.12)

The following solutions yield cos ( ) sin ( ) [ ]θ θ= − = +9 1 12 3 1 12 15k k k k/ and /  
for θ < 90°, and PWMA hits its maximum at this point.

Generally, we have min PW < PWMA < max PW (Figure 4.26). For specific 
operating switching frequency (pulse period) and minimum pulse width, the maxi-
mum accepted pulse width will result automatically. Let us denote:
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FIGURE 4.26  Limit the pulse width by third harmonic injection.
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Replacing the solutions sin θ and cos θ in the definition of PWMA (Equation 4.9) 
yields the following [15]:
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This polynomial equation has three solutions for each set of numerical values for 
the period of the PWM cycle, the desired minimum pulse width, and the modulation 
index. The smaller solution in absolute value is preferred in order not to increase the 
inverter ratings.

Let us take an example for a switching frequency of 12 kHz (83.3 µs), a modula-
tion index of 1.0, and different constraints for the minimum pulse width. Table 4.1 
[18] presents solutions for Equation 4.18 in each case. It can be verified that the sum 
of all solutions equals –1.

For modulation indices less than unity and identical constraints, the amount of 
the injected third harmonic is smaller. At low-modulation index, there is no need for 
harmonic injection. For instance, the dependence of k on the modulation index for a 
desired minimum pulse of 5 ms is presented in Figure 4.27.

This kind of dependency can be stored in a look-up table. The third harmonic 
needs to be injected in all three reference voltages and this can seem difficult in 
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a vector-controlled converter where the (x,y) coordinates are available, but not the 
phase references. Moreover, the phase of the injected third harmonic can be difficult 
to estimate even from the phase references. However, the third harmonic can be cal-
culated from the (x,y) coordinates with
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TABLE 4.1
Solutions of Polynomial Equation

Min PW [μs] xpu Solution K3 Solution K1 Solution K2

0 1.0000 –1.4705 0.4089 0.0616

0.5 0.9939 –1.4580 0.3935 0.0646

1.0 0.9879 –1.4458 0.3780 0.0678

1.5 0.9819 –1.4335 0.3622 0.0713

2.0 0.9759 –1.4212 0.3459 0.0753

2.5 0.9699 –1.4089 0.3291 0.0799

3.0 0.9639 –1.3967 0.3115 0.0851

3.5 0.9579 –1.3844 0.2931 0.0913

4.0 0.9519 –1.3721 0.2733 0.0988

4.5 0.9459 –1.3598 0.2215 0.1083

5.0 0.9399 –1.3475 0.2257 0.1218

5.5 0.9339 –1.3352 0.1861 0.1491

Source:	 From Neacsu, D.O., Rajashekara, K., and Gunawan, F. Linear Control of PWM Inverter by 
Avoiding the Pulse Dropping, IEEE Workshop on Power Electronics in Transportation, Detroit, 
MI, USA, October 24–25, pp. 31–38. © (2002) With permission of IEEE.
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FIGURE 4.27  Optimal k-value for the considered example.
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This term should be added to each phase reference before using the center-aligned 
PWM generator hardware.

Using this approach within a motor drive helps to improve the phase current 
waveforms and removes the undesired distortion produced by the pulse width limi-
tation algorithm. Comparative results are shown in Figure 4.28.
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FIGURE 4.28  Vector control operation waveforms outlining the improved current wave-
form with the new algorithm. (a) The new algorithm for ids = 25 A, iqs = 80 A, m = 0.84; (b) 
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4.6  LIMITS OF OPERATION

4.6.1 D eadtime

The previous analysis of inverter operation considered ideal switchings within the 
inverter legs. However, Chapter 2 showed the ON/OFF transients of different semi-
conductor power devices. Any change of state requires a finite interval of time that 
should be considered in the design of the control circuitry.

For instance, if the command for turning on the low-side IGBT comes quickly 
after the command for turn-off of the high-side IGBT, a short circuit occurs through 
both devices. To avoid this, a delay is introduced in the control of the turning-on 
device after the other device is turned-off. This provides enough time for the turn-
off process to finish. During this deadtime interval, both switches are assumed OFF 
[20–27] (Figure 4.29).

When IGBTs are used and not MOSFETs, this delay needs to be longer due to 
the tail of the collector current. This tail is produced by the charges stored in the 
p–n junction of the bipolar transistor. As the MOSFET channel stops conducting, 
electron current ceases, and the IGBT current drops rapidly to the level of the recom-
bination current at the inception of the tail. Different modern IGBTs are optimized 
to reduce this tail current by speeding-up the recombination time with different life-
time-killing techniques. As they reduce the gain of the bipolar transistor, these tech-
niques also increase the voltage drop and turn-on losses. Accordingly, there are some 
limits or constraints to speeding up the turn-off process. The tail current interval 
cannot also be improved through the gate control. Finally, transient characteristics 
are worse at higher temperature.

Introducing this delay in the switching sequence modifies the width of the pulses 
applied on the load and their average value. Accordingly, the waveform of the load 
current and its harmonic spectrum are also altered.

Keeping these in mind, a proper definition of the deadtime interval is mandatory. 
If the deadtime interval is too short, the possible short circuit can absorb a large cur-
rent and the heat produced may damage the power semiconductor. If the deadtime 

High-side
switch

Low-side
switch

Deadtime
intervals

FIGURE 4.29  Deadtime.
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is too long, the pulse shapes are more compromised and the current waveform more 
altered.

A good practical method of estimating the length of the deadtime interval is to 
measure the DC current at the inverter input when no load is connected. Then, the 
only possible current would result from short circuits due to cross-conduction. This 
experiment can be carried out in several steps:

•	 Use a very large deadtime interval and start switching on one inverter leg. 
A small pulse of current will be seen on the DC-side, due to the dv/dt of the 
pole voltage through the Miller capacitance when switching occurs. This 
can account for about 5% of the power semiconductor rated current.

•	 Use a small deadtime interval. A larger current will be noticed on the DC 
side. It will depend on the length of the tail current remaining active when 
the other switch tries to turn on.

•	 Increase deadtime interval from this small value and observe the different 
shape and value of the pulse current through the DC side wires. The value 
of the deadtime interval is best selected when this current approaches the 
initial value.

These tests are more useful when done at high temperature. Usually, deadtime is 
generated with a delayed turn-on event, as shown in Figure 4.30.

After the deadtime interval value has been properly selected, it becomes impor-
tant to understand how much performance is lost due to the delay in the switching 
intervals. As both switches on the same leg are supposed to be turned-off during 
the deadtime interval, the load current temporarily turns-on the antiparallel diode 
that maintains the current circulation. If the load current is positive (it circulates 
from power converter to the load), the low-side diode will turn on after the high-
side switch is turned off (Figure 4.31). This determines the loss in the load voltage 
as compared to the ideal switching pattern. The pole voltage error during the pulse 
depends on the width of the deadtime and DC bus voltage.
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deadtime

Ideal = PWM
generator

Real = after
deadtime

FIGURE 4.30  Practical generation of deadtime by delaying the turn-on of each power 
device.
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In contrast, if the load current is negative (it circulates from load to the power con-
verter), the load voltage gains something on its positive side (Figure 4.32). The amount 
of voltage error again depends on the width of the deadtime and the DC bus voltage.

On both positive and negative load currents, the amount of voltage error is con-
stant throughout the modulation cycle and does not depend on the desired width of 
the pulses. The error voltage is shown in Figure 4.33. It is important to note that the 
amount of error voltage does not depend on the magnitude of the reference voltage 
(modulation index). The voltage error is larger at low modulation indices, such as in 
the case of V/Hz drives operated at low speeds.

This analysis assumes identical transients of the power switches at all moments 
during the cycle. This approximation is not exact as it has been proven that the tran-
sient slopes and delays of the power devices depend on the level of the current to 
be switched and the voltage on the DC bus. Voltage error is best analyzed by direct 
measurement of the load voltage.
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FIGURE 4.31  Effect of positive load current during deadtime.
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FIGURE 4.32  Effect of negative load current during deadtime.
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Applying voltage waveforms distorted by deadtime to a three-phase load would 
produce distortion of the current at each 60°. Each phase current will tend to be dis-
torted twice during the modulation cycle and the effect of this distortion on the load 
current will obviously pass through the other two phases when the power converter 
from Figure 3.11a is considered.

This analysis outlines the following major drawbacks produced by deadtime:

•	 There is a clear difference between the voltage reference and the actual 
voltage applied on the load.

•	 Inverter output current has a 6th harmonic component that can be seen on 
the phase, the (d, q) components of the current, or on the torque ripple.

Several methods have been proposed for deadtime compensation:

•	 Voltage compensator based on hardware circuitry: A circuit is built to mea-
sure the actual load voltage and to compare it with the desired reference 
based on the current sign. The difference is always applied to the next pulse. 
There is an intrinsic phase shift in the applied voltage and this is the main 
problem of this method.

•	 Voltage feedback through a proportional-integral (PI) compensator: A real 
PI controller is built up from the error between the measured and reference 
voltages. The result is used as a compensation voltage added to the actual 
reference signal. This method is not suitable for fast switching converters, 
but for converters based on slow devices such as gate turn-off thyristors 
(Figure 4.34).
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FIGURE 4.33  Voltage error is based on load current sign and load power factor (phase 
shift).
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•	 Pulse-based deadtime compensator: This method adjusts each pulse width 
on the basis of the previous pulse voltage by using symmetry of the output 
waveform. It is not very sensitive to fast load current changes.

•	 Current feedback compensator: This method adds or subtracts an amount 
from the desired pulse width based on the sign of the current. It works on 
open-loop and the goal is to approximate the deadtime effect for quasi-
identical transient events. An improvement of this method is to modify the 
corrective amount added to the reference voltage depending on the current 
level. The same amount of pulse width is added for larger currents, but 
small currents imply a reduction of the corrective voltage.

The current feedback compensator method is the simplest to be implemented in a 
PWM converter working with a switching frequency of 8–20 kHz and controlled from 
a digital signal processor or microcontroller device. Compensation is achieved at each 
sampling interval with sign detection for each phase current and algebraic addition of 
a constant in the voltage reference waveform. This three-phase power converter is used 
for a motor drive application and results can be noticed at any motor speeds.

4.6.2 Z ero Current Clamping

Another distortion of the output current in a real three-phase power converter refers to 
the zero current clamping (Figure 4.35). It is already known that a power semiconductor 

Output current

Corrective voltage

0

FIGURE 4.34  Modified corrective voltage for deadtime compensation.
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FIGURE 4.35  Zero current clamping.
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device cannot conduct very small load currents. When current is near zero, the power 
device remains on the OFF state and the load current is “clamped” at zero. This state 
lasts for a time interval that depends on the power device used within the three-phase 
converter, the amount of inductive components on the circuit, the operating frequency, 
and the magnitude of the current. For a given power semiconductor device and circuit, 
the slope of the current at zero crossing defines the length of the zero current clamp-
ing interval. Assuming a quasi-sinusoidal waveform for the current, this slope (di/dt) 
depends on the current magnitude and the frequency (di/dt = 2 * π * f * I) (Figure 
4.36). This figure does not include the effect of dead-time. The presence of a large 
deadtime increases the width of the zero-current clamping interval.

4.6.3  Overmodulation

Carrier-based modulation provides a linear characteristic up to the modulation index 
of 0.785. Deadtime and minimum pulse width constraints reduce further the lin-
ear region, as has been shown earlier. The interval between the maximum obtain-
able modulation index and the six-step operation is called overmodulation [28–32]. 
Inverter operation during this interval is characterized by nonlinearity and instabili-
ties of the feedback controllers. This and other problems led engineers to design spe-
cial PWM algorithms able to provide full inverter voltage utilization and linearity up 
to the six-step operation.
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FIGURE 4.36  Zero-current clamping dependence on current frequency and magnitude.
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Analysis of the saturation of any of the voltage references presented earlier is 
made with the same mathematics. An inverter voltage gain is defined and its depen-
dence on the desired modulation index is shown in Figure 4.37. Another form for the 
same results is presented in Figure 4.38 and it can be considered as a zoom on the 
final part of the transfer characteristic between the control (desired) reference and 
the real modulation index calculated with respect to a six-step operation.

These PWM algorithms need very large reference signals in order to operate in 
the overmodulation range. For instance, conventional sinusoidal PWM requires a 
magnitude more than four times that of the sinusoidal reference to operate at six-
step. The quickest variation is achieved for the discontinuous modulation: six-step 
operation is achieved for a modulator magnitude of 1.81.

4.6.3.1  Voltage Gain Linearization
The simplest solution to achieving six-step operation is to increase the magnitude 
of the reference voltage [33]. Another solution can be defined analogously with the 
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minimum pulse compensation methods by adding square-waves to the reference. 
Both solutions require extensive off-line calculation and storage in a look-up table.

Compared with the uniform-sampled PWM implementation, the sine-triangle 
intersection method provides simpler overmodulation algorithms. Digital implemen-
tation of the uniform-sampled PWM method requires software preparation of the 
overmodulation operation based on calculation of the function to be added to the 
reference.

Even if overmodulation can be carried out with one of these methods, the perfor-
mance is strongly affected during overmodulation operation and it is recommended 
only for dynamic or transient operation. Among the methods studied, discontinuous 
PWM provides better performance and less influence on the deadtime and minimum 
pulse. Finally, vectorial analysis of PWM algorithms and definition of space vector 
PWM allows easier definition of the overmodulation algorithm.

4.7  CONCLUSION

Chapter 3 has presented a simple method for generation of PWM signals based on the 
intersection between a sinusoidal and a triangular waveform. Problems associated 
with implementation and use of this principle in a three-phase inverter are detailed 
in this chapter. Inverter operation is unfortunately affected by minimum pulse width, 
deadtime selection, and maximum available voltage. Solutions for compensation for 
each of these effects have been shown and improvements also presented.

PROBLEMS

	 P4.1	 The conventional PWM method produces switchings of the inverter’s 
IGBTs at intersection of a sinusoidal waveform and a high-frequency 
triangular signal. The intersection moments are not easy to be expressed 
mathematically. How are they influencing the harmonic content of the 
output phase voltage?

	 P4.2	 Use a computer program with graphical features and draw the depen-
dence of Equation 4.8 or 4.9 for large modulation indices. Consider 
δ = 0.10.

	 P4.3	 For the same numerical example, calculate the magnitude of the com-
pensation square-wave of Figure 4.22.

	 P4.4	 How should the Staircase PWM be synchronized with the fundamental 
in order to obtain the most favorable value of the minimum pulse width?

	 P4.5	 Remake all calculus shown by Equations 4.15 through 4.19 for a PWM 
with 20 kHz and a minimum pulse of 3 µs. How much is the resulting 
third harmonics at a modulation index of 1.00? Use a computer program 
and draw the appropriate dependence on modulation index.

	 P4.6	 Equation 4.8 has been determined for sinusoidal modulation when the 
magnitude of the sinusoidal reference is exceeding 1.00 (or a modulation 
index of 0.785). Determine a similar relationship for the component on 
the fundamental frequency after saturation when a third harmonic injec-
tion is considered with a magnitude of 0.25 of fundamental.
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	 P4.7	 Consider a high power three-phase IGBT inverter operated at 10 kHz 
with a fixed deadtime of 4 µs and a fixed modulation index of 0.5 (modu-
lation index is defined in respect with the six-step operation). Neglect 
the actual transients of voltage and currents at IGBT switchings and cal-
culate the RMS value of the error in the phase voltages. Represent this 
voltage as percentage of the actual load phase voltage.

	 P4.8	 Consider a sinusoidal function with a magnitude of 2.00 but limited on 
both positive and negative segments at 1.00. Calculate the RMS value of 
the fundamental of the waveform thus obtained. If the sinusoidal wave-
form magnitude equal to 1.00 corresponds to a modulation index of 0.78, 
what value of the modulation index corresponds to the new waveform?
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Vectorial PWM for Basic 
Three-Phase Inverters

Previous chapters have explained the need for pulse width modulation (PWM), 
control of three-phase converters and presented some conventional methods that 
generate PWM on each phase independently. Some limitations in their practical 
implementation have stimulated efforts to find other principles to generate PWM 
controls. The most remarkable is the analysis of the three-phase inverter in the com-
plex plane by the Vector Space theory. Understanding the mathematical representa-
tion of the inverter operation in the complex plane provided a tool for the generation 
of a new PWM algorithm called space vector modulation (SVM). (Note the differ-
ence between a vector space, which means a space of vectors, and a space vector, 
which means a vector with a spatial displacement.)

SVM has become a standard for medium- and high-power switching convert-
ers in both industry and university. The last 20 years have provided a large volume 
of publications that fully define SVM theory. Implementation on different digital 
platforms has been considered and some dedicated integrated circuits have already 
been developed on the basis of this principle. The SVM theory initially developed 
for three-phase voltage-source inverters has been extended with new applications to 
other three-phase topologies. Such methods will be presented in later chapters.

5.1  REVIEW OF SPACE VECTOR THEORY

5.1.1  History and Evolution of the Concept

The first vectorial representation of three-phase systems was introduced by Park 
[1], Kron [2], and Stanley [3]. They showed the separation of effects on two axes at 
the operation of a three-phase electrical drive. First, Park [4] replaced the variables 
associated to the stator windings with variables of fictitious windings rotating with 
the rotor. This work can be considered the base for the well-known theory of vector 
control or field-orientation control for induction and synchronous drives. In the late 
1930s, Stanley [3] used the same idea for induction machine drives but he replaced 
the rotor variables to a frame fixed on the stator. During the 1960s, the advent of 
thyristors led to the systematic use of the space vector theory to analyze and control 
three-phase electrical drives. Kovacs and Racz [4] provided mathematical treatment 
along with a physical description and understanding of machine drive transients even 
in the cases in which machines were fed through electronic converters.

Space vector-derived methods were widely used by the industry in the early 
1970s and numerous books have presented this theory. Stepina [5] and Serrano-
Iribarnegaray [6] suggested the use of the space phasor to analyze electrical machines. 

5
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The space phasor concept is now used mainly for current and flux measures when 
analyzing electrical machines.

It was again the semiconductor technology that pushed for more consideration 
of the vectorial analysis theory in the early 1980s. Development and intensive use 
of the first microprocessors in industry opened new research areas to find the most 
appropriate implementation algorithms for conventional issues of PWM genera-
tion, current control, or field-orientation-based control of electrical drives. Murai 
and Tsunehiro [7] reported in 1983 an improved PWM method derived from vecto-
rial analysis of the operation of a three-phase inverter. A few years later, different 
researchers [8–11], considering all three phases in a unique vector, developed the 
SVM theory further to control the inverter in open loop and, later, in closed loop. 
The new method provided great advantages in digital implementation with the newly 
arrived microcontrollers.

5.1.2 T heory: Vectorial Transforms and Advantages

A three-phase system defined by ux(t), uy(t), and uz(t) can be represented uniquely by 
a rotating vector uS in the complex plane:

	
u u t a u t a u tS X Y Z= ⋅ + ⋅ + ⋅ 

2
3

2( ) ( ) ( )
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All vectors in the complex plane form a space of vectors [12]. The mathematical 

theory of vector spaces is next employed to provide an instrument for analysis.
A base within a vector space consists of a system of vectors b (b1,b2,b3) that is a 

unique representation of any member V of that vector space as a linear combination 
of vectors from b. For instance,

	

�
V b v b v b vj= ⋅ + ⋅ + ⋅1 2 3 0( ) ( ) ( )ω ω ωj d q j 	

(5.2)

or

	

�
V b v b v= ⋅ + ⋅1 2( ) ( )ω ωj d j q 	

(5.3)

where vd, vq, and v0 are also called coordinates. If the vector space has a finite dimen-
sion, then all possible bases have the same number of elements. The dimension of a 
vector space refers to the number of vectors within any base. When applied to three-
phase power systems or power converters, the dimension of the vector space is three, 
which means that any base has three elements. A base is ortho-normalized if all its 
vectors are unitary and any two different vectors are orthogonal. The mathematical 
theory of vector spaces also provides tools for making transformations between 
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different bases of the same vector space. These transformations are unique and 
reversible and can have linear or rotational effects on the vectors.

All the previously reported papers in the three-phase power electronics indirectly 
consider the orthogonal base vectors as

	
b t t t1

3
2

2
3

4
3

( ) cos cos cosω ω ω π ω π
i

T
i i i[ ] = ⋅ −





−















	
(5.4)

	
b t t t2

3
2

2
3

4
3

( ) sin sin sinω ω ω π ω π
i

T
i ii[ ] = −





−















	
(5.5)

	
b3

3
2

1 1 1( )ωi
T[ ] = ⋅ [ ]

	
(5.6)

The selection of this set of vectors is not unique. Coefficients and functions within 
each term may have other forms depending on where they are to be applied.

In our case, in a three-phase system, we would like to take advantage of sin and cos 
functions because we know that our phase voltages have this type of variation and 
we hope to separate DC quantities (constant numbers) as coordinates of Equation 
5.2. The discontinuous PWM algorithms presented in Chapter 3 can enlarge the field 
of application of this theory. The ON-time variation is represented by the discon-
tinuous function, depending on the phase coordinates and the conventional outputs 
of the vector control algorithm. Selecting base vectors characterized by that type 
of variation would provide a mathematical instrument for directly transforming the 
quasi-DC quantities of the vector control algorithm into an ON-time variation func-
tion that can be used to control the PWM generator.

Another example can refer to the selection of the coefficients in [2]. Engineers 
analyzing power systems take advantage of this property by defining base vectors 
and transform coefficients from either power conservation or magnitude conserva-
tion constraints. Thus, the coefficient (3/2) from Equations 5.4 and 5.5 is calculated 
to preserve the magnitude of the vector in the complex plane, but some engineers use 
a coefficient of sqrt(3/2) to preserve power through the transform.

Basically, this theory says that we can decompose any vector in the complex plane 
in a form shown by Equation 5.2 where the base vectors may have a form as in 
Equations 5.4 through 5.6. The coordinate vd of Equation 5.2 is the result of that 
part of the first phase voltage that follows cos(ωit) added to that part of the second 
phase that follows cos(ωit− 2π/3) and to that part of the third phase that follows 
cos(ωit− 4π/3).

Similarly, the coordinate vq of Equation 5.2 is the result of that part of the first 
phase voltage that follows sin(ωit) added to that part of the second phase that follows 
sin(ωit − 2π/3) and to that part of the third phase that follows sin(ωit − 4π/3).
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Finally, the quasi-DC components in all the phases are added in v0. Replacing 
Equations 5.4 through 5.6 in 5.2 yields a relationship between coordinates in differ-
ent bases:
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This is the core idea of a vector transformation from coordinates ux(t), uy(t), uz(t) 
to coordinates ud(t), uq(t), u0(t) or vice versa. This operation of transforming a three-
phase system in a unique vector followed up by the transformation of the orthogonal 
vector coordinates in quasi-DC coordinates (d,q,0) is known as Park/Clarke trans-
forms for three phase systems.

5.1.2.1  Clarke Transform
First let us transform the phase measures into orthogonal coordinates with a third homo-
polar (or zero sequence) coordinate. Any vector in the complex plane can be decom-
posed in two orthogonal coordinates (Uα, Uβ, U0) and a homopolar coordinate U0.
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where (Uα, Uβ) are forming an orthogonal two-phase system and u U j US = + ⋅α β . 
If the system of phase voltages is symmetrical, the homopolar term equals zero and it 
can miss within the previous transform. Moreover, this transform is unique as shown 
in Figure 5.1.
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5.1.2.2  Park Transform
This transform is not directly necessary for the presentation of space vector modula-
tion algorithm, but is very used by electrical engineers in vector control of power 
converters. The two coordinates (α, β) are next transformed through a vector rota-
tion with the rotational frequency identical to the electrical frequency.
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Frequently, these two transforms are used in a single transform stage that coin-
cides with the vector space theory introduced in the beginning (5.7):
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Each of these transforms has an inverse that allows transformation to the phase 
measures from the orthogonal coordinates. The general inverse transform is given by
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where u t u t u t u t0 1 3( ) ( ) [ ( ) ( ) ( )]= ⋅ + +/ X Y Z  represents the homopolar component. 
Particular forms are also available for Park and Clarke inverse transforms.
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FIGURE 5.1  Derivation of a vector equivalent to a three-phase system.
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5.1.3 A pplication to Three-Phase Control Systems

This mathematical representation of three-phase measures treats the analysis of the 
three-phase system as a whole, instead of considering equations for each phase indi-
vidually. Many control methods for three-phase systems have been derived from this 
mathematical approach.

Electrical drives (induction machine or synchronous machine drives) are con-
trolled by the so-called field-orientation principle (Figure 5.2a). The three-phase grid 
interfaces or AC/DC converters (Figure 5.2b) are nowadays seen as active filtering 
systems controlled by the instantaneous power components (p–q) theory. All these 
systems use PWM algorithms in the final control stage.
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FIGURE 5.2  Examples of application of vectorial representation in control.
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5.2  VECTORIAL ANALYSIS OF THE THREE-PHASE INVERTER

5.2.1 �M athematical Derivation of Current Space Vector Trajectory in 
Complex Planes for Six-Step Operation (with Resistive and Resistive-
Inductive Loads)

The three-phase inverter presented in Figure 5.3 is built of six insulated gate bipo-
lar transistors (IGBTs), but it can be made with any other power-switching device, 
depending on the voltage and current ratings.

Figure 5.4 presents the appropriate output voltages without PWM. This is the 
so-called six-step operation and it is also the simplest and oldest control method for 
this type of power converter. Different switching states are given in the figure with 
a digital code (for example: 1 0 1), showing whether the high-side IGBT is ON (for 
1) or the low-side device is ON (for 0). Another possible notation uses a sign to show 
where the pole terminals (A, B, C) are connected.

Each state of the power converter leads to a switching vector in the complex 
plane. There are thus six active switching vectors V1,...,V6 equally sharing six sectors 
within the complex plane (Figure 5.5).

The vectorial analysis of the operation of this system is first developed for an 
inductive three-phase load. Each phase current waveform can be derived by the inte-
gral of each phase voltage equation.
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Applying transform (5.2) to these allows writing the same equations for the vector 
space variables.
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FIGURE 5.3  Basic topology for the three-phase voltage-source inverter.
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The variation slope of the phase current is doubled when the phase voltage gets 
doubled. The maximum value of the phase current is denoted here by IM. During the 
time interval [t1, t2], the output voltage vector is V1 and the phase voltages are 2/3 Vdc, 
−1/3 Vdc, and −1/3 Vdc.

Choosing the time origin in t1(t1  =  0), the load current and voltage expressions 
can be mathematically expressed as linear variations during the interval (t1, t2). From 
Figure 5.6, it yields:
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FIGURE 5.4  Output voltage waveforms and state coding for the six-step operation.
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FIGURE 5.5  Switching vectors corresponding to the six-step operation of the inverter.
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Applying definition (5.1) to the space vectors associated to the current and voltage 
waveforms yields:
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leading to
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It can be seen from Equation 5.18 that the magnitude of each voltage switching 
vector is (2/3)Vdc. The tip of the current space vector has a linear variation in the 
complex plane, with the Real part varying linearly from –0.5IM to 0.5IM during the 
time interval [t1, t2] of duration T/6 (Figure 5.7).

V1V6 V2 V3 V4 V5 V6

T/6

va

ia

IM
IM/2

–IM/2
–IM t1 t2

IM

Not shown
vc = vb = –0.33 Vdc

FIGURE 5.6  Output phase current and voltage waveforms: (a) calculation; (b) full-cycle 
trajectory.
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This trajectory is oriented so that the current space vector is quasi-perpendicular 
on the voltage space vector and this was expected from the integral form of the 
inductive load equation. The vector projection on the Real axis represents the value 
of the first phase current. Considering the variation of the phase current during the 
interval [t1, t2] allows determination of the maximum value of the current (IM). It 
yields:
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(5.20)

	
I

L
T

VM dc= ⋅ ⋅2
3 6 	

(5.21)

The voltage space vector is identical with the switching vector V2 at the next inter-
val. The current space vector moves between the position along the vectors V6 (at t2) 
and V1 (at next interval, t3). Similar calculation proves the linearity of this trajectory. 
Extending the same reasoning for all six possible voltage-switching vectors defines 
the trajectory of the tip of the current vector in the complex plane.

The resulting trajectory is a hexagon oriented along the voltage-switching vectors.
The projection on the real axis is at any time equal to the current on the first 

phase. Currents or voltages on the other two phases can be graphically derived by the 
projection on two fictitious axes at 120° and 240°, respectively. This vectorial analy-
sis provides information about all the currents and voltages in the system. Moreover, 
because of the 60° symmetry of the operation, it is enough to limit the vectorial 
analysis to a 60° sector.

Extending this analysis to the general case of an R–L load (Figure 5.8), consider 
the vectorial equation for the load circuit

	
V i R L

t
is s s s s= ⋅ + ⋅ d

d 	
(5.22)
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FIGURE 5.7  Current vector trajectory in the complex plane for a pure L load.
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with the generic solution
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where C is a complex constant and τ = ( )R L/  represents the time constant of the 
load. In other words, for each switching vector applied to the load, the current trajec-
tory is a portion of exponential. To better define such trajectory, let us suppose the 
initial value as being equal to i(0) = I and the final value after T/6 is

	
i I

2
6

3
⋅
⋅







= ⋅
−π

ω

π

e
j

These conditions help defining the constant C and initial value I:
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FIGURE 5.8  Current vector trajectory in the complex plane for an R−L load.
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Replacing complex constant C in Equation 5.23 yields:
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5.2.2 D efinition of Flux of a (Voltage) Vector and Ideal Flux Trajectory

Three-phase power-switching inverters are often used to supply a machine drive or 
a strongly inductive load. The leakage inductance of the machine and the inertia of 
the mechanical system account for low-pass filtering of the harmonics provided by 
the discontinuous power flow at switching. If a voltage drop across the resistance 
and leakage inductance of the stator windings is neglected, the flux linkage in the 
machine is approximately equal to the time integral of the impressed voltage. The 
flux vector yields

	
λ = ∫V tsd

	
(5.26)

A very similar definition can be made for AC/DC applications, where the boost 
input inductance accounts for low-pass filtering of the voltage pulses resulting from 
the PWM operation of the power stage.

All these applications will work properly if the magnitude of the flux linkage is 
kept constant, which denotes a circular trajectory of the flux. As Vs occupies differ-
ent discrete positions in the complex plane, its time integral leads to a polygon close 
to a circle, as anticipated by Figure 5.9. What was not explained previously is the 
existence of zero vectors in the flux trajectory at control with PWM. A zero vector, 
also called homopolar vector, is achieved when all power devices are connected to 
the same DC bus terminal, positive or negative. Any of the PWM methods explained 
previously in Chapter 3 uses zero-vector states during operation. Voltages applied on 
each phase of the load equal zero in this case and the integral of these voltages show 
no displacement of the flux trajectory. A direct consequence of this is the possibility 
of using zero vectors to regulate the speed of the flux trajectory (Figure 5.10).

A real trajectory of the flux achieved by PWM operation presents both radial and 
angular errors. The radial errors are variations along the radius of the circular locus, 
whereas the angular errors are variations from a constant rotational speed. In a motor 

Re

0

Im

i(t)

Trajectory of the
tip of the current
vector for PWM

FIGURE 5.9  Current space vector trajectory for a simplified PWM case.
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drive, any error in the flux trajectory has a direct influence on the torque ripple. The 
difference between the reference λ0 having a circular locus in the complex plane and 
the actual trajectory λ produced by a PWM inverter causes the torque oscillations.

The dependence of the torque pulsation on radial and angular components of the 
flux error has been analyzed and presented in [13–17], and it has been stated that 
the torque oscillation is more sensitive to the angular error than the radial error. The 
angular error can be reduced by operating with a smoother rotational speed that can 
be achieved when employing more zero states on the flux locus. The radial errors can 
be reduced with an optimal polygonal flux locus having all edges staying as close to 
the desired circular locus.

As the angular error is more important than the radial error, the torque ripple is 
lower when a higher carrier frequency (more zero vector states) is employed, even 
though this splits a polygonal flux locus to a reduced number of edges. A limited 
switching frequency is desired for completely different reasons, such as reduction of 
the switching loss.

5.3 � SVM THEORY: DERIVATION OF TIME INTERVALS 
ASSOCIATED TO ACTIVE AND ZERO STATES BY AVERAGING

SVM was developed in [7–11] and the importance of this method has been outlined in 
many publications [18–21]. The three-phase inverter presented in Figure 5.3 produces 
a symmetrical three-phase system of voltages on the load. If the magnitude of the 
phase voltages is Vs, this is equivalent to generating a circular locus with a constant 
radius equaling the same magnitude. Such an ideal locus cannot be achieved with a 
switching power converter that leads to six discrete positions of only the voltage space 
vector. Each desired position on the circular locus can be synthesized only through an 
average relationship between two neighboring active vectors and zero vectors

	
V T V t V t V tS S a a b b⋅ = ⋅ + ⋅ + ⋅0 0 	 (5.27)

Flux trajectory
derived from a PWM
model with reduced

number of edges

Flux trajectory derived
from a PWM model

derived from previous
by repetition of groups
of three identical pulses

FIGURE 5.10  Flux trajectory improved by increasing the switching frequency even if the 
same shape of pulses is used.
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where Ts is the sampling period of the given circular locus (as, usually, the switching 
frequency is not equal to the carrier frequency, it is preferable to call Ts the sampling 
period) and ta, tb are the time intervals allocated to the neighboring vectors Va, Vb. 
The averaging process is a result of the low pass filtering action of the load on the 
voltage pulses. Zero vectors are necessary to keep the sampling interval constant and 
they are calculated by

	 t T t t0 = − −s b a 	 (5.28)

In order to calculate the time intervals associated with a desired position of the 
voltage vector in the complex plane, the symmetry after a 60° interval is first noticed. 
This opens up the possibility that the analysis can be limited to a generalized sector 
of 60°, repeated six times. To simplify the calculation, such a sector is considered 
superimposed with the first sector of the complex plane.

Decomposition of Equation 5.27 on both Real (Re in all figures) and Imaginary 
(Im in all figures) axes yields:
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Time intervals involved in the PWM generation are calculated by (Figure 5.14):
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(5.30)

Calculation of the time intervals associated with each active state is only the first 
part of the generation of a PWM algorithm. Determination of the switching sequence 
is the second stage. Modern microcontrollers achieve both functions and take advan-
tage of special expressions for the time intervals associated with the conduction of each 
switch. These allow the implementation of the SVM method within the center aligned 
PWM hardware. Calculation of the pulse widths is based on a memory lookup table for 
the sine function within a 60° interval or of the sinα and sin(60 − α) functions within a 
30° interval. Alternative solutions are based on real-time interpolation of a minimized 
look-up table. This interpolation can be carried out by fuzzy logic as well [22,23]. 
Chapter 8 will present hardware solutions available in the market to implement SVM.

Observing Equation 5.30 and Figure 5.11, one can derive the maximum modula-
tion. It will correspond to the circular locus with the maximum radius and it equals:
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This value is 15% higher than the maximum modulation index from the sinusoi-
dal modulation.

The sampling period Ts is shown in Equation 5.30. Note the nomenclature dif-
ference between sampling interval/sampling frequency and switching interval/
switching frequency. A new PWM method can be derived by changing the sampling 
frequency while using the same equations. The frequency modulation is the result 
of adjusting Ts during the fundamental or cycle period [10,17]. Several methods have 
been developed by using the sampling frequency as a degree of freedom in optimi-
zation after one or more criteria: low harmonics reduction, harmonic current factor 
(HCF) reduction, and so on, but all redefine Ts as

	
T

N fs = ⋅ ⋅ + ⋅ ⋅1
1 6( cos( ))δ α

	
(5.32)

with N being number of intervals over the fundamental period (at frequency f  ).
Conventional PWM is characterized by δ = 0, while the optimized methods 

require Ts modulated so that it gets shorter periods at 0 and 60° but lengthier at 30° 
within each 60° sector. These ensure minimum angular errors, current distortion 
factor at low harmonics, and minimum torque oscillations. Random SVM represents 
a special type of frequency modulation.

Finally, note that the averaging principle used here does not provide any require-
ment on zero vector generation during t0. Moreover, the sequence of the active and 
zero vectors within the sampling period is not unique and these degrees of freedom 
make the difference between space vector methods. The most well-known alterna-
tives will be analyzed later in this chapter.

Vmax = (2/3 Vdc)* cos 30

2/3 Vdc

30°

FIGURE 5.11  Definition of the maximum modulation index. (From Neacsu, D.O. Tutorial 
presented at IECON’01: The 27th Annual Conference of the IEEE Industrial Electronics 
Society 2001, IEEE Paper 0-7803-7108-9/01. © (2001) With permission of IEEE.)
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5.4  ADAPTIVE SVM: DC RIPPLE COMPENSATION

The presence of the DC voltage (VDC) in Equation 5.30 compensates for the ripple of 
the DC bus voltage [24] (Figure 5.12). This ripple can be produced with insufficient 
filtering of the input rectifier power stage in a back-to-back converter structure.

Measuring the DC voltage at each sampling interval or with a larger sampling 
period will be appropriately compensated by Equation 5.30 for the effect of this 
ripple in the output voltage.

Figure 5.12 shows how the time intervals ta, tb are affected by the variation of 
the DC bus voltage in order to preserve the same harmonics on the load. The draw-
back of this method is that it reduces the maximum available voltage at the inverter 
output. The maximum available output voltage is achieved when the DC bus has 
the lower value within the ripple and the inverter operates at maximum modulation 
index of 0.866.

Vminimum
= 2.12*V

Vaverage
= 2.34*V

FIGURE 5.12  Reduction of the maximum output voltage by unfiltered DC bus with 6-step 
rectifier (V represents the grid side RMS voltage).
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V5 (0,0,1)

V4 (0,1,1)

V3 (0,1,0)

V6 (0,0,1)

V0 (–,–,–)

FIGURE 5.13  Generation of voltage space vector by SVM. (From Neacsu, D.O. Tutorial 
presented at IECON’01: The 27th Annual Conference of the IEEE Industrial Electronics 
Society 2001, IEEE Paper 0-7803-7108-9/01. © (2001) With permission of IEEE.)
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5.5 � LINK TO VECTOR CONTROL: DIFFERENT FORMS AND 
EXPRESSIONS OF TIME INTERVAL EQUATIONS IN (D, Q) 
COORDINATE SYSTEM

This SVM algorithm calculates the time intervals associated with each state based 
on the polar coordinates (Vs, α) of the desired space vector position. This is not very 
convenient for vector control methods for drives and for active filtering.

The result of the vector control methods is given in the coordinates (vx, vy) and 
these can also be expressed depending upon the polar coordinates (Equations 5.33 
through 5.38) [25].
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For the first sector, replacing Equation 5.33 in 5.30 yields:
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For the second sector:
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(5.40)

Similar calculus leads to the following results [25]:
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(5.46)

The time intervals allocated to the zero vectors remain

	 t T t t0 = − −S a b 	 (5.47)
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Another mathematical form for the transformation of (vx, vy) coordinates into time 
intervals is provided by Equation 5.48 and is derived from (x, y)-type orthogonal 
coordinates of the active switching vectors denoted here as (Vx

2, Vy
2) and (Vx

1, Vy
1). 

The relationship for the time intervals yields:
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(5.48)

Any of these forms expressing the time intervals represents only the first step for 
PWM implementation. Next, the time intervals corresponding to the inverter switch-
ing states need to be converted into a logical switching sequence applied to the gates 
of IGBTs. In order to implement this step, the switching reference function (also 
called modulation function) is defined.

5.6  DEFINITION OF SWITCHING REFERENCE FUNCTION

Once we know the time intervals for each state, we need to establish the sequence of 
these intervals. If we try to directly use the previous relationships, the definition of 
the switching sequence can be implemented only by the software. It is more advan-
tageous to define a function called the switching reference function that represents 
the duty ratio of each inverter leg or the conduction time normalized to the sampling 
period for a given switch; this is a mathematical function varying between 0 and 1 
centered around 0.5. This is also called the modulation function.

The switching reference function can be derived by algebraic operations between 
the time intervals previously calculated. For instance, on the first sector from Figure 
5.13:

•	 The instant when S1 goes ON equals t01 from the beginning of the sam-
pling period, and the value of the switching reference function for S1 will 
equal [t01/Ts].

•	 The instant when S3 goes ON equals a delay of t01 + ta from the beginning 
of the sampling period, and the value of the switching reference function 
for S3 will equal [t01 + ta/Ts].

tb

ta

Ideal DCHarm DC

0 π/3

FIGURE 5.14  Space vector modulation with adaptive compensation.
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•	 The instant when S5 goes ON equals a delay of t01 + ta + tb from the begin-
ning of the sampling period, and the value of the switching reference func-
tion for S5 will equal [t01 + ta/Ts].

The switching reference function is calculated at the sampling instants, and the 
real variation is a staircase waveform that can be interpolated as shown in Figure 
5.14. The switching reference function has the same meaning as the reference used 
in sine-triangle comparison-based PWM methods. It is, therefore, simpler to use the 
mathematical definition of a continuous function not influenced by the sampling fre-
quency rate. At this point, it is also easier to understand why the repetitive frequency 
used in PWM generation is called sampling frequency. It simply means to sample the 
switching reference function.

After successive derivations from Equations 5.38 through 5.43, one can calculate 
the switching reference function for all sectors. This is shown in Figure 5.15 for the 
case of regular SVM. The difference between this function and a pure cosine func-
tion is given by the following equation with a rich content in the third harmonic:
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(5.49)

The third harmonic is present in the switching reference function but it is not 
present in the output phase or line voltages. It only represents the average of the A–M 
voltage from Figure 5.16.

	 v v vAB AM BM 3rd harmonic vanishes= − ⇒ 	 (5.50)

1.0

0.5

0.0

FIGURE 5.15  Switching reference function for the regular SVM. (From Neacsu, D.O. 
Tutorial presented at IECON’01: The 27th Annual Conference of the IEEE Industrial 
Electronics Society 2001, IEEE Paper 0-7803-7108-9/01. © (2001) With permission of IEEE.)
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The previous chapter showed the role and meaning of the injection of the third 
harmonics in the sinusoidal modulation. The amount of this harmonic injection has 
been shown to vary depending on the optimization objective:

•	 Maximization of the fundamental content (third harmonic with 0.25 of the 
magnitude of the sinusoidal reference)

•	 Minimization of the total content in harmonics (third harmonic with 0.16 of 
the magnitude of the sinusoidal reference)

The third harmonic in the SVM method is between the two values previously cal-
culated at about 0.22. References [26–30] analyze the equivalence between regular, 
sampled sine-triangle methods and SVM and conclude that both methods are analo-
gous and that conventional digital center-aligned PWM devices can be used for the 
implementation of the SVM algorithm.

5.7  DEFINITION OF SWITCHING SEQUENCE

5.7.1  Continuous Reference Function: Different Methods

The number of switchings can be reduced with a special arrangement of the switch-
ing sequence so that only one switching on each inverter leg occurs during the tran-
sition from one state to the next. When using both available zero states from Figure 
5.13, one zero state will start the sequence and the other will end it. For instance, the 
switching state sequence has to be _ _ _0 1 2 7 2 1 0_ _ _. The only remaining degree 
of freedom consists in the amount t0 shared between the vectors V0 and V7.

The averaging theory used for SVM calculation does not define a way of sharing 
t0 among the possible zero vector states. In the original method, t0 was shared equally 
between the two zero vectors. But this is not the most optimal partition solution. The 
same low-sampling frequency algorithm is analyzed but with different sharing of 
the zero states. All the sectors and bisectrix symmetries are considered as well as 
the alternation of the zero-state vectors. Results for the sharing ratio are shown in 
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FIGURE 5.16  Third harmonics in the SVM generation.
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Figures 5.17 and 5.18 for a low number (equal to 24) of sampling intervals in the 
fundamental [31,32]. At larger sampling frequencies, the differences are smaller.

These results also show that high-performance SVM systems can be improved 
further by a different placement of the zero states within the sampling interval.

The two extreme situations for the sharing of the zero-state intervals are:

•	 Method D-I-H (direct-inverse-half) (Figure 5.19): Equal sharing of the zero 
vector intervals at each sampling interval (t0 = t7) [10,11] is shown in Figure 
5.19 with a phase voltage waveform. Observe the trajectory of the tip of the 
current vector derived from this sequence.

•	 Method D-I-O (direct-inverse-one) (Figure 5.20): Use of only a zero-vector 
interval within each sampling period (e.g., t0  =  0, t7 = Ts − ta − tb).

•	 Both methods determine three switching on each sampling periods. Method 
D-I-O is often employed at high sampling frequencies, whereas in low fre-
quencies, it produces even harmonics in the output phase voltage, as the 
waveform symmetries are no longer taken into account. The spectral differ-
ences between the voltages carried out by either Method D-I-H or Method 
D-I-O are small if the sampling frequency is large enough (Figure 5.21).

0.524
(a) (b)
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0. 522
0% Ratio 100% 0% Ratio 100%
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fsw/ffund = 24
Modulation index 0.7;

fsw/ffund = 24
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z
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FIGURE 5.17  Effect of different sharing of the zero-states interval in content of fundamen-
tal (z). (From Neacsu, D.O. Tutorial presented at IECON’01: The 27th Annual Conference of 
the IEEE Industrial Electronics Society 2001, IEEE Paper 0-7803-7108-9/01. © (2001) With 
permission of IEEE.)
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FIGURE 5.18  Effect of different sharing of the zero-states interval in HCF. (From Neacsu, 
D.O. 2001. Tutorial presented at IECON’01: The 27th Annual Conference of the IEEE Industrial 
Electronics Society 2001, IEEE Paper 0-7803-7108-9/01. © (2001) With permission of IEEE.)
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•	 Simple direct SVM or S-D-H method: The simplest way to synthesize the 
output voltage vector is to turn on all the switches connected to the same 
DC link potential at the beginning of the switching cycle (sampling period) 
and to turn them off sequentially during the sampling interval. The zero-
vector interval splits between V0 and V7 (t0 = t7). The drawback consists 
in switching all three inverter legs somewhere in the middle of the sam-
pling interval in order to change from V0 and V7 (for instance, the switch 
sequence: ... 0127–0127–0127...). This method is similar to the usual sine-
triangle comparison-based PWM (Figure 5.22).

•	 Symmetrically generated SVM: This modulation scheme is based on a sym-
metrical sequence within each sampling period. The phase voltages and 
switching signals are similar to the D-I-H method but the direct-inverse 
sequence is now inside the same sampling period (Figure 5.23). This 
method is similar to the center-aligned PWM devices and can be directly 
implemented in the existing PWM IC working on this basis.

Let us note here a very important difference between the Symmetrically Generated 
SVM and any of the other PWM algorithms described above. The use of the direct-
inverse sequence produces harmonics at half the actual pulse frequency. This means 
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FIGURE 5.19  Pulse generation with method D-I-H.
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that the spectra are equivalent with that of center-aligned PWM which is measur-
ing the sampling interval from the zero state to another zero state of the same type. 
Figure 5.24a presents spectra for a normal PWM generation, while Figure 5.24b for 
a PWM with direct-inverse sequence of pulses. We can thus see the appearance of 
higher harmonics at half the pulse frequency. It means that there is a price to pay for 

FIGURE 5.21  Three-phase voltage waveforms for (a) direct-inverse and (b) direct sequences 
at a low sampling frequency.
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FIGURE 5.22  Pulse generation with Method S-D-H.
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FIGURE 5.23  Pulse generation with Method S-G-S.
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FIGURE 5.24  Harmonic results for PWM with a pulse ratio of 24.
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the reduced count of switching instants. Figure 5.25 repeats the test for PWM with a 
pulse ratio of 48. It is therefore concluded that this type of PWM is better referred to 
as center-aligned PWM rather than quoting the two pulse sequence of direct-inverse.

5.7.2 D iscontinuous Reference Function for Reduced Switching Loss

The previous chapter including the regular sampled PWM algorithms, demonstrated 
the advantages of discontinuous algorithms to reduce the inverter switching loss 
[33–37]. The same idea is now used with the SVM algorithm as support [38–42].

The averaging theory used for SVM calculation does not define the sequence of 
the switching states. Any possible sequence of states will satisfy the average relation-
ship if the time intervals are calculated correctly. Any two neighboring vectors are 
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FIGURE 5.25  Spectra for PWM with a pulse ratio of 48.
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different by only one switching in an inverter leg. Therefore, always select the zero 
vector that does not change the status of that zero vector. For instance, in the first 
sector, shown in Figure 5.13, the first leg does not switch when active vectors are 
changed (from 1 0 0 to 1 1 0 or vice versa). Selection of the homopolar vector is not 
unique; each time two zero vectors can be used. Always selecting 1 1 1 as the zero 
vector means that the first leg will not switch for the whole first sector (for instance, 
sequences ...–1 1 1–1 1 0–1 0 0–1 1 1–1 1 0–1 0 0–1 1 1–...). But this solution is not 
unique. In the first sector, the third leg does not switch when the active vectors are 
changed. This time, the lower switch will be ON during both active states (from 1 0 0 
to 1 1 0 or vice versa). Always selecting 0 0 0 as the zero vector means that the third 
leg will not switch for the whole first sector (for instance, sequences ...–0 0 0–1 0 0–1 
1 0–0 0 0–1 0 0–1 1 0–0 0 0...). The advantage of using any one of these solutions is 
the reduction in switching losses. There are two solutions to minimize the number of 
switching processes within each sector of the complex plane. This raises the question 
whether to change or not the selection of the zero vector and the whole optimized 
sequence when passing to the next sector.

If we do not ever change the selection of the zero vector and always select the zero 
vector as 0 0 0 or 1 1 1, we get one of the following solutions:

•	 Method DZ0: The null vector is always fixed as [0 0 0]
•	 Method DZ1: The null vector is always fixed as [1 1 1]

The switching reference function can be calculated as shown previously in Section 
5.5 and it leads to the waveforms shown in Figure 5.26, with large intervals that have 
no switchings for each of the six IGBTs within the inverter. These functions are also 
not linear.

As can be seen, the switch that is not switched is either always on the low-side 
(for the selection of the 0 0 0 zero vector) or on the high-side (for the selection of the 
1 1 1 zero vector). Three switches are ON for extended periods of time and this may 
create a problem in inverter bridges that use isolation circuits such as the bootstrap 
or charge pumps for their gate drivers. That is why these methods are not used in 
the industry.
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FIGURE 5.26  Switching reference function calculated for PWM generation with Methods 
DZ0 and DZ1.
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To obtain a symmetrical stress from the power devices, the degree of freedom 
consists in alternating the zero vector at each 60° interval. As each phase can be 
kept unswitched for 120° consecutively, there is a degree of freedom in selecting 
where exactly the zero vector can be changed for sequences of 60°. For instance, the 
first leg can be kept unswitched from −60° to 60° (notice vectors 1 1 0 and 1 0 0 in 
Sector 1; 1 0 0 and 1 0 1 in Sector 6), but a 60° interval has to be chosen within this. 
Switching loss is approximately proportional to the magnitude of the current being 
switched and it would be better to avoid switching the inverter leg with the highest 
instantaneous current. In other words, the no-switching 60° interval can be selected 
at exactly the peak of the current.

How is the switching sequence selected? It can be based on four states in each 
sampling interval: a zero vector in the beginning, the first active state, the second 
active state, and another zero state at the end. Applying the principles explained 
earlier to such a switching sequence leads to results shown in Figure 5.27. The same 
phase voltages are obtained as in the case of Method S-D-H.

However, such a sequence violates the idea of having only one switch at a time 
and leads to four switches over a sampling interval. Another solution that respects 
this constraint and also takes advantage of the no-switch rule for 60° consecutively 
is different from conventional SVM. It uses a direct-inverse sequence:

	 |VA1 – VA2 – VZ | VZ – VA2 – VA1 | VA1 – VA2 – VZ | (Figure 5.28)

This selection of the switching sequence allows the maximum reduction of the 
number of switches.

There are several solutions accepted by the industry:

•	 Method DD1: The intervals of no switches coincide with the plane sectors. 
A null vector [1 1 1] is assigned for sectors 1, 3, and 5 and a null vector 
[0 0 0] is assigned for sectors 2, 4, and 6. The 60° interval without switches 
occurs right after the peak of the phase voltage. Generally, the current lags 
behind the phase voltage and the peak of the current fundamental settles in 
the next 60° after the peak voltage (Figure 5.29).
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FIGURE 5.27  Switching sequence with four states taking advantage of no-switch rule on 
the first leg.
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•	 Method DD2: The 60° no-switch interval is spread equally around the peak 
of the fundamental of voltage. This method is very useful to reduce switch-
ing losses in grid-related applications, in which the power factor is unity 
and the peak of current is close to the peak of voltage (Figure 5.29).

•	 Method DD3: The 60° interval without switches can be spread equally 
around the measured peak of the phase current. Despite the difficulty of 
sensing the phase currents, this solution seems attractive, as it tracks the 
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FIGURE 5.28  Modified space vector modulation.
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maximum loss reduction. However, if the phase current and voltage out of 
phase are greater than 30°, the 60° no-switch region will overcome the vec-
tor sector (Figure 5.30).

If the voltage vector is, for instance, V1 and the current vector is at 48°, equally 
spreading the no-switch region for the first inverter leg around the current vector leads 
to an area between 18° and 78°. For α > 60°, keeping the first phase ON (1) is no longer 
possible as the Sector 2 is characterized by switches in the first phase due to the use of 
V3 (0 1 0). There need not be any switches in the other two phases, but the other currents 
are less able to control the complexity, thereby compromising the merits of the method.

Let us analyze Figure 5.31 to understand how much power loss can be saved by 
using discontinuous PWM algorithms. Switching power loss for the discontinuous 
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FIGURE 5.30  Vectorial discussion around the DD3 method. (From Neacsu, D.O. 2001. 
Tutorial presented at IECON’01: The 27th Annual Conference of the IEEE Industrial 
Electronics Society 2001, IEEE Paper 0-7803-7108-9/01. With permission.)
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PWM algorithm is normalized to the switching power loss for the continuous PWM 
algorithm and shown in respect with the load power angle. The results are based 
on a computer-based analysis, considering the level of the load current at switching 
instant and the number of switching processes. The best case leads to 50% savings 
in switching loss [42–44].

This reduction in switching loss does not exactly come free. There is a small 
drawback as the discontinuous PWM methods can introduce oscillations around the 
points where the sector is changed. This is due to the different set of equations used 
within each sector to calculate the time intervals. The effects are clearer at low out-
put fundamental frequencies and they result in increased loss in the load and may 
introduce instabilities of the feedback control system (Figure 5.32).

5.8  COMPARISON BETWEEN DIFFERENT VECTORIAL PWM

5.8.1 L oss Performance

The difference between the conduction loss among the SVM techniques is less than 
3% of the total loss. Switching performance is presented in Table 5.1.

5.8.2  Comparison of Total Harmonic Distortion/HCF

As shown in the previous chapter, the most important performance index for a power 
converter refers to the harmonic content in the output (input) current. This can be 
expressed by

60°
Glitches due to
change of equations
at sector change

FIGURE 5.32  Output phase current when applying discontinuous PWM algorithms.

TABLE 5.1
Switching Performance

Method
No. of Switchings 

within Ts THDv

No. of Switching 
States

Direct–Inverse (DIH) 3 4

Direct Inverse (DIO) 3 3

Simple direct (SDH) 6 4

Symmetric gen. (SGS) 6 Least 7

Direct–direct/000 (DZ0) 4 3

Direct–direct/111 (DZ1) 4 3

Direct–direct/sect (DD1) 4/2 3

Direct–direct/peak (DD2) 4/2 3

Direct–direct/mes (DD3) 4/2 3
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and represents a normalization of the harmonic content to the fundamental.
These PWM algorithms have different sequences during the sampling interval 

and the number of switching processes is different. For this reason, the definition of 
the switching frequency differs from method to method. A proper comparison must 
consider the same switching frequency even if reached by different means.

The best harmonic content is achieved for reduced loss algorithm operated at 
high-modulation indices. In low-modulation indices, the best harmonic content can 
be achieved from the conventional SVM. The approximate threshold for this kind of 
comparison lies at a modulation index of about 0.6.

Many other researchers or engineers present the current harmonic by normaliza-
tion to the harmonics obtained by a six-step operation at the power stage. Figure 
5.33 shows the difference between harmonics with an inverter obtained by a six-step 
operation and a PWM inverter. The operation with six pulses introduces larger har-
monics at low frequency (Figure 5.34).

By normalization to this waveform, the monotony of the plots changes. Results 
for the most well-known methods derived from SVM are shown in Figure 5.35.
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FIGURE 5.33  HCF for several modulation methods calculated for f1 = 50 Hz, fsw = 3.6 kHz.
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5.9  OVERMODULATION FOR SVM

It has been shown that the maximum modulation index of the regular SVM algo-
rithm is achieved when the circular trajectory with the largest radius becomes tan-
gential to the external hexagon formed with the switching vectors (see Figure 5. 11). 
The linearity of the PWM ends at this point.

Many applications, however, require more voltage up to the six-step mode. 
Operation between these two limits is called overmodulation and was presented in 
Chapter 4. Let us see here how an overmodulation algorithm can be defined under 
SVM.

First, the operation is characterized by a trajectory of the averaged space vec-
tor along a circle of radius m > 0.866 as long as the circle arc is located within the 
hexagon and along the hexagon sides in the remaining portions. The same equations 
5.30 are used for PWM generation when the tip of the averaged space vector is on 
the circular trajectory. For points that lie on the sides of the hexagon, there is no zero 
state (t0 = 0) and the following equations are used for the active states:
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(5.52)

At m = 0.952, the trajectory shows at the hexagon, and no portions move into the 
circular locus. In order to advance toward the six-step operation, Operation Mode 
II is defined. This time, the velocity of the tip of the averaged space vector is con-
trolled. The higher the modulation index is expected to be, the higher is the velocity 
in the center of each hexagon side and the lower in the corners. This mode converges 
smoothly into a six-step operation when the trajectory is limited to six discrete posi-
tions in the complex plane. The structure of a pulse over each sampling interval is 
composed of only two active states. Zero states are never used.
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FIGURE 5.35  Distortion factor versus modulation index. (From Neacsu, D.O. Tutorial pre-
sented at IECON’01: The 27th Annual Conference of the IEEE Industrial Electronics Society 
2001, IEEE Paper 0-7803-7108-9/01. © (2001) With permission of IEEE.)
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Both operation modes are characterized by nonlinear transfer characteristics with 
addition of harmonics that jeopardize the harmonic performance. This is natural 
because the six-step operation has been already shown to have important harmonics.

5.10  VOLT-PER-HERTZ CONTROL OF PWM INVERTERS

Chapter 4 introduced the volt-per-hertz control associated with PWM techniques. It 
has also been shown that industry uses PWM with different numbers of pulses for 
different fundamental frequency intervals (Figure 5.36). A larger frequency ratio 
is therefore considered for low frequencies, whereas the power converter operates 
at high fundamental frequencies with a smaller frequency ratio. Extension of this 
method to SVM control is presented next.

SVM control of a gate turn-off (GTO) inverter with a switching frequency below 
960 Hz is shown in Figure 5.36 [45]. The switching frequency is limited to GTO 
devices and has wide enough pulses to compensate for the voltage drop across the 
stator resistance. The following operation modes are accordingly obtained:

•	 At higher frequencies: An operation mode with a constant voltage is preferred 
in order not to exceed the induction machine nominal value. The voltage is 
kept constant between 40 and 80 Hz with an optimal SVM having 24 pulses.

•	 At lower frequencies: A PWM method is used with V1/f = constant and a 
number of pulses on different frequency intervals: 24 pulses,... 20–40 Hz; 
48 pulses,... 10–20 Hz; 96 pulses,... 5–10 Hz; 192 pulses,... <5 Hz.

The specifics of SVM for each operation mode are presented in Figure 5.37.

5.10.1 L ow-Frequency Operation Mode

The relation V1/f = constant can be written as V1QTs = constant, where Q is the number 
of pulses over the fundamental period (also called frequency ratio). For each frequency 
interval shown in Figure 5.36, the magnitude and RMS of the output phase voltage 
take values within a finite interval and the vectorial representation of this operation 
brings us inside a circular corona (for example, between Vs1 and Vs2 in Figure 5.38).

192
96

48
24 24

V1

f (Hz)

8040201050

FIGURE 5.36  Volt-per-Hertz control.
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The time allocated to the switching vectors neighboring a desired space vector posi-
tion has been defined previously by Equation 5.30. These equations can be seen as 
ta, tb = constant Vs* Ts for a given direction on the complex plane. The similarity between 
these forms of Equation 5.30 and the volt-per-hertz control condition (V1QTs = constant) 
implies a possible modification of the RMS value of the output voltage by adjusting the 
sampling interval Ts while both ta, tb are kept constant (Figure 5.39).

In order to decrease the frequency, the sampling period is increased by enlarging 
the zero-states’ intervals. When the period doubles, the transition to the next domain 
occurs. This domain will be characterized by twice the number of pulses achieved 
by splitting the previous sampling period into two intervals. The use of the same 
time constants in all low-frequency operation modes is therefore possible, improv-
ing microcontroller and memory look-up table use. Figure 5.40 presents all possible 
positions of the tip of the space vector with the magnitude equaling the condition for 
transition from one domain to the next. Intermediary magnitude values are easily 
generated on the basis of the same time constants by enlarging the zero state inter-
vals. This figure is also important as it shows the positions that need to have time 

Linear
(saturation)
to hexagon

Portion of
circular
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FIGURE 5.37  Operation modes.
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FIGURE 5.38  Circular corona.

 



167Vectorial PWM for Basic Three-Phase Inverters

constants stored in memory. All the other positions will use the same time constants 
(ta, tb). Considering all other symmetries of a three-phase system limits the total 
number of memory locations to

	
N

m
ML = ⋅ +





2 1
12 	

(5.53)

5.10.2  High-Frequency Operation Mode

The operation of the induction machine in high fundamental-frequency range 
implies limitation of the voltage [46]. The same PWM pattern is supposed to be 
used for all these frequencies. Due to the nature of the high-frequency operation, 
the number of pulses in this pattern is limited (24 pulses in our example) and the 
harmonic results are not very good. It is a good practice to define an optimal PWM 
algorithm on the basis of harmonic elimination or global harmonic minimization 
for this domain.

Reducing this pattern to a 30° sector when considering the symmetries within a 
three-phase system shows a position on the real axis—one intermediary position and 
the last one on the 30° direction (for the pattern with 24 pulses over the fundamental 
cycle). There is a degree of freedom in neglecting Equation 5.30 and in defining a 
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Ts2 = 1/(Q*f 2) ⇔ Vs2

FIGURE 5.39  Pulse width changes over a circular corona in the complex plane.
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FIGURE 5.40  Operation within a 30° sector.
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new set of optimal time constants instead of calculating ta, tb on the basis of the opti-
mization constraints. For instance, one can set the fundamental voltage at a desired 
value and limit both lowest harmonics as min(V5

2 + V7
2). This implies replacing the 

time constants calculated with Equation 5.30 by

	

t T

t T
a s

b s

= ⋅
= ⋅

0 793

0 152

.

. 	
(5.54)

These values yield both fifth and seventh harmonics below 3% of the fundamental 
of the output voltage. These harmonic results are shown in Figure 5.41.

5.11 � IMPROVING THE TRANSIENT RESPONSE IN HIGH-SPEED 
CONVERTERS

Numerous motor drives require operation at high speed, with fast transient res
ponse. This is achieved in control by applying as much voltage as possible within the 
actuator. Modern embedded controllers implement controller saturation and over-
modulation operation in order to allow this increase in voltage.

In order to quantify this operation at highest voltage available, let us consider the 
induction machine drive with rotor in short-circuit as a symmetrical three-phase sys-
tem with isolated neutral [47]. The stator voltage equation in complex variables yields:
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FIGURE 5.41  Spectra for different PWM patterns at 40 Hz. (a) Optimal PWM at funda-
mental frequency of 40 Hz. (b) Optimal SVM at fundamental frequency of 40 Hz.
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with
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We can consider a reference system with ωλ = 0.
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The apparent power transferred between the inverter (actuator) and the electrical 
machine yields:
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In order to separate active and reactive (imaginary) power components, let us 
denote the phase shift between the stator voltage vs and the back-emf voltage e with 
φ. This yields into
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The active power P is depending strongly on the angle φ, while the reactive power 
Q is mostly influenced by the magnitude of stator voltage (Vsλ ).

During a fast change in the speed reference, the load torque needs to increase 
quickly to a maximum for an increase of speed and to decrease quickly to a 
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minimum for a decrease in speed. During such a transient of the torque, there is a 
temporary transfer of reactive (imaginary) power between the mechanical system 
and the inverter (Figure 5.42). When the voltage applied (Vsλ) is higher, the amount 
of reactive energy (derived from power Q) transferred within the system yields lower. 
That is the inverter absorbs quicker the reactive energy from load. This yields into a 
faster transient.

This means that inverterized motor drives with higher voltage availability (or 
higher DC bus voltage) allow a faster transient of the drive. For a given voltage setup, 
the available applied voltage can be increased by control within certain limits. If 
such control is implemented within the embedded software, its speed depends on the 
sampling interval and the software arrangement. This usually yields in a fairly slow 
response. An alternative method [47,48] proposes to derive the additional voltage from 
the operation of the inverter with only two switches during the zero state intervals.

Observing the operation of the power converter with sinusoidal currents demon-
strates that it is enough to control actively the current within two phases of the drive 
while the third current results from the current summation to zero within the neutral.

The proposed PWM algorithm is developed on the frame of a conventional space 
vector modulation algorithm while taking advantage of this property of currents. 
This controller uses two switches turned-on during a zero-state.

Depending on the value and direction of the third current, the uncontrolled 
inverter leg can go to the same DC potential with the other two producing a true zero 
voltage vector or can go on the other DC potential producing an active vector on the 
load. The phase current automatically determines the value of the voltage applied to 
the third phase of the load during the zero state.

Figure 5.43 shows the definition of the operation modes. Each state is defined with 
the conduction state (0 or 1) for each switch. The first set of three numbers corre-
spond to the high- side switches, and the next set of three numbers correspond to the 
low-side switches. The uncontrolled switches are also shown in the figure as 0, while 
the other switches can take any value (0 or 1) according to the PWM algorithm. For 
more detail, all possible states are shown organized in Table 5.2. The same data is 
shown in Table 5.3 based on the phase of the current vector for the case of a PWM 
using a single zero state vector on each sampling interval

n

Time

nref

0

Generator mode

Motoring mode

FIGURE 5.42  Explanation of the power transfer during transients.
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α = angular coordinate of desired voltage vector within the 60° sector.
ϕ = phase shift between voltage vector and current vector.

For instance, the additional voltage ΔV contributed when operation takes place 
within the first sector (0° to 60°) is superimposed to the expected voltage vector. It 
can be calculated by averaging formulas.

If  ϕ < 90 ⇒ Ia > 0 ⇒ ΔV = 0
If  90 < ϕ < 150
  For α < ϕ − 90 ⇒ Ia < 0 ⇒  V = V1 and
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FIGURE 5.43  Definition of the inverter switching states.

TABLE 5.2
Voltage Vectors Generated During the Zero Vector States Based 
on Phase Current’s Polarity
Sector 1: 0–60° Zero vector 0-0-0 000-011 Ia ≥ 0 ⇒ V = 0 Ia ≤ 0 ⇒ V = V1

Zero vector 1-1-1 101-000 Ib ≥ 0 ⇒ V = V6 Ib ≤ 0 ⇒ V = 0

Sector 2: 60–120° Zero vector 0-0-0 000-011 Ia ≥ 0 ⇒ V = 0 Ia ≤ 0 ⇒ V = V1

Zero vector 1-1-1 110-000 Ic ≥ 0 ⇒ V = V2 Ic ≤ 0 ⇒ V = 0

Sector 3: 120–180° Zero vector 0-0-0 000-101 Ib ≥ 0 ⇒ V = 0 Ib ≤ 0 ⇒ V = V3

Zero vector 1-1-1 110-000 Ic ≥ 0 ⇒ V = V2 Ic ≤ 0 ⇒ V = 0

Sector 4: 180–240° Zero vector 0-0-0 000-101 Ib ≤ 0 ⇒ V = 0 Ib ≥ 0 ⇒ V = V3

Zero vector 1-1-1 011-000 Ia ≥ 0 ⇒ V = V4 Ia ≤ 0 ⇒ V = 0

Sector 5: 240–300° Zero vector 0-0-0 000-110 Ic ≥ 0 ⇒ V = 0 Ic ≤ 0 ⇒ V = V5

Zero vector 1-1-1 011-000 Ia ≥ 0 ⇒ V = V4 Ia ≤ 0 ⇒ V = 0

Sector 6: 300–360° Zero vector 0-0-0 000-110 Ic ≥ 0 ⇒ V = 0 Ic ≤ 0 ⇒ V = V5

Zero vector 1-1-1 101-000 Ib ≥ 0 ⇒ V = V6 Ib ≤ 0 ⇒ V = 0
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  For 60 > α > ϕ −90 ⇒ Ia > 0 ⇒  ΔV = 0
If ϕ > 150 ⇒ Ia < 0     ⇒ V = V1  and
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Exploiting these equations for all sectors yields the graphical representation from 
Figure 5.44 for the additional voltage. All this additional voltage is induced naturally 
without any special software algorithm except the new definition of the zero states. 

TABLE 5.3
Generation of Voltage Vectors Based on 
the Current Vector Phase

Sector Zero Vector 0-0-0

0–60°   ϕ < 90 ⇒
90 < ϕ < 150 ⇒
(a) For α < ϕ −90
(b) For 60 > α > ϕ −90
  ϕ > 150 ⇒

⇒ Ia > 0 ⇒ V = 0

⇒ Ia < 0 ⇒ V = V1
⇒ Ia > 0 ⇒ V = 0
⇒ Ia < 0 ⇒ V = V1

120–180°   ϕ < 90 ⇒
90 < ϕ< 150 ⇒
(a) For α < ϕ −90
(b) For 60 > α > ϕ −90
  ϕ > 150 ⇒

⇒ Ib > 0 ⇒ V = 0

⇒ Ib < 0 ⇒ V = V3
⇒ Ib > 0 ⇒ V = 0
⇒ Ib < 0 ⇒ V = V3

240–300°   ϕ < 90 ⇒
90 < ϕ< 150 ⇒
(a) For α < ϕ −90
(b) For 60 > α > ϕ −90
  ϕ > 150 ⇒

⇒ Ic > 0 ⇒ V = 0

⇒ Ic < 0 ⇒ V = V5
⇒ Ic > 0 ⇒ V = 0
⇒ Ic < 0 ⇒ V = V5

Sector Zero Vector 1-1-1

60–120°   ϕ < 90 ⇒
90 < ϕ< 150⇒
(a) For α < ϕ −90
(b) For 60 > α > ϕ −90
  ϕ > 150 ⇒

⇒ Ic < 0 ⇒ V = 0

⇒ Ic > 0 ⇒ V = V2
⇒ Ic < 0 ⇒ V = 0
⇒ Ic > 0 ⇒ V = V2

180–240°   ϕ < 90 ⇒
90 < ϕ< 150 ⇒
(a) For α <ϕ −90
(b) For 60 > α > ϕ −90
  ϕ > 150 ⇒

⇒ Ia < 0 ⇒ V = 0

⇒ Ia > 0 ⇒ V = V4
⇒ Ia < 0 ⇒ V = 0
⇒ Ia > 0 ⇒ V = V4

300–360°   ϕ < 90 ⇒
90 < ϕ< 150 ⇒
(a) For α < ϕ −90
(b) For 60 > α > ϕ −90
  ϕ > 150 ⇒

⇒ Ib < 0 ⇒ V = 0

⇒ Ib > 0 ⇒ V = V6
⇒ Ib < 0 ⇒ V = 0
⇒ Ib > 0 ⇒ V = V6
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Furthermore, the conventional operation of a space vector modulation algorithm is 
not modified at a current phase shift below 90°.

To quantify further this method, calculation is done for the steady-state operation 
at a given modulation index m and the same phase shift ϕ (constant) over the entire 
fundamental period of the generated voltage. The RMS of the additional voltage can 
be calculated as a function of the phase shift δ = ϕ − 90 and required modulation 
index m:
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This dependency is represented in Figure 5.45, and it represents an ideal maxi-
mum voltage. During the transient operation, the phase shift changes regularly and 
the additional voltage also changes. This helps understanding the limits and advan-
tages of this method and assessing the usability in real industrial applications. The 
effects of using this modified PWM algorithm are shown in Figure 5.46.
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ωt
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FIGURE 5.44  Additional voltage due to current-voltage phase shift.

 



174 Switching Power Converters

5.12  CONCLUSION

The space vector theory has been known for more than half a century, but only during 
the last 20 years, it has been consistently used in the control of three-phase convert-
ers. Details of PWM generation on the basis of vector representation as well as use of 
this concept in motor drives are the subjects of this chapter. All SVM variations are 
reviewed and the advantages of discontinuous reference functions are also outlined.

PROBLEMS

	P5.1	 Write relationship for Park/Clarke direct transforms and inverse trans-
forms and prove the meaning of coefficients for power conservation and 
for magnitude conservation.
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FIGURE 5.45  Additional voltage in respect to the current-voltage phase shift and modula-
tion index.
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FIGURE 5.46  Results based on the mathematical model (speed as reference).
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	P5.2	 Establish the mathematical expressions for waveforms in Figure 5.26. 
Consider each one as a phase function and write the mathematical expres-
sions for the other two phases taking into account the phase shifts of 120° 
and 240°.

	P5.3	 Consider functions defined in P4.2. and define a new base in the vec-
tor space similar to the base defined in Equations 5.4 through 5.6. Then 
define a vector transform able to convert the (d, q, 0) quasi-DC coordinates 
into phase voltages as shaped in Figure 2.22. Use a computer program 
(MathCAD, Matlab) to implement these relationships and run the pro-
gram to plot control functions.

	P5.4	 Imagine a PWM pattern synchronized with the fundamental period and a 
count of 24 pulses on one period:
•	 Draw the spatial distribution of the tip of the voltage vector.
•	 For each discrete position thus determined, calculate the amount of 

time associated with each neighboring active vectors using Equations 
5.29 and 5.30 for a modulation index of 0.55 defined as in Equation 
5.31.

•	 Consider the active vectors in the middle of the sampling interval 
and draw the time evolution of the voltage on the first phase dur-
ing the first sector (Method D-I-H), using information from Figure 
5.13.

	P5.5	 If a three-phase inverter is supplied from a three-phase central-point recti-
fier with very weak filtering or without filtering, calculate the maximum 
voltage we can have at the inverter output without overmodulation. Use 
Figure 5.11 and Equation 5.31 after definition of the minimum value of 
the rectified voltage (VDC). Consider the grid RMS voltage as 120 V per 
phase.

	P5.6	 Demonstrate Equations 5.41 through 5.46.
	P5.7	 Write Equation 5.48 for each sector, using the active switching vectors 

from Figure 5.13 and their ortho-normal coordinates in the complex 
plane.

	P5.8	 Use Figure 5.23 and define the instants for turning ON each of the six 
IGBT switches.
•	 Write their expressions as a delay from the beginning of the sam-

pling interval: For instance, f(S1) = t0/2, f(S2) = Ts − t0/2, and so on. 
Replace definitions from Equations 5.41 through 5.46 for each sector. 
Organize these results as a flowchart to be implemented in a micro-
controller with a center-aligned PWM generator.

•	 Write a computer program and draw the evolution of the calculated 
ON-time. Compare the results with Figure 5.15.

	P5.9	 Do the same as in P.5.7. with the switching sequence shown in Figure 5.28.
		  Compare results with Figure 5.29.
	P5.10	 Explain an algorithm to take advantage of the best HCF from Figures 5.30 

and Figure 5.32. How can we modify the switching reference function to 
ensure a smooth transition from one method to another?
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Practical Aspects in 
Building Three-Phase 
Power Converters

6.1 � SELECTION OF POWER DEVICES IN A THREE-PHASE 
INVERTER

Previous chapters have explained the operation of a three-phase converter and the 
need for pulse width modulation (PWM). This chapter investigates the three phase 
power converter as a system, outlining packaging and protection problems.

Power semiconductor devices for a three-phase power converter should be selected 
after determining the power converter ratings from the application requirements and 
taking into account the cooling and stress requirements for a given power level.

6.1.1  Motor Drives

When the power converter is used within a motor drive, its rating depends on the 
motor characteristics as it follows.

6.1.1.1  Load Characteristics
The application should provide information about the maximum torque required.

The power converter should take into account an increase of about 60% torque 
availability as an overload. Sometimes, this overload is considered within the rated 
torque with a derate of the nominal torque.

6.1.1.2  Maximum Current Available
The maximum phase current can be derived from the nominal power on the motor data.

6.1.1.3  Maximum Apparent Power
The power converter must be able to process the whole apparent power, including the 
active power that produces torque and circulates reactive power.

6.1.1.4  Maximum Active (Load) Power
The maximum power processed by the power converter can be calculated if the effi-
ciency and cost of the motor at a fixed operation mode are known. This criterion is 
not very effective as both these vary highly with the mode of operation.

After the motor data has been investigated for power converter ratings of maxi-
mum phase voltage and currents, selection of power semiconductor switches should 
be made including additional margins required for overvoltage and overcurrent.

6
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6.1.2  Grid Applications

The power is transferred from the grid mainly on fundamental frequency and the 
power semiconductor switches can be rated for their active power and a tolerable 
power factor. The fixed grid voltage automatically sets a fixed maximum voltage 
on the power semiconductor switches. Both current and voltage can be considered, 
respectively, with overvoltage and overcurrent. Modern snubberless converters do 
not require an overvoltage rating consistently larger than the operation voltage across 
the power semiconductor device.

Once we have a rough idea of the maximum levels of currents and voltage on power 
semiconductor switches, we have to check the cooling system. Appropriate switch-
ing power or energy losses for the required current level can be calculated based on 
the device model or estimated from device datasheets. For instance, Powerex insu-
lated gate bipolar transistors (IGBTs) provide all switching energy losses estimated 
for different operation conditions. The switching losses are added to the conduction 
losses of each power semiconductor device to determine the cooling requirements. 
The datasheet also provides information about the junction-to-case thermal resis-
tance for each semiconductor package.

The application should also provide information about the cooling system (air or 
coolant) and the temperature and pressure of the coolant agent. Simple equations 
determine the change in temperature under these cooling conditions, when the power 
loss is known. If the system has to work at a high temperature, an iterative process in 
a larger power device should be considered. There are some cases when the thermal 
requirement becomes more important than the maximum current. For instance, a 
27 kW/300 V/90 A IGBT-based DC–DC power converter used in automotive appli-
cations may have the inlet coolant at 90°C. Selecting 100 A devices produces a junc-
tion temperature higher than recorded in the device datasheet.

Iterative design leads to selection of 300 A devices in order to overcome this ther-
mal constraint. Higher current devices have lower thermal resistance because they 
have a different technology and can cope better in high temperature conditions. In 
many cases, this solution is cheaper than considering a more sophisticated cooling 
system with a lower thermal resistance.

Power semiconductor devices should be protected against extreme operating con-
ditions and faults. Several protection requirements have become standard for power 
converters at any power level.

6.2  PROTECTION

6.2.1 O vercurrent

A very large value of the current can pass through a power semiconductor switch for 
diverse operational reasons. Let us try to understand the main sources of overcurrent 
and the means of electronic protection before the fuses burn.

Insulation breakdown or wrong connections can produce a short-circuit between 
two output wires (phases) (Figure 6.1). A simple shunt resistor followed by a linear 
optocoupler or a Hall-effect sensor on the DC bus can detect the unexpected peak 
of the current. Another protection method consists of using the same phase current 
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sensors that are used for current control. Each phase current is compared against two 
extreme thresholds for positive and negative levels.

Ground fault is another possible source of overcurrent and it may be caused by a 
motor insulation breakdown to the ground (Figure 6.2). This source of overcurrent 
can also be detected with one of the previous methods: sensing either the DC current 
or each phase current. It is important to note that many industrial power converters 

+

– VphB

VphA

VphC

Current sensed on the
“+DC” or “–DC” bus

FIGURE 6.1  Short-circuit between two phases.
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FIGURE 6.2  Ground fault.
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controlled with vector-control methods do not measure all three-phase currents, but 
only two. They count on the symmetries of the three-phase system and calculate the 
third phase current as a difference between the sum of the other two currents and 
zero. Such a system cannot detect the ground fault if it occurs in the third phase.

Accordingly, a ground fault-protected system must sense all the three-phase currents.
Another source of undesired large currents arises from the shoot-through or 

cross-conduction fault. In certain conditions, the turn-on of an IGBT can produce a 
large positive (dv/dt) across the other IGBT on the same leg. Due to the Miller effect, 
this voltage variation can be accidentally transformed into gate current and turn-
on the second IGBT. This would produce simultaneous conduction of both IGBT 
devices and short-circuit of the DC bus (Figure 6.3).

A general approach for protection consists of sensing voltage across each IGBT 
to prevent voltage build-up when the IGBT is in a controlled ON state. There are 
many circuit possibilities to implement this method: all of them sense the collector–
emitter voltage and compare it with a fixed reference. Exceeding the reference shuts 
the gates off.

A simple circuit designated for this protection is shown in Figure 6.4 and it is 
called Desat protection. This name comes from the bipolar transistor’s saturation, 
and basically this circuit verifies if the controlled power semiconductor is really in 
the normal ON state (or “saturated” for a bipolar transistor). The voltage drop on the 
switch is sensed and compared with a reference defined by a Zener diode.

If the transistor is unsaturated, the voltage drop is higher than the specified value, 
and the hysteresis comparator inhibits the control signal, turning-off the power semi-
conductor switch.

It is important to note that any of these three sources of overcurrent (line-to-line, 
ground, or shoot-through) can trigger the system protection in order to shut-off all 
six gates of a three-phase inverter. A quick shutdown generally produces a large 
voltage spike due to inductive components’ tendency to keep the current circulating. 

+

–
VphB

VphA

VphC

FIGURE 6.3  Shoot through.
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This can be prevented by a soft shutdown of the IGBT under overcurrent, paying the 
price, though, of increased complexity of the control circuit.

The soft shutdown method shuts the gates off with a large gate resistor that is 
able to slow-down the turn-off waveforms. Synchronization of shutdown for all six 
gates implies additional complexity of the control circuitry. For this reason, the soft 
shutdown is used at low power levels where integrated circuits (IC) technology can 
easily accommodate the extra circuitry. International Rectifier Corporation has a 
nice series of high-voltage (600 and 1200 V) gate drivers (IR21xx and IR22xx) able 
to perform soft shutdown in the horsepower range.

6.2.2  Fuses

Processing power in high-voltage circuits implies also protection against overcur-
rent and, especially, short-circuits. Fuses represent the most known method of over-
current protection. A fuse is a device able to break a high current through its own 
damage under the heat generated by that current. Figure 6.5 presents the structure 
of a fuse.

+15 V

R1R2

Logic
circuit

Gate
control

Control signal

DZ
Hysteresis
comparator

FIGURE 6.4  Desat protection.

Fuse
elements =
silver ribbon
sensitive to the
RMS current

Body

Terminal

Terminal

Reduced sections
easier to melt

Current

FIGURE 6.5  Basic structure of a fuse.
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Current through the fuse produces heat, especially in the reduced sections. At 
high currents, these regions melt and the fuse is damaged. The rated current of the 
fuse is the maximum current carried continuously by the fuse without damage. This 
continuous current rating is defined with test procedures given in IEC269 or UL248 
standards for ambient temperature, open air, and AC voltage at 50 or 60 Hz (grid). 
Another standard UL198L (DC Fuses for Industrial Use) provides the DC rating of 
the fuses in industrial applications.

An important parameter of a fuse is I2t (squared RMS current multiplied by the 
clearing time) and it defines the fuse melting under a high fault current (Figure 6.6) 
[1]. The fuse can also melt when a lower current passes through the fuse for a longer 
time. This defines a dependency of the melting time that is inversely proportional to 
the applied current (Figure 6.7).

Selection of fuses for protection of a power converter depends on the voltage, total 
RMS current, the semiconductor device’s rupturing I2t value, device current di/dt, 
circuit inductance, ambient temperature, style of connection, and so on [1–3]. Diodes 
and other rectifier semiconductors are provided with datasheet information on a half-
cycle surge rating characterized by the magnitude of a single sinusoidal half-cycle 
pulse at 50 or 60 Hz that the device can withstand. This value along with the half-
cycle length (8.33 or 10 ms) is considered to calculate the semiconductor I2t value.

Fuse selection is dependent on the total current containing both fundamental and 
harmonics and this is especially important in IGBT fusing. The high-switching fre-
quency influences through the skin and proximity effects that are caused by nonuni-
form distribution of current density in the fuse elements. These effects are not very 
clearly known or defined, but they may justify premature opening of the fuse under 
the switching frequency components. A complete analysis of the power dissipation 
in a fuse under harmonics is presented in [4].

t

I2t

I (A)

I peak

0

High fault current
Should

compare
this I2t with
that of IGBT

Clearing time

FIGURE 6.6  Fuse action on high fault current.

t

I (A)

0

Low fault current

Melting time

Fuse break the
main current

FIGURE 6.7  Melting of the fuse due to long-term current.
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When a short-circuit occurs in an IGBT-based circuit, the collector–emitter volt-
age tends to increase immediately to a high value, which rapidly increases the inter-
nal power dissipation and failure of the device. Electronic protection circuits have 
been presented in the previous section. A fuse is used as protection when the elec-
tronic protection fails or is not used. The presence of the unprotected short-circuit 
in an IGBT can produce IGBT rupture, melting of the emitter connections or of the 
other circuit wires. If the IGBT rupture I2t data is missing, a good practice is to cal-
culate the I2t for the copper bonding wire:

	 I t S2 2100 000 110 000⋅ = ⋅( , , )… 	 (6.1)

where S is the wire section in mm2.
This will ensure lower values than those experimentally defined for the IGBT case.
There are several possible distributions of fuses within a power converter. A 

complete solution includes protection on the DC bus, on phase currents, and on all 
IGBTs. This is not totally justified and a simpler or cheaper solution is generally sat-
isfactory. The best compromise for the position of fuses within a three-phase inverter 
is shown in Figure 6.8.

When the fuse needs to break an inductive current within a DC circuit, the value 
of the circuit inductance determines the clearing time. The larger the inductance, 
the harder it is for the fuse to break the current. If a fuse is capable of suppressing a 
given amount of energy, then the DC voltage rating of a fuse is only valid for a spe-
cific time constant influenced by the amount of inductive component. For instance, a 
typical time constant for a capacitor bank, battery supply, and distribution circuits or 
UPS inverters is less than 10 ms, the DC motor armature has a typical time constant 
of 20–40 ms, and a traction system has a time constant of less than 100 ms.

Table 6.1 shows the entire UL (Underwriters Laboratory) classification of low-
voltage fuses (Hundred of Volts). The “branch-circuit” rated class fuse is the most 
robust of the DC fuses. While the catalog number may vary from a manufacturer to 
another, these fuses fall into several classes, each having different performance char-
acteristics and sizes. Such classes are: RK-1 and RK-5 (0.1–600 amps), T (1–1200 

+

– VphB

VphA
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f 1

f 2 f 2 f 2

Best positions

FIGURE 6.8  Best (reduced) placement of fuses.
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amps), and CC (0.1–30 amps). Among them, the most popular, the RK-1 and RK-5 
fuses fit in the fused, safety-switch disconnects available from all electrical supply 
houses and many home centers. These RK fuses are grouped in sizes by voltage with 
the shorter sizes having a 125-volt rating and longer sizes having a 250 or 600-volt 
DC rating. They are also grouped by current range (0.1–30, 35–60, 70–100, 110–200, 
225–400, and 450–600 amps).

In North America, fuses for medium voltage applications (kV range) fall within 
one of the following categories:

•	 “E” fuses are generally used for transformers and general-purpose applications.
•	 “E”-rated fuses for under 100 A must melt in 300 s at an RMS cur-

rent within the range of 200–240% of the fuse’s continuous current 
rating.

•	 “E”-rated fuses above 100 A must melt in 600 s at an RMS current 
within the range of 240–264% of the fuse’s continuous current rating.

•	 “R” fuses are used for motors with high starting currents and generally are 
back-up fuses that provide short-circuit protection for motor circuits.
•	 R-rated fuses will melt in a range of 15–35 s at a current equal to 100 

times the “R” rating.

The mounting of fuses on the busbar or printed-circuit-board should ensure 
a minimal electrical resistance of the contact, and under the assumption that the 
mounting support will sink heat from the fuse and not contribute to the fuse heating.

6.2.3 O vertemperature

Power semiconductor devices are usually rated at a junction temperature between 
−40° and 150°C. Automotive, aerospace, or military applications require semicon-
ductors rated below −40° or above 150°. For instance, power electronics for hybrid 
vehicles use the same cooling path as the engine providing a coolant at 90°. MOSFET 
devices are available today at 175° or 200° junction temperature. The advent of sili-
con carbide-based power devices will make possible operation above 250°.

A direct junction temperature measurement is very difficult. There are IGBT 
devices available in the market with junction temperature measurement based 
on a sensing diode on the same package, but they are expensive and, therefore, not 
widely used.

The most common approach to overtemperature protection consists of a tem-
perature sensor on the cold plate or heatsink supporting the IGBT. If this thermo-
coupler is mounted as close as possible to the IGBT, it provides a good reading of 
the device package’s temperature. The measurement circuit is followed by analog 
processing. Unfortunately, the thermocoupler sensor is not linear and a lineariza-
tion curve is needed if the temperature really needs measuring. This can usually 
be achieved by software using a piece-wise linearization method. Overtemperature 
protection does not really need this linearization or precise measurement, but 
requires only a comparison with a reference threshold in order to trigger the shut-
down process.
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Additional temperature monitoring is needed for the cooling system: this is either 
air-based or liquid-cooled. Some systems cooled with liquid also check the pressure.

6.2.4 O vervoltage

DC bus voltage and phase voltages are also monitored. If overvoltage on the DC bus 
is detected, the IGBTs within the three-phase inverter need to be shutdown. Power 
electronics systems may require monitoring of the phase voltages and shutdown in 
case of overvoltage. Circuits for voltage monitoring are based on resistive or trans-
former `sensing of voltage followed by comparison with required thresholds. In high 
voltage, insulation with transformers from the power wires is required.

Except for these accidental overvoltage faults demanding fast action from the gate 
controller, overvoltage with slower transients is suppressed with devices called surge 
arrestors. This type of overvoltage can occur, for instance, at connection of a power 
electronics circuit to the power lines.

There are two classes of surge arresters: crowbar protection and clamping protection.
A crowbar device starts to conduct due to a quick change of its impedance when 

subjected to a large voltage. During this conduction interval, the voltage drop across 
the crowbar is limited to less than 15 V, allowing a large current to pass through it. It 
may be used in association with a dissipation resistor, a current-limiting device, or in 
series with a fuse that may blow due to the large current produced when the crowbar 
conducts. The energy is not dissipated on the crowbar device itself. The crowbar 
technique is also used in low-voltage DC/DC voltage regulators.

The most commonly used crowbar devices are air-gap protector, carbon-block 
protector, gas-discharge tube, and silicon-controlled rectifier (thyristor).

The second group of surge arrestors is composed of clamping devices. A clamp-
ing device varies its internal resistance to limit the voltage transient by absorbing 
some of the transient energy. This is a serious limitation during application at large 
currents. Possible devices in this group are Zener diodes and metal oxide varis-
tors (MOVs). MOV devices are mostly used in power converter applications. They 
have a voltage variable resistance and can support large currents during protection. 
However, they tend to degrade over time if high peak currents are repeated.

Varistor protective devices have peak current ratings from 20 A–70,000 A, peak 
energy ratings from 0.01 J–10,000 J, and mounting options to serve a wide range of 
applications. There are two major classes of products:

•	 Multilayer Varistor (MLV) family consists of compact surface mount devices 
with enhanced performance and filtering characteristics for circuit board level 
applications. They protect against electrostatic discharge, EFT and surge, offer 
low capacitance for high data rates and high capacitance for EMI filtering, and 
are widely used in computers, handheld devices, and automotive electronics.

•	 Metal Oxide Varistor (MOV) family is the most suitable to the circuits pre-
sented in this thesis. They suppress higher energy voltage transients such as 
those generated by electrical load switching, they are offered in mounting 
options including bare disk, terminal connection, or radial and axial leaded 
packages.
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MOV devices have a low power dissipation capability and they will be destroyed 
by repetitive transients. The MOV’s lifetime should be carefully considered in accor-
dance with the particular operation.

6.2.5 S nubber Circuits

The transition of current between a power semiconductor switch and a diode has 
been explained in Chapter 2. Once current has been transferred from the turning 
off device to the turning-on device, the voltage starts to swing. This hard-switch-
ing induces a time interval during which both current and voltage are large in the 
turning-on device. As shown in Figures 2.2 and 2.7, this stress is more important for 
inductive loads due to the overvoltage produced by the current variation (di/dt).

6.2.5.1  Theory
Trajectories in the (IC, VCE) corresponding to the real operation are shown in Figure 
6.9. They depend upon stray inductances, parasitic capacitances, and IGBT switch-
ing performances as di/dt, dv/dt. For instance, the IGBT package itself has a stray 
inductance of few tens of nanoHenries (nH) (for devices of the order of hundreds of 
amperes). The largest parasitic inductance is introduced by the DC bus connection 
of the inverter. It is very important to minimize the circuit parasitic inductances with 
a proper layout design [5,6].

Factors as di/dt, dv/dt can be partly adjusted through the gate circuit and the 
operation area can be minimized inside the datasheet safe operating area. The over-
voltage produced by the recovering diode can also be limited by increasing the gate 
resistor.

It may be necessary to limit the slope of the current at turn-on of a power semi-
conductor device by inserting a series inductance. This is not usually the case in 
modern devices, but is required for some gate turn-off thyristors (GTO) or bipolar 
transistor-based inverters. Since the switching current adds up to the recovery cur-
rent of the diode, sometimes an alternative solution consists of using a saturable 
inductor with a ferrite core in series with the diode. This inductor is supposed to take 
over all the voltage during recovery and it may reduce the recovery current.

Idealized switching curve

VCE

IC

Overvoltage at turn-off

Overcurrent at turn-on

Turn-off

Turn-on

FIGURE 6.9  Trajectories during operation within a real circuit.
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At turn-off, it may be necessary to limit the slope of the voltage. A better limi-
tation along with power loss reduction can be achieved with snubber circuits [7] 
(Figure 6.10). When the snubber circuit is missing, the voltage will resonate due to 
the semiconductor parasitic capacitance and connections’ inductance. The snubber 
circuit has to dump these oscillations.

For low-power applications, the parasitic inductance of the IGBT package and 
mounting on the bus bar are smaller than the inductance of the DC link. This is the 
case of discrete IGBTs or IGBT-based power modules used in applications above 
tens of amperes. Using power modules is definitely better as all connections are 
inside the package with extremely low parasitic inductances. The common solution 
consists of a simple decoupling capacitor across the entire inverter leg, providing a 
noninductive path for current transition (Figure 6.10a). High-frequency polypropyl-
ene film capacitors or other low equivalent series inductance-capacitors are espe-
cially designed for dual module IGBTs. They are mounted directly on the module 
terminals (Table 6.2) [8,9].

Depending on the estimated equivalent parasitic inductance, the decoupling 
capacitor can have values between 100 nF and 10 µF, usually 1 µF for each 100 A in 
the power semiconductor switch. A simplified calculation of the capacitor value can 
be made after neglecting the turn-off details within the semiconductor (Figure 6.11). 
The collector–emitter voltage is given by
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FIGURE 6.10  Snubber and switch equivalent circuit.
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VCE

IC

Ideal characteristics at Cs = 0

Cs = small

Cs = optim

Cs = large

IC

IC

IC

ID

ID

ID

ICs

ICs

ICs

VC

VC

VC

FIGURE 6.11  Discussion on the snubber capacitor value.

TABLE 6.1
Underwriters Laboratory (UL) Classification (Rating) of Low-Voltage Fuses

UL Class
Fuse Overload 
Characteristics

Rating 
[Amperes]

AC Voltage 
[Rating]

Available Ampere 
Ratings

L Time-delay 200,000 600 200–6000
601–4000
200–2000

RK1 Time-delay 200,000 250
600

0.10–600

fast-acting 200,000 250
600

1–600

RK5 Time-delay 200,000 250
600

0.10–600

T Fast-acting 200,000 300
600

1–1200
1–1200

J Time-delay 200,000 600 1–600

Fast-acting 200,000 600 1–600

CC Time-delay 200,000 600 0.10–30
0.25–30

Fast-acting 200,000 600 0.10

CD Time-delay 200,000 600 35–60

G Time-delay 100,000 480 0.50–60

K5 Fast-acting   50,000 250
600

1–600

H Renewable fuses 
fast-acting

  10,000 250
600

1–600
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where I0 is the load current at the moment of turn-off. Replacing this solution in 
Equation 6.3 yields:
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One can define a maximum desired voltage across the IGBT [VMAX] and replace 
for the maximum defined by previous equation.
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Therefore, calculation of the needed capacitor value depends on the estimated 
value for the parasitic inductance.

Using the decoupling capacitor alone may not be the solution when the resonance 
between the DC link inductance and this capacitor produces a large bus ringing. An 
alternative solution is to insert a resistor-diode circuit in series with the capacitor. 
This will clamp the ringing. When the switch turns-off, the energy stored within 
Lp3 is transferred to the capacitor Cs. The tendency of returning the energy to the 
bus inductance through oscillation is blocked by diode Ds. Moreover, the capacitor 
is decoupled during turn-on and the DC link parasitic inductance will smoothen the 
turn-on transition and reduce the appropriate switching loss. The drawback of this 
approach is the additional inductance introduced in the circuit by the resistor–diode 
connection.

For high-power applications, the solution presented in Figure 6.10b is used. The 
snubber contains an Rs–Cs series network across each power semiconductor switch.

The Cs capacitance must be twice as large as the parasitic capacitance of the 
power semiconductor switch and its mounting. The Rs resistor is introduced to sus-
tain the whole load current when Cs is discharged.

Accordingly, it yields R V Is L= DC

A second condition for Rs can be derived from the time constant for the discharg-
ing process. The snubber capacitor should discharge back to VDC before the next 
turn-off moment, that is:

	
R

C fs
s sw

= ⋅ ⋅
1

6 	
(6.7)

The introduction of this resistor reduces the system efficiency due to inherent 
losses. The resistor loss at turn-off yields:
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2
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Losses at turn-on can be approximated as having the same value.
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Using a resistor–diode assembly for dumping the voltage ring is another option. 
Advantages in this case are similar to those for clamping of the whole DC bus. 
The snubber capacitor is fully discharged during IGBT turn-on, whereas it is fully 
charged at turn-off. The losses in the snubber resistor are substantially higher in this 
case and can be expressed as

	
P C V fsRs pk sw( )off = ⋅ ⋅ ⋅1

2
2

	
(6.9)

6.2.5.2  Component Selection
Snubber capacitors are subject to high peak and RMS currents as well as large dv/dt. 
The industry now provides capacitors especially built for this application. Snubber 
capacitors can be purchased as discrete components or as modules that allow connec-
tion of the snubber directly across the IGBT module terminal in order to minimize 
the terminal inductance. Table 6.2 presents different solutions for snubber capacitors 
provided by Cornell-Dubilier [9].

The snubber resistor should be selected to have the lowest possible inductance. 
Possible choices are carbon composite or metal film, but these are not easily avail-
able at high power. In this case, low inductance wire-wound resistors can be selected.

The diode in the snubber circuit experiences the same peak voltage as the snubber 
capacitor: the current is small in average but large in its peak. The blocking action of 
these diodes should be faster than the actual protected power semiconductor. Fast-
switching diodes rated for the snubber capacitor voltage and circuit peak current 
should therefore be selected.

6.2.5.3  Undeland Snubber Circuit
Using Resistance-Capacitance-Diode (RCD) snubbers for both power semiconductor 
switches on one inverter leg requires many components and introduces large losses, 

TABLE 6.2
Solutions for Special Snubber Capacitors

Code Dielectric Electrode
Voltage 

[V]
Capacitance 

[μF]
Max (dv/dt) 

[V/μs]

Package type: Wrap and fill axial leads
WPP Polypropilene Foil 250–1000 0.001–2.0 300–10,000

DPF Polypropilene Foil 250–2000 0.001–0.47 3000–10,000

940-1 Polypropilene Double metalized 600–3000 0.1–4.7 100–2000

942-3 Polypropilene Double metalized 600–2000 0.1–4.7 500–5000

Package type: Dipped with radial leads
CDx Mica Foil 500–1500 0.1–10 nF >10,000

Package type: Direct mount on IGBT module terminals
SCD Polypropilene Double metalized 600–2000 0.1–10.0 100–2000
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as demonstrated. A special snubber circuit has been proposed by Undeland (Figure 
6.12) to minimize the number of components and to reduce the losses within the 
snubber. This circuit confines all losses in only one resistor, simplifying the energy 
recovery.

Capacitor Cs2 separates the snubber circuit from the power stage during the inter-
vals between switchings. At the end of each switching cycle, the excess energy within 
the inductance is discharged through Ds2 and Ds1 into the capacitor Cs1. The voltage 
across this capacitor tends to go above the DC bus voltage and the difference is dis-
sipated on the snubber resistor Rs. This energy through Rs can be further recovered 
into the DC bus with regenerative snubbers.

6.2.5.4  Regenerative Snubber Circuits for Very Large Power
The higher the power within the power stage, the higher the losses in the snubber 
resistors associated with the six switches. For this reason, high-power converters are 
built with circuits able to recover something from this energy into the DC bus [10,11]. 
They are generally referred to as regenerative snubbers (Figure 6.13) [12–14].

It is worth noting that regenerative snubbers are useful in high-power convert-
ers equipped with slow-switching devices like gate turn-off thyristors (GTO) where 
losses are large. Such equipment is still in use in many places and some companies 
are currently producing GTO-based converters in multi-MW range. On the other 
hand, modern power semiconductor devices, for instance, IGBTs, are nowadays 
available in 1 kA range, and some of these devices do not need snubbering at all. 
Building snubberless power converters with IGBTs like Powerex MegaPack (300 V, 
1000 A) makes this topic obsolete. However, due to historical reasons and due to the 
large number of GTO-based converters in use, regenerative snubbers are presented 
here.

6.2.5.5  Resonant Snubbers
The whole idea of using a snubber circuit can be reduced to controlling the slope of 
the current increase at turn-on and the slope of voltage at turn-off. The most minimal 

+

–

Rs

VDC

Cs1

Ds1

Ds2

Cs2IL

Undeland
snubber

Inverter leg

FIGURE 6.12  Undeland snubber with reduced losses.
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solution has been shown to be a series inductor for turn-on and a parallel capacitor 
for turn-off. Complete solutions including resistance and diodes have been explained. 
Another concept is that of keeping all the transition losses out of the power semicon-
ductor device by controlling its switching at zero current or zero voltage. This concept 
was first developed in the 1980s and is called resonant snubber. The simplest imple-
mentation of this concept consists of a circuit with a capacitor parallel to the power 
semiconductor device and an increased inductance in series (Figure 6.14).

This is represented as a buck converter, but it can also be a part of a converter leg. 
The capacitor might be the parasitic capacitor across a MOSFET device. The power 

FIGURE 6.13  Circuit examples of regenerative snubbers.

Lr SW1

IL

VDC

+

–
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D1

D2

FIGURE 6.14  Principle of resonant snubber.
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semiconductor switch Sw1 will have transitions at zero voltage due to the resonance. 
It is controlled like regular switches within the buck or inverter leg operation.

Supposing Sw1 is off, the load current IL is passing through Cr and Lr charging the 
capacitor. Assuming a constant current IL, the voltage across the resonant inductor 
stays zero while the capacitor voltage increases linearly.
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By difference, the voltage across D2 decreases as
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Shortly, this diode turns-on and the charging time interval is defined as
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It is important to note that the slope of the voltage increase across the switch Sw1 
is ideally limited by resonance at IL/Cr. The existence of the time interval t1 does not 
considerably change the operation of the converter.

Next, the diode D2 conducts a part of the load current, while the rest of the current 
circulates through the series resonant circuit Lr-Cr. The voltage across the capacitor 
Cr is the solution of the differential equation:
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with v VCr
= DC  as initial condition.

The expression of the capacitor voltage yields:
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This shows an increase of the capacitor voltage after turning-on the diode D2 and 
then a decrease toward zero according to the resonant swing. The capacitor voltage 
crosses zero only if:
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which is a very strong constraint for sinusoidal inverters. For small load currents, 
the voltage across capacitor will not cross zero. The current variation through Lr and 
Cr is a cosine function during this time. The moment of time corresponding to zero 
capacitor voltage is given by
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After this moment, diode D1 turns-on and takes over the Lr current and the Cr is no 
longer conducting current. The voltage across the inductor Lr is clamped at VDC and its 
current goes linearly to zero. Throughout this interval of current decrease, the voltage 
across Sw1 is kept at zero, and any turn-on command produces commutation at zero, 
voltage after the Lr current goes to zero. The time associated with this event is given by
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The duration of the OFF interval is thus limited by parameters of the resonant 
circuit:

	
∆ ∆t T tx y≤ ≤

off 	 (6.18)

It can be noticed that power semiconductor devices are switched at zero voltage 
without switching losses. After Sw1 turns-on, current through Sw1 increases slowly 
due to Lr under a constant voltage VDC. Diode D2 stays in conduction for another 
short time interval under the same equivalent circuit derived previously during the 
D1 conduction. This interval ends when the current through D2 gets to zero. This 
current equals the difference between the load constant current IL and the linearly 
increasing current through Sw1.

A complete solution is presented in Figure 6.15 for a three-phase inverter. The 
capacitors are distributed in parallel with each switch, while the inductance is placed 
on the DC bus and increased from the value of the parasitic inductance. Modern 
MOSFET-based inverters can take advantage of the MOSFET’s inherent parallel 
capacitance. After the parasitic inductance is estimated, additional inductance may 
become necessary to achieve the desired resonant frequency. The resonant frequency 
influences the voltage swing slope and the delay to zero crossing.

The early 1990s brought the explosive development of IGBTs and this concept 
has been widely developed in what we know today as resonant converters. A special 
chapter is later dedicated to this topic.

 



197Practical Aspects in Building Three-Phase Power Converters

6.2.5.6  Active Snubbering
Voltage overshoot protection can also be achieved by including an additional stage in 
the gate driver (Figure 6.16) [15]. At turn-off, the protection transistor Qp is turned-
on and the gate is discharged through it. When the IGBT collector voltage reaches 
the breakdown voltage of the Zener diode, a current flows through the gate of Qp and 
turns it off. The remaining current flows through Roff, slowing down the dv/dt rate. 
An additional benefit of this method is that switching power is reduced by half.

6.2.6  Gate Driver Faults

Another possible fault can occur at the gate-driver level. A faulty operation of the 
gate driver leading to absence of the control pulses at the IGBT gate should be 
detected and all the six gate drivers of the inverter turned-off. This is generally 
processed through the control device, a field programmable gate array (FPGA) or a 
digital signal processor circuit.

+

–
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Lr

Cr

Cr Cr
Cr

Cr Cr

FIGURE 6.15  Distributed resonant snubber.
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FIGURE 6.16  Active voltage overshoot protection.
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6.3  SYSTEM PROTECTION MANAGEMENT

Complex systems including multiple power converters, sources, or loads have a pro-
tection system that sets several levels of priority for communication between them. 
This is also discussed in Chapter 7 [16].

6.4 � REDUCTION OF COMMON MODE EMI THROUGH 
INVERTER TECHNIQUES

Chapter 1 has shown the importance of preventing common- and differential-mode 
electro-magnetic inference (EMI) in switching power converters and the appropriate 
standards have been described. Special EMI filters are commercially available for 
currents up to 100 A in grid-connected applications. They are based on higher order 
passive filters especially calibrated to limit EMI according to standards.

Let us now take a look at some circuit solutions for the common-mode EMI 
reduction. Three-phase inverters in which the neutral is not connected experience 
a continuous variation of the neutral voltage with respect to earth. This is illus-
trated in Figure 6.17 for a pulse width modulation (PWM) algorithm that represents 
a sequence of active and zero states already known for the three-phase inverter.

Each state of the inverter operation produces a different level of neutral voltage 
as shown in Table 6.3. The largest neutral voltage change (step) occurs when using 
zero states. A possible minimization of the common-mode voltage and ground cur-
rent can be achieved by avoiding zero states within the PWM generation [17,18]. 
The drawback of such a solution is in increasing the ripple of the motor currents and 
limiting the maximum modulation index.
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FIGURE 6.17  Variation of the neutral point voltage in respect with the middle point of the 
DC link for a Sinusoidal PWM at 3 kHz and VDC = 100 V.
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The parasitic coupling between the neutral point of the load and ground creates a 
path for the common-mode current flow. Note that the slope of neutral point voltage 
variation follows the voltage variation across the power semiconductor switches. The 
faster are these switchings, the larger is the current to ground. Figure 6.18 shows the 
capacitor path of the common-mode current.

Capacitor Cg can be the machine’s stray capacitance or the distributed parasitic 
capacitance to ground. These common-mode currents create EMI problems and can 
produce damage to the electrical machine through bearing current, shaft voltage, 
insulation breakdown, or current flowing through the stray capacitors between motor 
and frame. These currents show components within the range of 100 kHz to tens of 
MHz and cannot completely be removed with ordinary chokes or EMI filters (like 
baluns).

A prior solution considered a common-mode transformer with an additional 
winding shorted by a resistor (Figure 6.18) [19–21]. The neutral point voltage is 
detected with an RC three-phase network. In this solution, care has to be taken to 
choose the appropriate R and C components, as they appear in parallel with each 
load phase. One improvement is to create the neutral voltage with an iron core trans-
former that offers very large impedance in parallel with each load phase (Figure 
6.19). The resulting current circulates through the fourth winding of a four-winding 
ferrite-core common-mode inductor [22]. This is used for common-mode current 
cancelation. Furthermore, an RC circuit is used (Figure 6.19) to limit the power dis-
sipation, as only the edges of the common mode voltage are addressed in order to 
minimize their slope.

TABLE 6.3
Neutral Voltage for Each State of Inverter Operation

[1 0 0] –0.16 * VDC

[1 1 0]   0.16 * VDC

[0 1 0] –0.16 * VDC

[0 1 1]   0.16 * VDC

[0 0 1] –0.16 * VDC

[1 0 1]   0.16 * VDC

[1 1 1]   0.50 * VDC

[0 0 0] –0.50 * VDC

Three-
phase

inverter

Cg

+

–

Load

i = Cg* (dv/dt)

FIGURE 6.18  Common mode current.
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This group of methods has proven inefficient in withdrawing the aperiodic 
ground-current. Elimination of both oscillatory and aperiodic ground currents 
(common-mode voltage) have been attempted with active circuits [21,23]. They can 
be used in the horsepower range in which high-frequency transistors are available 
for common-mode voltage control. One of these solutions is shown in Figure 6.20 
[24]. The common-mode voltage at the inverter output is reconstructed with a set of 
small capacitors Cx and used to control an inverter leg. This adds a compensating 
voltage at the inverter outputs through the transformer Tr. This completely cancels 
the common-mode voltage on the load.

The implementation issues of this method relate to the choice of the transis-
tors in the active circuitry. Transistors are operated in the active region following 
emitters and should have a wide frequency bandwidth and low output impedance 
to eliminate any influence of the output current in the compensating voltage. The 
high-frequency bandwidth ensures that the compensating voltage precisely follows 
the slopes of the inverter output voltages. The power dissipation within these tran-
sistors is very small ( ~0.5%) as the transistors carry only the transient part of the 
load voltage.
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FIGURE 6.19  Common mode transformer.
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FIGURE 6.20  Active control with high frequency bandwidth transistors.
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At high-power levels, none of these approaches based on active common voltage 
canceling is convenient [25]. The alternative solution consists in using a fourth con-
verter leg (Figure 6.21).

The power converter becomes a converter with four identical legs followed by LC 
low-pass filters. For balanced systems, the fourth leg can be derated with respect to 
the conventional inverter. The role of this additional leg is to complement the neutral 
voltage so that the instantaneous sum of all pole voltages is zero and no common-
mode current is created. The drawback is that it is not practical to add a fourth load 
phase for the compensating current. A filter system with four phases can be used to 
fictitiously create the fourth phase and cancel common-mode voltage at the neutral 
point. If the load is perfectly symmetrical, this idea works perfectly. It is limited only 
by the frequency characteristics of the transfer function through the passive compo-
nents used in filter and load.

Summation of voltage effects is therefore created through the low-pass filters LC 
when the fourth leg voltage is generated by reversing the information from Table 6.2, 
that is, to have always two switches tied to the positive DC rail and two switches to 
the negative rail. However, zero states cannot be used within this approach. Other 
PWM algorithms can however be defined without the use of zero states. A possible 
solution is to create the effect of zero state by employing two opposite vectors. For 
instance, if the last active state before the zero state was [1 0 0], we create the effect 
of the zero state by using the active states [1 0 0] and [0 1 1], each for half of the 
time desired for the zero state. Figure 6.22 illustrates this principle for a single pulse 
within the PWM algorithm. The extended time intervals associated with the active 
states produce more ripple on the load phase currents. In other words, a proper selec-
tion of the PWM algorithm can help in reducing the common-mode voltages at the 
price of increased ripple on the load.
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FIGURE 6.21  Four leg inverter.
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6.5 � TYPICAL BUILDING STRUCTURES OF THE CONVENTIONAL 
INVERTER DEPENDING ON THE POWER LEVEL

As shown in Chapter 1, the same circuit topology can be used at 10 or 1000 A, but 
building the appropriate power converters differs with the power level. In order to 
understand constraints for packaging power converters at different power levels, let 
us start with a review of power semiconductor packages.

6.5.1 P ackages for Power Semiconductor Devices

Figure 6.23 illustrates different packages used for IGBT devices. For currents of 
tens of amperes through-hole packages, such as TO-220 and TO-247, are preferred 
for power semiconductor switches. They are used with printed circuit boards (PCBs) 
to build power converters below 40 A. This direction toward use of PCBs has been 

States
derived from

opposite
vectors

States
derived from

opposite
vectors

Original pulse

t01/2 t02/2ta tb
t01/2 t02/2

FIGURE 6.22  PWM without zero states.

FIGURE 6.23  IGBT packages.
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imposed by power converter manufacturers for cost reasons and to take advantage 
of the existing PCB-automation tools. These packages benefit from putting both the 
power semiconductor switch and the associated diode within the same package and 
offering it at very low cost per ampere. For instance, a 20 A/600 V IGBT/diode can 
be found under $1.50 in a single component order, and a 60 A/600 V IGBT for less 
than $5.00 for a single component order (digikey data shown for Fall 2012).

For low- and medium-power applications, IGBTs are packaged in dual (inverter 
leg) or six-pack assemblies. Unfortunately, the packaging is not consistent from one 
manufacturer to another and it is similar to the former bipolar Darlington power 
modules.

Modern power modules also include control and protection circuitry within the 
same package in order to simplify the inverter building and reduce costs of auxil-
iary parts. There is no standard for these intelligent power modules and they are not 
interchangeable as characteristics, control, or protection. This becomes a serious 
limitation to paralleling such modules. Single inline package (SIP) and dual inline 
package (DIP) modules are another alternative for power modules used in low power 
appliances. Given the wide emergence of these devices over the last years, a special 
chapter is later on dedicated to their presentation.

Different manufacturers have tried during the last years to provide standard pack-
ages, especially for the low-power market where power converter manufacturing is 
based on more automation. The EconoPACK (Figure 6.24) and EconoPIM modules 
are dedicated packages below 20 kW (1200 V, 100 A) and contain a full bridge with 
through-hole terminals able to connect the control circuitry from a PCB. Above 100 
kW, integrated hybrid modules (IHM) modules are used.
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FIGURE 6.24  Packaging for Parallel applications: EconoPACK+.
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Because a power converter manufacturer generally has to address a wide power 
range and provide very large volumes at lower power levels, a new approach has won 
market share during the last few years. The packaging has been changed to accom-
modate easy paralleling of power modules to define a very large power range that 
can be easily manufactured. The major features are:

•	 Define a flow-through concept by separating the power DC terminals on 
one side and phase output terminals on the other.

•	 Parallel the three legs of a six-pack IGBT if and when necessary.
•	 Use the same housing for dies that support currents from 150 to 450 A in 

order to achieve easy scaling of heatsinks, bus bars, and drivers.

At higher currents, the IGBT modules are mounted directly on heatsinks or cold 
plates while the electrical terminals are connected through screws on top to special 
structures called bus bars.

In the medium-power range, there is always a temptation to save money by 
paralleling multiple low-power IGBTs packaged in TO-220 or TO-247 packages. 
However, such an approach loses the advantages of the PCB mounting and requires 
high-current wiring of all semiconductor power terminals.

All of these higher power modules are more expensive. For instance, a 300 
A/600 V dual (half-bridge) IGBT can be purchased under $150 in a single compo-
nent order, a 600 A/1200 V dual IGBT under $400 in a single component order; 
while the largest in family, the 1400 A/1200 V dual IGBT can be found under $1000 
(digikey data shown for Fall 2012). It is important to understand that the cost of a 
module is mostly dependent on the mechanical packaging and not on the size of the 
semiconductor die that is inside. This is why the cost becomes advantageous if the 
package accommodates the largest semiconductor die that it can.

In the very high-power range, IGBTs are packaged as discrete devices only.

6.5.2 C onverter Packaging

Once the power semiconductor devices have been selected and the size and termi-
nals of the appropriate module have been understood, the next element to look at is 
the converter packaging. It has been mentioned that PCBs are the best solution below 
40 A. Multilayer PCBs allow large currents on different isolated layers. They are 
suitable for power devices with through-hole terminals.

At higher currents, there are two options for power distribution:

•	 High current (heavy-gauge) wires: Heavy-gauge wires can be used at rea-
sonable power levels but they introduce difficult routing and bending within 
the converter enclosure.

•	 Copper bus bars with tapped holes for cable connection. Copper bus bars 
are built in different sizes and can carry current in a simple, reliable way. 
They should be several inches apart from each other and be isolated from 
the cabinet by fiberglass reinforced plastic spacers.
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An alternative solution has been recently introduced that uses laminated bus 
bars built of a multilayer structure of copper and dielectric insulator. They were first 
used in computer and telecommunications systems, but were introduced recently in 
medium- and high-power converters (Figure 6.25). The advantages of this technol-
ogy is better cooling, lower resistance than wires (lower voltage drop), minimized 
stray inductance (lower voltage overshoots), and the possibility to use different cop-
per layers in the laminated package for different purposes. For instance, a direct 
comparison of a connection with twisted wires and one with a laminated bus bar 
shows half DC resistance of the new solution (0.006 versus 0.0032 Ω), and a sub-
stantial decrease in the high frequency impedance at 1 MHz from 0.078 to 0.019 V. 
Using each layer for another function highly improves packaging of power convert-
ers for modern requirements up to 1000 A or 5000 V [26].

Due to their ruggedness, they can also be used as mounting platforms for auxil-
iary components, such as protection circuitry breakers or snubbers [27]. Moreover, 
special structures are built for IGBT devices or modules to accommodate their ter-
minals (Figure 6.25).

6.5.3 E nclosures

After the electronics has been packaged and assembled together, the entire equip-
ment should be placed inside an enclosure. Enclosures are defined by NEMA stan-
dard ICS 1-110 [28] as

•	 Type 1 is a general purpose enclosure, useable indoor, aiming at personnel 
protection and water dripping inside the electronic circuitry.

•	 Type 4 is a watertight, dustproof, nonventilated indoor or outdoor enclosure.
•	 Type 12 is a dustproof, driptight, indoor enclosure.

Usually, enclosures are built with steel of Gauge 10-12, occasionally with Gauge 
14. All doors should have safety closing. Freestanding enclosures should be under 
90 inches.

IGBT module

Layer with “+”
voltage Layer with “–”

voltage

Laminated
bus bar

Isolator
Overlap

FIGURE 6.25  Possible use of a laminated bus bar at IGBT module connection.
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The IP Code (Ingress Protection Rating) [29] provides another classification 
and rates the degree of protection provided against the intrusion of solid objects 
(including body parts like hands and fingers), dust, accidental contact, and water 
in mechanical casings and with electrical enclosures. IP codes have the format 
IPxx, where the xx represent numerals from the coding scheme. The first number 
in the sequence signifies the degree of protection against the entry of foreign solid 
objects (0 = not evaluated; 1 = for greater than 50 mm diameter; 2 = for greater than 
12.5 mm diameter; 3 = for greater than 2.5 mm diameter; 4 = for greater than 1 mm 
diameter; 5 = dust protected; 6 = dusttight). The second number signifies the degree 
of protection against the entry of moisture and may be anything from 0 through 8 
(0 = Not evaluated; 1 = Dripping water: from vertical; 2 = Dripping water: at 15° 
tilt; 3 = Spraying water; 4 = Splashing water; 5 = Jetting water; 6 = Powerful jet-
ting water; 7 = Temporary immersion; 8 = Continuous immersion). Test procedures 
generally accompany the actual rating for a better understanding of the enclosure’s 
capabilities.

Enclosure cooling is done by radiation and convection. Reference [28] pro-
vides  empirical relationships for estimation of temperature rising, for an ambient 
under 50°C:
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In the first cases, η = emissivity (Table 6.4).

TABLE 6.4
Radiation Emissivities for Certain Materials

Material Emissivity

Polished silver 0.02

Polished aluminum 0.05

Polished brass 0.60

Copper 0.15

Oxidized steel 0.70

Cast iron 0.25

AL paint 0.55

Black gloss paint 0.90

White lacquer 0.95

White enamel 0.95
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6.6  AUXILIARY POWER

6.6.1 R equirements

The numerous gate driver circuits as well as the current and voltage sensing circuitry 
need isolated power supplies. If the gate drivers for lower power converters (HP 
range) can be simply supplied through bootstrap power supplies, dedicated power 
supplies are necessary at higher power levels.

The number of these isolated power supply channels can be very high. For 
instance, a conventional three-phase inverter may require a supply of 6 gate drivers, 
a bipolar voltage for the phase current measurement circuits, one for the measure-
ment of the DC bus voltage, a 5 V or 3.3 V for the digital control circuitry, and 
possibly some voltages for isolated communication channels. The internal power 
distribution system hence becomes very complex.

In order to reduce the component count and to maintain the system’s efficiency 
quite low, the flyback converter topology is mostly used. It is the simpler possible 
one-switch converter, allowing generation of multiple secondary side voltages. Since 
the regulation is in general done on only one channel of secondary voltage, the dif-
ferent supply voltages may have weaker regulation than expected. If this is the case, 
the regulation can be improved further with local nonisolated voltage regulators.

The control of the flyback power supply as well as the control of any other low 
voltage PWM type voltage regulator can be achieved with a family of integrated 
circuits that follows the original design of Bob Mammano.

6.6.2 IC  for Power Supplies

The introduction of the PWM control IC is an excellent example of disruptive 
innovation. This integrated circuit has been invented by Bob Mammano [30] in 
1975, and introduced to market in 1976 by Silicon General Company, as SG1524. 
In 1970s, similar PWM Control ICs (Figure 6.26) were developed by multiple cor-
porations like Motorola MC3420, Texas Instruments TL454, Signetics NE5560, 
Ferranti ZN1066, Fuji FA553 [32].

The IC is based on a mixed-mode IC technology with a very simple structure, 
well-known today. Its apparition coincides with the advent of switching power sup-
plies in late ’70 s and it did satisfy a clear market need, able to add value to the 
customers. It also helped the creation of a new market through an interesting para-
digm (vendors competing customers). It did enable new power supply technologies 
and subsequently a more incremental development. Circuits like current mode ICs, 
cycle-by-cycle current limiting protection, single-ended, push-pull supplies, LDOs, 
hot-swap, soft-switching, so on, have benefited from the original PWM chip idea.

Today, the power control IC industry has a market of more than $5 billion.
As the technology substrate has developed, additional features were incorporated 

along the conventional PWM control with current regulation. Some of such features 
are next listed:

•	 Advanced soft-start
•	 Quasi-resonant flyback
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•	 Valley switching for low EMI
•	 Stand-by power requirements
•	 No-load power requirements (like < 300 mW no-load power)
•	 Current-mode control
•	 Multimode power saving with automatic switching between operation 

modes
•	 Pulse skipping, or pulse density modulation
•	 Burst operation, up to hard-switching
•	 Green mode status indicator (can disable PFC)
•	 Both line and load over-voltage protection
•	 Bounded frequency range, with frequency foldback

A derivative product was the PWM control chip for the flyback power supplies. It 
is the most used class of ICs for isolated power supplies, featuring the entire control-
ler in a 8-pin package. The history of the original Unitrode products was marked by 
the following milestones:

•	 1980s—Introduced as UC3842: simple structure, 144 transistors, in 7.5 mm 
technology, sold for $1.75.

•	 1990s—Feature improvement: sold as UCC3802, 478 transistors, in 3.0 mm 
technology, sold for $0.85.

•	 2000s—More features: sold as UCC38600, 1158 transistors, in 0.5 mm 
technology, sold for $0.45.

The application circuitry is illustrated in Figure 6.27 for the case of a single sec-
ondary. Similar designs can consider the generation of multiple secondary voltages 
while using a single control IC.
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FIGURE 6.26  Structure of the PWM control IC.
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6.6.3 O peration of a Flyback Power Converter

Depending on the conduction state of the power MOSFET, there are two operational 
states of the circuit. When the switch is ON, the secondary side diode becomes reverse 
polarized and turns-off. The MOSFET device allows a current circulation through the 
primary winding, and the inductor core flux increases linearly from its initial value.
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After a conduction time interval ton, the power MOSFET turns-off and the energy 
stored in the core causes the current to flow in the secondary side, through the diode 
D. The voltage across the secondary winding becomes [−V0], and the flux decreases 
linearly:
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For a steady-state operation, the final value should be equal to the initial value for 
the next cycle:
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Hence:
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FIGURE 6.27  Single-switch flyback power supply.
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The duty cycle yields:
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This calculation has followed a similar approach with a buck-boost converter. 
However, the operation of a flyback power converter may be influenced by discon-
tinuous mode of operation (DCM), when the equations become more complex. The 
output voltage will also depend on the load in such case (Figure 6.28).

While operated in DCM, the entire energy is transferred to the load and the duty 
cycle depends on the load energy, input voltage, and inductance value:
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where VDC is the input voltage.
It is important to note that the control of energy is assured during the ON-time 

of the primary-side MOSFET, while the energy is delivered to load during the OFF-
time. This means there is no control possible during the time the energy is actually 
transferred to load. If the converter operates in CCM, the energy accumulated in 
inductor will be delivered to the load uncontrolled over several cycles, before an 
action can be done by control. This behavior is also seen in the small signal model 
as a right-half-plane zero. The phase decreases with increasing gain, and this must 
be considered when defining the control-loop compensation. The general rule for 
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FIGURE 6.28  Typical waveforms for the operation of a flyback power converter in discon-
tinuous conduction mode.
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converters with a right-half-plane zero is to design at the lowest input line voltage 
and at the maximum load current, restricting the bandwidth of the feedback loop to 
about one-fifth the right-half-plane zero frequency. The right-half-plane zero fre-
quency for CCM yields as
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The same behavior of right-half-plane zero is also seen in DCM. However, this is 
usually not a problem anymore as the frequency moves above half of the switching/
sampling frequency.

A final comment about the control system relates to the actual use of the flyback 
power supply within a multiphase power converter. In such application, there are 
multiple secondaries of the flyback transformer required to power multiple low 
voltage circuits with galvanic isolation. These loads have variable currents and it is 
virtually impossible to regulate all voltages at a while. The compromise is usually 
to set the feedback loop after the most restrictive secondary that is usually the sup-
ply of digital circuitry. Additional solutions require small on-board 3-pin voltage 
regulators on each secondary for precise regulation without isolation. However, the 
gate drivers and some current, temperature and voltage sensing devices (connected 
in differential mode) do not require accurate regulation of voltage.

The latest flyback control ICs benefit from the following features [31,32]:

•	 Operation with variable frequency to maintain discontinuous or boundary 
(also called transition mode) conduction modes with advantages in
•	 Efficiency optimization (operation with diode turn-off by zero current 

is virtually lossless, with no diode reverse recovery, and it improves 
efficiency)

•	 Smaller size of the flyback transformer given the requirement for a 
smaller inductance

•	 Small-signal modeling, with the plant model reduced at a first order 
model for either voltage-control mode or current control mode

•	 Operation in “green mode”, where the PWM sequence is shut-down at low 
load, with a burst mode operation

•	 Special protection features like over-voltage detection, maximum ON-time 
programming, fast latch-up fault recovery, and thermal shutdown

There is disadvantage of higher peak current when operated in DCM or BCM, 
with bad influence in EMI, MOSFET conduction loss, over-voltage protection. 
However, the cost difference of using a higher current MOSFET is minimal and the 
problems are thus solved.

Despite being the most critical design component, the actual design and construc-
tion of a flyback transformer is beyond the scope of this book as flyback transformer 
can be acquired off-the-shelves or by order with system-level requirements.
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6.7  CONCLUSION

This chapter presents details related to the building of a three-phase power converter. 
Information about three-phase power converters can easily be found in many text-
books, but the way the converter is built and protected is also important. Modern 
techniques have been shown to improve performance criteria such as efficiency, 
power density, and input or output harmonics.

PROBLEMS

	 P6.1	� A 24V/120V boost converter is built with an IGBT and a diode switched 
at 20 kHz. The IGBT is protected with a snubber capacitor. The parasitic 
inductance of the circuit is 10 nH, the maximum input current is 100 A 
and a voltage increase of maximum 5% is allowed. Estimate the required 
snubber capacitance.

	 P6.2	� Select a resistor to form an RC snubber circuit for the previous converter. 
Calculate losses within the resistor.

	 P6.3	� Consider a single-phase IGBT inverter with snubber circuits across 
each IGBT. The DC voltage is 270 V, switching frequency is 16 kHz, 
maximum current is 120 A and a voltage overshoot of 10% is allowed. 
The bus parasitic inductance has been estimated at 20 nH. Define 
the values for the resistor and capacitor and estimate resistor power 
losses.

	 P6.4	� Explain how an RC network connected in parallel with the load would 
serve as a turn-off snubber for all 4 IGBTs in the previous problem. 
Calculate values of components within such network and estimate power 
losses. Why the solution of previous problem is more preferable?

	 P6.5	 Rewrite the SVM time equations for
	 P6.6	� The common mode current is produced by derivative of the neutral volt-

age. This current is lower for PWM algorithms that do not produce large 
variations of the neutral point voltage. Considering Table 6.3 along with 
the switching sequences considered in the previous Chapter for the SVM 
algorithms, determine which state sequence produces the lowest peak-
to-peak common-mode current.

	 P6.7	� Draw for each sequence the qualitative evolution of the common mode 
current. What is the frequency of the most important component?

	 P6.8	� A buck converter built with an IGBT and a diode is switched at a fre-
quency fsw with a constant duty cycle producing an on-state loss of 
100 W and a switching loss given by 0.01 * fsw. The maximum junc-
tion temperature of the IGBT is 150°C and the junction-to-case thermal 
resistance is 2°C/W. The cooling system maintains a quasi-constant 
case temperature at 60°C. What is the maximum allowable switching 
frequency.

	 P6.9	� Consider the same IGBT mounted on a heatsink while the ambient tem-
perature is 27°C. Consider a switching frequency of 16 kHz and calcu-
late what is the maximum heatsink thermal resistance.

 



213Practical Aspects in Building Three-Phase Power Converters

REFERENCES

	 1.	 Mohan, N., Undeland, T., and Robbins, W. 2002. Power Electronics. 3rd edition. John 
Wiley and Sons, New York.

	 2.	 Cline, C. 1995. Fuse protection of DC systems. Annual Meeting of the American Power 
Conference.

	 3.	 Anonymous 2002. Semiconductor Fuse—Application Guide. Ferraz-Shawmut 
Corporation, January.

	 4.	 Anonymous 2002. Introduction to Power Electronics and Protection Methods. Ferraz-
Shawmut Corporation, January.

	 5.	 Severns, R. 1997. Design of snubbers for power circuits. PCIM.
	 6.	 Zhang, Y., Soghani, S., and Chokhawala, R., 1995. Snubber considerations for IGBT 

applications. IRF Design Tip Documentation
	 7.	 Severns, R. 2008. Snubber Circuits for Power Electronics, Ed.
	 8.	 Iov, F., Blaabjerg, F., and Ries, K. 2003. Prediction of harmonic power losses in fuses 

located in DC-link circuit of an inverter. IEEE Trans. IA 39(1), 2–9.
	 9.	 Anonymous 2004. Cornier-Dubilier Databook. Documentation. Chicago, IL
	 10.	 Thiyagarajah, K., Ranganathan, V.T., and Ramakrishna, R.M. 1991. A high frequency 

IGBT PWM rectifier/inverter system for AC motor drives operating from single phase 
supply. IEEE Trans. PE 6(4), 576–584.

	 11.	 Deacon, J.H., Van Wyk, J., Schoeman, J. 1999. An evaluation of resonant snubbers 
applied to GTO converters. IEEE Trans. IA 23(2), 292–297.

	 12.	 Steyn, C. and Van Wyk, J. 1989. Optimum nonlinear turn-off snubbers: Design and appli-
cations. IEEE Trans. IA, 25(2), 298–304.

	 13.	 Swanepoel, P.H. and Van Wyk, J.D. 1994. Analysis and optimization of regenerative linear 
snubbers applied to switches with voltage and current tails. IEEE Trans. PE 9(4), 433–442.

	 14.	 Steyn, C. 1989. Analysis and optimization of regenerative snubbers. IEEE Trans. PE 
4(3), 362–370.

	 15.	 Heath, D. and Wood, P.  1999. Overshoot voltage reduction using IGBT modules with 
special drivers. IRF Design Tip Documentation.

	 16.	 Donescu, V. 2001. Fault detection and management system broadcasts motor drive 
faults. PCIM, June.

	 17.	 Cacciato, M., Consoli, A., Scarcella, G., and Testa, A. 1998. Continuous PWM to square-
wave inverter control with low common mode emissions. IEEE PESC, pp. 871–877.

	 18.	 Holmes, DG. 1996. The significance of zero space vector placement for carrier based 
PWM schemes. IEEE Trans. IA 32(5), 1122–1129.

	 19.	 Ogasawara, S. and Akagi, H. 1996. Modeling and damping of high frequency leakage 
currents in PWM inverter-fed AC motor. IEEE Trans. IA 32(5), 1105–1114.

	 20.	 Swamy, M.M., Yamada, K., and Kume, T.J. 2001. Common mode current attenuation 
techniques for use with PWM drives. IEEE Trans. PE 16(2), 248–255.

	 21.	 Ogasawara, S., Ayano, H., and Akagi, H. 1998. An active circuit for cancellation of com-
mon mode voltage generated by a PWM inverter. IEEE Trans. PE 3(5), 835–841.

	 22.	 Shimizu, T., Kimura, G. 1996. High frequency leakage current reduction based on a 
common mode voltage compensation circuit. IEEE PESC, pp. 1961–1967.

	 23.	 Pelly, B. 2002. Active common mode filter connected to the AC line. Patent application 
No. 20020171473, November 2002.

	 24.	 Oriti, G., Julian, L., and Lipo, T.A. 1997. An inverter/motor drive with common mode 
voltage elimination. IEEE IAS, Conference Record, vol. I, pp. 587–592.

	 25.	 Julian, L., Oriti, G., and Lipo, T.A. 1999. Elimination of common mode voltage in three-
phase sinusoidal power converters. IEEE Trans. 14(5), 82–989.

	 26.	 Whistler, R.J. 1999. Laminated bus bars eliminate unmanageable cabling in high power 
systems cabinets. PCIM Magazine, June 1999, pp. 1–4.

 



214 Switching Power Converters

	 27.	 Dimino, C.A., Dodballapur, R., Pomea, J.A. 1994. A low inductance simplified snubber 
power inverter implementation. Proceedings of the HFPC, April.

	 28.	 Sueker, K. 2005. Power electronics design. Newnes Ed.
	 29.	 Bisenius, W.S. 2012. Ingress protection: The system of tests and meaning of codes. 

Compliance Engineering Magazine, www.ce-mag.com.
	 30.	 Mammano, B. 2007. A historical perspective of the power electronics industry, plenary 

session. APEC.
	 31.	 Picard, J. 2010. Under the hood of flyback SMPS designs. 2010 Texas Instruments 

Power Supply Design Seminar, SEM1900, Topic 1, TI Literature Number: SLUP261, 
2010.

	 32.	 Fujii, M., Maruyama, H. and Boku, K. 2002. FA5553/FA5547 series of PWM con-
trol power supply IC with multi-functionality and low standby power. Fuji Electr. Rev. 
54(2), 68–72.

	 33.	 Pelly, B. 1994. Choosing between multiple discretes and high current modules. IRF 
Design Tip Documentation.

 

www.ce-mag.com


215
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and Reliability

7.1  THERMAL MANAGEMENT

7.1.1  Theory

The most important criterion in packaging consists of thermal management. It 
is not only the avoidance of the maximum temperature rating for device protec-
tion, but also the desire to operate at lower temperature. The power semiconduc-
tor devices operate better at lower temperature, with performance maintained 
within the specified data. Moreover, the lifetime of a power semiconductor device 
depends strongly on the temperature it operates at. A rule of thumb for silicon 
devices is that failure rates often double for every 10–15°C rise in operating tem-
perature beyond 50°C [1].

After the power loss has been calculated at device level, the cooling system can be 
dimensioned. Thermal calculations are subsequently performed at all levels:

•	 At device level, for heat transfer from the semiconductor die to the external 
heat-sink and/or the selection of the device’s package;

•	 At converter level, for selection of the heat-sinks or cold-plates and the cal-
culation of the radiated ad conducted heat toward the exterior;

•	 At equipment level, for selection of the enclosure.

All power semiconductors dissipate their switching and conduction losses and 
these should be removed as fast as possible. As this power is mainly removed through 
a contact surface with a cooling system, the whole size of the power converter and 
the power density within the equipment depend on the quality of the thermal trans-
fer through the selected cooling system. Modern power converters expect a power 
removal of up to 200–500 W/cm2—that represents about half of the mean power 
density of the sun’s surface.

A model for a typical thermal circuit of a power semiconductor device is presented 
in Figure 7.1 and the change in temperature from the junction to the cooling agent 
(Tj − Ts) under a given power dissipation P is provided by the following relationship:

	
T T P R R Rj s thjc thcs thss− = ⋅ + + 	

(7.1)

where Rthjc represents the junction-to-case thermal resistance, Rthcs represents the 
case-to-cooling thermal resistance and Rthss represents the thermal resistance of 
the cooling system from the cooling agent (air, water, liquid) to the surface. It is, 

7
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therefore, obvious that a lower equivalent resistance will keep the junction closer 
to the temperature of the cooling agent. The first two terms are provided by the 
semiconductor device datasheet and they are the same for a given device. The ther-
mal resistance of the silicon itself is only 2–5% of the total thermal resistance, and 
the thermal properties of the cooling system are more important. Among these, the 
dependency of the thermal resistance on the thermal conductivity variation with 
temperature is very important for thermal modeling. Fortunately, this dependency 
for materials like Aluminum and Copper is minimal, and we can assume a quasi-
constant thermal resistance for the entire operation range.

The second issue with Equation 7.01 relates to the interpretation of temperatures 
[2]. Thermal analysis in three-dimensional systems has pointed out the temperature 
variation on every geometrical direction, even on a state of equilibrium. The tem-
perature values of Equation 7.01 are an average approximation of the reality, and 
the entire theory herein presented is neglecting the actual temperature distribution. 
Equation 7.1 can also be seen as an one-dimensional analysis.

The solution for improvement for a given structure is to go to higher ratings in 
order to minimize the thermal resistance. The last term in Equation 7.1 corresponds 
to the cooling system, and that depends on the method chosen, the cooling agent, the 
material and shape of the heat-sink or cold-plate, the flow rate of the cooling agent, 
and so on. Let us analyze the options we have.

Figure 7.1 shows that the higher the flow rate, the smaller the thermal resistance 
and the better the cooling. However, the cooling device itself and the connecting 
pipes, heat-sink, or cold-plate limit the flow rate of the cooling agent. Secondly, let 
us note the multitude of choices for cooling systems and their selection depends on 
the system requirements and cost (Figure 7.2).

The cooling agent can be air, water, or a special agent with a larger heat capacity. 
For example, removing the same power dissipation of 244 W from a three-phase 

Rthjc
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Junction Tj

Case Tc

CP/HS Tp

Cooling agent
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FIGURE 7.1  Equivalent model of a thermal system for a semiconductor device.
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converter produces an increase of 40°C on an air-cooled heat sink and only 2.8°C 
rise in a water-cooled system. Liquids with better heat capacity are based on differ-
ent glycol solutions [3].

The simpler solution consists of air cooling. A heat spreader is therein necessary 
to interface between the device/heat-sink and the ambient. This can be a simple cop-
per or aluminum plate, or a more complex heat-sink structure. For example [5], the 
temperature drop across a 1 mm thick copper plate is approximately 0.25°C at a heat 
flux of 10 W/cm2, and it increases to 2.5°C at 100 W/cm2 or 12.5°C at 500 W/cm2. 
Heat spreaders are quite effective at low heat fluxes and may become unattractive at 
higher heat fluxes. This conclusion made room for liquid cooling (Figure 7.2).

Historically, the liquid cooling was not very attractive near electronic equipment. As 
the power electronics matured, the new development efforts moved from the power elec-
tronics converter to the auxiliary equipment, including the heat removal devices. First 
liquid-cooled systems were introduced in 1982 to large-scale integrated circuits [5]. The 
emergence of insulated gate bipolar transistor (IGBT) devices in early 1990s has also 
boasted the use of liquid cooled cold-plates in power electronic equipment. Today, the 
liquid cooling is the method of choice for medium and high power converters.

Most liquid cooling systems are water based and need to be protected from freezing 
(Figure 7.3) and this needs to target temperatures where the first ice crystals are formed 
and the flow is jeopardized. For this reason, ethylene glycol was used in solutions up 
to 40%. The recent focus on environment recommended the use of propylene glycol 
instead of ethylene glycol (Table 7.2). Either type of glycol needs to be pure enough in 
the sense it does not contain other additives like those used in automotive applications.

Once the method has been selected, the type of cold-plate or heat-sink is the next 
area of focus [5]. Different materials like aluminum or copper are used in manu-
facturing (Table 7.1) and their shapes can be different to facilitate the easy transfer 
of thermal energy. Materials and shapes of thermal devices able to handle these 
requirements are designed and selected based on knowledge of physical laws of ther-
mal conduction, thermal radiation, and nature of forced convection or phase convec-
tion. The final criterion here is the cost of the device, as a more complex mechanical 
structure able to remove more heat will also cost more.
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FIGURE 7.2  Thermal efficiency of different methods used for cooling.
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7.1.2  Transient Thermal Impedance

All the previous analyses have focused on steady-state thermal aspects when the 
average loss of power is known. In many applications, power semiconductor devices 
are stressed by transient over-currents with large instantaneous dissipation.

Modeling transient thermal impedance requires definition of a new parameter, 
heat capacity. This represents the rate of change of the heat energy with respect to 
the material temperature. The heat capacity per volume yields:

	

d
d
Q
T

Cv=
	

(7.2)

The transient behavior of the junction temperature is related to the time-dependent 
heat diffusion equation with a simplified solution given by the analog equivalent 
circuit shown in Figure 7.4, and often called the Cauer model. The equivalent of 
the heat capacity is a capacitor able to slow down the junction temperature variation 

TABLE 7.1
Thermal Conductivity of Different 
Materials Used for Heat Extraction

Material
Thermal Conductivity 

(Cal-g/cm2/s/°C)

Water 1.00

Steel 0.11

Aluminum 0.50

Copper 0.92
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FIGURE 7.3  Freezing point of various cooling agents (EG = ethylene glycol, PG = propyl-
ene glycol).
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when a step change in power is applied. The ground potential represents the ambi-
ent temperature, and the heat capacities are connected from each node to the ambi-
ent (ground potential). This model can easily be implemented on any software for 
simulation of electrical circuits. As an alternate option, the Foster model is con-
sidering all thermal capacitors connected in parallel with equivalent thermal resis-
tances. More recent computer models consider three-dimensional modeling of the 
heat transfer.

Identical to the analog circuitry, a thermal time constant can be defined as

	
τth th th= ⋅ ⋅π

4
R C

	
(7.3)

Packaging materials and structures are always designed to minimize the thermal 
resistance as the loss power is transferred usually in average. For this reason, the 
thermal time constant and the power transient capability of a device are limited. 
However, it has been proven that power semiconductor devices can withstand 
large overload capabilities that exceed their average power ratings. Completing 
Figure 7.1 with the transient model yields the equivalent circuit shown in Figure 
7.5. The temperature evolution in space when a pulse power is applied is also 
shown.

Transient thermal models are very useful in thermal analysis of power converters 
switched at high frequency with a variable duty cycle. The cooling system should 
sustain pulses of power with considerable thermal dynamics.

As an example, let us consider a three-phase power converter that supplies inter-
mittently a motor fan. The steady-state operation of electronics has depicted 240 W 
of power loss. The fan works for 20 s at each 60 s. A very simple Cu plate used for 

TABLE 7.2
Liquid Thermal Conductivity

Fluid
Thermal Conductivity 

(W/m K)

Water (fresh) 0.609

Ethylene glycol 0.258

Propylene glycol 0.147

Cth

Rth

Tj(t)

P(t)

FIGURE 7.4  Transient thermal model.
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cooling will allow a steady-state temperature increase of ΔTjav = 32 K. The simula-
tion results for the complete thermal dynamics are shown in Figure 7.6.

7.2  THEORY OF RELIABILITY AND LIFETIME—DEFINITIONS

From a mathematical perspective, reliability represents the probability that a product 
performs its intended function without failure under specified environment condi-
tions, for certain time. Reliability can also be shown as a probability distribution of 
cumulative failures. The analytical expression yields as

	
R t

Number of components surviving at a moment t
Number of

( )
_ _ _ _ _ _ _

_
=

__ _ _ _components surviving at t = 0 	
(7.4)

Over the years, the term reliability got a wider connotation, as it is mostly used 
beyond its analytical meaning, to express the quality of being reliable, that is the 
extent to which an experiment, test, or measuring procedure yields the same results 
on repeated trials.
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FIGURE 7.5  Transient equivalent circuit and temperature evolution in space.
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FIGURE 7.6  Transient thermal behavior of the considered example.
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The failure rate can be expressed as f(t):

	
f t

Number of components failing per time unit at a momen
( )

_ _ _ _ _ _ _ _ _= tt t
Number of components surviving at a moment t

_
_ _ _ _ _ _ _ 	

� (7.5)

For a constant failure rate:

	 R(t) = exp(−f ⋅ t)	 (7.6)

This definition is not very friendly as it deals with very small numbers. As an alter-
native, we may use the failure rate in a specified time interval of 1 × 109. This allows 
us to define FIT ( failures-in-time) as

	
FIT

Failure= ⋅
⋅

1
1 109 	

(7.7)

In equipment where high reliability is a must, failure rate of the semiconductor 
devices usually range from 10 to 100 FIT (1 FIT = 10–9/h) [44].

Mean time between failures (MTBF) is the predicted time between inherent fail-
ures of a system during operation. This means:

	
MTBF = 1

f 	
(7.8)

Lifetime of an electronic component is specified as the time at which the electrical 
parameters have drifted out of some specified limits mainly due to wearout (Figure 
7.7). In reality, during the time interval with a constant failure rate, failures due to 
improper use of devices or due to accidental ambient factors may happen and they 
are generally identified as random failures. As a rule of thumb, if the failure rate 
during the usage interval (interval with random failures) is above 0.1%, one should 
revise carefully the design of that system.
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FIGURE 7.7  Bathtub curve for lifetime of a power electronics equipment.

 



222 Switching Power Converters

All of these measures for reliability have a statistical character. Data can be 
depicted from numerous experimental or field test data or determined by accelerated 
power and temperature cycling tests.

Reliability of power electronics equipment has become a priority for any system 
developer [6]. Once the knowledge about the power electronics equipment perfected, 
the studies of reliability became a priority. As of 2012, reliability is one of the most 
dynamic fields of interest in power electronics. While studies are dedicated to differ-
ent application fields (integrated circuits [7], energy distribution networks [8], wind 
energy [9,10], distributed generation [11], photo-voltaic systems [12], high-power 
converters [13]), this Chapter provides a general introduction to reliability of power 
electronic equipment.

In order to improve device lifetime and reliability, efforts are made at all phases 
of device’s life:

•	 During the manufacturing process, attention is paid to quality. Statistical 
process control (SPC) is the application of statistical methods to the moni-
toring and control of a process to ensure that it operates at its full potential 
to produce conforming product. This is necessary in order to produce as 
much conforming or reliable devices and systems with the least possible 
waste.

•	 During operation, the ambient conditions are severely monitored and the 
control system adapts depending on the external factors. Advanced control 
systems are designed to withstand a variety of environmental conditions 
or variation of parameters, generally considered as uncertain parameters 
or disturbances. In this respect, modern computer-based simulation and 
optimization tools allow design under complex criteria. Probably the most 
important example of a robust control technique [14] is H-infinity loop-
shaping, which was developed by Duncan McFarlane and Keith Glover of 
Cambridge University. The H-infinity loop-shaping method minimizes the 
sensitivity of a system over its frequency spectrum, and this guarantees 
that the system will not greatly deviate from expected trajectories when 
disturbances enter the system. Another example is LQG/LTR, which was 
developed to overcome the robustness problems of LQG control.

•	 Given the complexity of operation and failure constraints, modern control 
systems are joined by expert systems. Design for reliability (DFR) includes 
an advanced fault management system able to decide on the operation of 
the power electronic equipment when special situations or random faults 
occur. Expert systems are able to predict failure, to provide scenarios for 
getting out of failure mode, and/or operation optimization for minimiza-
tion of risks. Fault management system is a simple example of an expert 
system targeting reliability improvement. A particular case is the design 
with redundancy. This means that if one part of the system fails, there is an 
alternate success path, such as a backup system. An UPS system might use 
two batteries. If one battery fails or gets discharged, the UPS still operates 
using the other battery. Redundancy significantly increases system reliabil-
ity, and is often the only viable means of doing so.
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•	 Accurate lifetime prediction should help scheduling the replacement of 
each individual component and the periodic maintenance. This is usually 
achieved with accelerated test plans. Because reliability is a probability, 
even highly reliable systems have some chance of failure. A single test is 
not able to generate enough statistical data. Multiple tests or long-duration 
tests are usually very expensive. In order to secure the statistical informa-
tion necessary for failure and reliability analysis, a set of experiments is 
specifically designed with the method of design of experiments, which has 
been developed by people like G. Taguchi. The method consists of intro-
ducing noise factors into experiments in order to quantify different effects 
and to use a signal-to-noise metric. The design of experiments method is 
heavily used in manufacturing for calibration of the robust design process. 
Different sets of tests are required for assessing the lifetime of various 
power devices and systems. The purpose of accelerated life testing is to 
induce field failure in the laboratory at a much faster rate by providing 
a harsher, but representative environment. In such a test, the device or 
system is expected to fail in the laboratory just as it would have failed in 
the field (but in much less time), based on destructive energy equivalence. 
This helps to discover failure modes or to predict the normal field life from 
the high-stress life. Establishing the appropriate accelerated test plan is a 
science by itself.

7.3  FAILURE AND LIFETIME

7.3.1 S ystem Failure Rate

The failure rate of the entire system is calculated from the failure rates for each indi-
vidual component. In most systems, like it is the case of power electronics circuits, 
all components are considered as being important. From reliability point of view, this 
means that the components are considered as being “in series” within the system. In 
a series system that includes n components, the overall failure rate λSYSTEM is given by

	

λ λSYSTEM

N

=
=

∑ i

i 1 	
(7.9)

where λi corresponds to the individual failure rates of the elements [15].

7.3.2 C omponent Failure Rate

Even for components manufactured under identical conditions, the failure rates in 
the field can vary by a factor of 10 depending simply on the conditions the device was 
used [44]. Each individual component is considered to have a constant failure rate 
(λ), which is weighed (derated) through a series of stress factors.

	

λ λ π λ π π π π π π π= ⋅ = ⋅ ⋅ ⋅ ⋅ ⋅ ⋅ ⋅
=

∏base i base

i

m

T S A R E C Q

1 	
(7.10)
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The stress factors (πi) refer to temperature, voltage stress, circuit/application, 
rating, environment, construction factor, and product quality, respectively. They 
have the meaning of derating the datasheet information for the constant failure rate 
depending on manufacturing, environmental conditions, and circuit use of devices.

As an example, let us consider a silicon rectifier diode [44] with a maximum rated 
current of 1 A, at an ambient temperature of 30°C, and a rated maximum junction 
temperature of Tjmax  =  150°C. The rectifier has an actual operation at a current of 
0.5 A, at 40% of the rated voltage, at ambient temperature, on a system fixed to the 
ground, with a junction temperature of Tj = 100°C. The datasheet also provides the 
base failure rate of λbase = 0.0010/106 h. The manufacturer is also providing the fol-
lowing weigh factors:

	 πE = 6.0 for a fixed application (on the ground)

	 πQ = 2.4 and πC = 1.0 for the specific production line

	 πT = 8.0 when operated at Tj = 100°C

	 πS = 0.11 at 40% of the rated voltage

Using the above values, λP is calculated as follows:

	

λ λ π= ⋅ = ⋅ ⋅ ⋅ ⋅ ⋅ ⋅ ⋅( ) =
=

∏base /i

i

m

1
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(7.11)

In most cases, the steady-state temperature is the only factor incorporated in the 
model (πT). For instance, an IGBT device operated always at a junction temperature 
of 125°C will have a shorter lifetime than the same device operated always at a junc-
tion temperature of 75°C. This dependency is illustrated by the Aarhenius law:

	
λ λT

E
k T

= ⋅ − ⋅




ref

devexp
	

(7.12)

where Edev represents the thermal activation energy of a particular failure, and K 
is the Boltzman constant = 8.617 × 10−5 eV/K. This can be shown in a similar form as

	
πT

E
k T

= ⋅ − ⋅






πref
devexp

	
(7.13)

The thermal activation energy (or simply called activation energy) concept comes 
from chemistry where it represents the minimum amount of energy required to con-
vert a normal stable molecule into a reactive molecule. The activation energy levels 
for different failure modes of power semiconductors are in the range 0.1... 2.0 [eV].

Since different wear-out mechanisms are possible (see later on, Section 7.3.4.), 
each one can be provided a failure rate characterized with a different activation 
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energy and the equivalent activation energy value for the entire system is calculated 
based on the dominant failure [16] or based on a weighed activation energy. Since 
the energy activation and the weigh factors depend mainly on the manufacturing of 
power semiconductor device, it is very difficult to maintain a single set of weighs. 
This is why the use of the activation energy method for reliability calculation has 
its pros and cons.

It is possible to neglect the variation due to factors other than the steady-state tem-
perature since this is the most important stress factor. Analogous to the Aarhenius 
equation, other relationships are available to characterize other stress factors. 
Furthermore, other common ways to determine the life stress relationship are: the 
Eyring Model, the Inverse Power Law Model, the Temperature-Humidity Model, the 
Temperature Nonthermal Model.

7.3.3  Failure Rate for Diverse Components Used in Power Electronics

The base failure rate, reliability, or MTBF for each individual component is provided 
by manufacturer or by industry standards. The industry standards are more generic, 
and do not take into account the specifics of each production line. The manufacturer 
provided reliability data is based on measurements and accelerated life tests. They 
provide base values for each product that still needs to be weighed with the actual 
operation conditions (environment and circuit).

Table 7.3 shows example of data depicted from the U.S. military standard MIL-
HDBK-217. As will be shown later on, this type of standards regulation does not 
provide data about high power switching semiconductor devices, and data needs to 
be adapted from conventional transistors or modules.

All of these components are present in different power electronic structures. In 
medium and high power converters, the power semiconductors are more important. 

TABLE 7.3
Example of Failure Rates for Electronic Components
Description Type MTBF (Years)
Connector Per pin 2283

Semiconductors Si diode 2283

Si transistor 1426

Resistor Carbon 11,415

Wire-wound 4566

Film 2283

Capacitor Electrolytic 76

Tantalum 114

Paper 228

Ceramic 456

Plastic film 5707

Magnetics Power inductor/copper 2283

Transformer/copper 570
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As shown before, the failure of the entire system is given by the failure rates for each 
component. Hence, the most critical component is the DC link electrolytic capacitor.

Capacitor lifetime is limited by electrochemical degradation that proceeds in pre-
dictable manner, accelerated by environmental factors like temperature and voltage 
stress. Historically, the lifetime of electrolytic capacitors has progressed from 1000 h 
at 65°C, 40 years ago, to 15,000 h at 105°C today [17]. The predicted lifetime at a 
given temperature yields with the Arrhenius law equations used by all commercial 
capacitor vendors. For instance, a capacitor rated with 10,000 at 105°C, could sur-
vive 160,000 at 65°C.

The reliability of the power semiconductor module depends on many different 
physical and chemical processes. It can be demonstrated that power semiconduc-
tor module could contribute better performance for the system reliability than indi-
vidual components [18]. Moreover, a power module provides a better thermal design 
and an excellent layout, both with effects on the system reliability. Using a power 
module supplied from the manufacturer rather than using individual components is 
recommended for the inverter application.

7.3.4  Failure Modes for a Power Semiconductor Device

As the most part of the R&D is dedicated to reliability calculation and improvement for 
the power semiconductor devices, they will be presented in more detail in what follows.

There are two major categories of failure in power electronic equipment:

•	 Random (accidental) failures
•	 Wear-out mechanisms

Manufacturers of power semiconductor devices consider reliability within the 
new technologies [19]. The safe-operating-area needs to be enlarged so that devices 
are extremely rugged, capable of withstanding current, voltage and temperature con-
ditions well in excess of their nominal continuous ratings.

7.3.5 W ear-Out Mechanisms in Power Semiconductors

The most observed failures due to wear-out mechanisms for a power semiconductor 
device are package related and they are accelerated by thermo-mechanical stress [20].

Considering operation of power electronics equipment for a long enough time 
interval will show changes in parameters. These changes can be globally called 
wear-out mechanisms. They occur both in the semiconductor die and the mechani-
cal packaging [21].

Examples of wear-out mechanisms in the packaging and assembly of power 
semiconductors:

•	 Bond wire
•	 Bond wire lift-off
•	 Bond wire heel crack
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•	 Damage of the AL metallization
•	 Electromigration in the bonding wires
•	 Solder joints degradation
•	 Aging of the direct copper bond

•	 Cracks and void formation
•	 Delamination of copper metallization

•	 Die fracture due to other pre-existing defects

Examples of wear-out mechanisms in semiconductor die (mostly similar to those 
studied in microelectronics) [22,23]:

•	 Ionic contamination
•	 Hot carrier injection
•	 Slow trapping
•	 Gate–oxide breakdown
•	 Negative bias temperature inversion

The thermo-mechanical wear-out processes are the most important [24]. Any of 
these wear-out mechanisms can be analyzed individually with the thermal activa-
tion energy concept.

The ageing of devices (wearout) is accelerated by operation under application-
related stress factors like the repetitive protected short-circuit [25]. A critical energy 
has been defined in [25] to account for the cumulative degradation effect of repetitive 
short-circuits while enough time was allowed between short-circuits for device cool-
ing. It has demonstrated that it takes around 10,000 protected short-circuits to reach 
failure of a conventional 600 V IGBT [25].

The repetitive short-circuit events produce a thermal cycling with a large tem-
perature difference within the IGBT. This thermal cycling introduces repetitive com-
pressive and tensile stress in the emitter metallization film due to the CTE mismatch 
between aluminum metallization and the silicon chip. This stress leads to high 
plastic deformation with effects in increasing of the metallization resistance and 
weakening of the bond wire contacts (resistance produces more dissipation, hence 
increase in local temperature, and fatigue follows).

After understanding all the possible wear-out mechanisms and what it takes for 
them to occur, the design engineers are setting condition monitoring systems able 
to tell at each moment the actual status of the component or subsystem and how 
many hours are still available before the next maintenance checkup. Such systems 
are well known from laptop computers, where the battery status is monitored based 
on the amount of hours it is used, and the predicted lifetime is at any time reported 
to the user. Similar systems are to be implemented for IGBT-based equipment and 
their studies are in a very embryonic state [26]. The idea is to monitor and mea-
sure in-circuit the most important device parameters (gate threshold voltage, leak-
age current, voltage drop in conduction) along with the operating temperature and 
to assess the performance degradation and ageing of the IGBT device from such 
information.
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7.4  LIFETIME CALCULATION AND MODELING

7.4.1 P roblem Setting

Lifetime calculation for given equipment comes down to applying the analytical for-
mula onto the lifetime rates for each individual component. The modeling and/or 
calculation of lifetime rate for each component is done usually independent of the 
final equipment. The lifetime of each component is investigated by analyzing all the 
possible failures. A fault tree is built sometimes based on experimental (field) evi-
dence [27]. Each individual failure mechanism is isolated and further investigated by 
appropriate testing or by physical modeling (Figure 7.8).

If the failure rate for an individual failure mode needs to be determined by experi-
ment, a set of accelerated tests is adopted since most failure mechanisms are based 
on accumulated degradation (wearout) that occurs after long time in practice.

The second possible approach for determination of the failure rate for a certain 
failure mode is based on physical description of the system. Equations for opera-
tion under specified circuit and environmental conditions are required to qualify the 
production of failure. At this moment, the method of physics of failure is more devel-
oped for semiconductor materials (microelectronics) and under major investigation 
for thermo-mechanical failures (packaging).

Let us assume some equipment has failed at a given moment after hours of proper 
operation. The obvious question is “what happened?” and the first reaction would 
be to blame an external event. If no obvious external event has occurred (there was 
no mechanical, thermal or electrical stress unexpectedly coming from outside the 
proper operation of each device/component within the equipment), the investiga-
tion should go back toward the manufacturing methods and the technology inside 
each device. Each device or component within that equipment is subjected to mul-
tiple failure mechanisms, each mechanism being triggered by its own accumulated 
degradation. The multiple mechanism model extrapolates independent acceleration 
factors for each component’s mechanism of concern based on the component’s stress 
states. The concept of acceleration factor and the thermal dependency of each accu-
mulated degradation mechanism will be studied in the next section (Figure 7.9).

Component #1 fails

Component #2 fails

Component #N fails

AND gate for
“all failures are important”
(series connection in a chain)

OR gate for
“all need to fail to stop”
(parallel connection)
used for redundant systems

Subsystem #M fails

Equipment
failure

FIGURE 7.8  Example of fault tree for a power converter.
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7.4.2 A ccelerated Tests for Electronic Equipment

7.4.2.1  Using the Activation Energy Method
Since the expected lifetime of power electronics equipment is between 10 and 30 
years, it is not practical to gather data from actual life experiments. Some technolo-
gies or newer generation of devices were not even imagined 30 years ago. For this 
reason, the lifetime is estimated by accelerating the stress factors. The qualification 
tests last for a shorter time, and the statistical model of lifetime prediction can be 
determined more easily.

Given the multiple stress factors from Equation 7.09, it is practical to limit the 
qualification tests to temperature as the main stress factor. Accelerated tests are 
therefore designed for temperature as the unique stress factor. Reconsidering the 
Aarhenius law:
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Helps depicting the time to the failure as
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Equipment 

Component #1 Component #2 Component #N

Failure mode #1

Failure mode #2

Failure mode #M

AF1,M

λ1,M

λ1,2
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(T1N)

(T11)

…..

Failure mode #1

Failure mode #2

Failure mode #N

Calculate the equipment’s failure rate as sum of all failure rate

Operating
conditions

(T)

 

….. …..

…..

(T12)

λ1,1

FIGURE 7.9  Multiple mechanism model.
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Therefore, the actual time-to-failure/temperature dependency belongs to the 
same characteristics with the accelerated-time-to-failure/test-temperature point. By 
selecting a test stress temperature Ts, and measuring the test-time-to-failure τs, one 
can get information about the actual time-to-failure τ0 when operated at a lower 
actual temperature T0 (Figure 7.10). Such tests are also referred to as HAST (highly 
accelerated stress tests).

It is common to define an acceleration factor:
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Let us consider an example. Several samples for a power converter product have 
been tested at 125°C and the statistical time-to-failure was determined as 1000 h for 
a known failure mode with the activation energy of 0.5 eV. Measurements for the 
consistent operation of the converter in the field show operation at a temperature of 
a 50°C. The acceleration factor yields:
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Hence, the prediction for the time-to-failure within the actual operation condi-
tions yields:

	 Time - to - failure = 1000 ⋅ 26.3 = 26,300 h = 3 years	 (7.18)

If there are multiple known failure modes of the same device, a generic (weighed 
or averaged) thermal activation energy can be considered. Alternatively, a more 
accurate modeling would consider all the possible failure mechanisms, each one 
with its own thermal activation energy and its own accelerated test plan. The lifetime 
has to be calculated from results pertaining to all failure modes (Figure 7.9). The 
failure rate in FITs (number fails in 109 device hours) yields:

Log (Time to failure)

Linear (Temperature)

Accelerated test

Actual operation

FIGURE 7.10  Accelerated tests for thermal related wear-out.
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where:

•	 β represents the number of distinct failure mechanisms considered for the 
study.

•	 k represents the number of different lifetime tests combined in the calcula-
tion of each failure (i).

•	 xi represents the total number of failures for a specific failure mechanism 
(one of β).

•	 TDHj represents the number of test hours before a certain failure (i).
•	 AFij represents the acceleration factor for the failure (i) associated with the 

test ( j).
•	 M represents a factor determined by the confidence level for the estimation 

(so-called Chi square confidence value).

This method works both ways:

•	 When we want to predict failure rate for each component, independent of 
the operation, just for simulated accelerated tests, the direction is from 
accelerated tests to the nominal value (benchmark value).

•	 Otherwise, we may know a value for the nominal lifetime, and use the 
actual operating conditions to predict the actual lifetime considering within 
the acceleration factors the effect of the operating conditions.

The accelerated test plans can be designed for voltage stress or humidity stress. 
When both the temperature and voltage stress factors are used, the acceleration fac-
tor of the test should be calculated as a product A = AFT * AFV, where AFT is the 
thermal acceleration factor, and AFV is the voltage related acceleration factor. This is 
provided by the exponential law:

	
AFn = ⋅ −( ) exp γ V VA 0 	

(7.20)

However, the voltage and/or humidity derate are not very much used in practice 
for power electronics equipment.

7.4.2.2  Temperature Cycling
Another accelerated test procedure refers to temperature cycling. This time, the 
effect of temperature change on the equipment’s lifetime is calculated. Each time 
the equipment powers up from ambient temperature to the actual operation, there 
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is a gradient of temperature than influences the time-to-failure. This test is very 
important for the validation of the packaging and overall assembly and it does not 
require electrical power in the circuit. The device is heated and cooled by an external 
heat source, like an oven, to produce the variation in ΔTjc. Materials have different 
thermal expansion coefficients and the temperature cycling induces certain failures 
due to the thermo-mechanical expansion. Such failures can be package cracking, die 
cracking, wire-bond lift-off, and an increase in contact resistance.

The Coffin-Manson model is generally used to designing this acceleration test. 
The time-to-failure τ is proportional to [ΔT]n.

	
τ = ⋅  A T

n∆
	

(7.21)

where A is a constant. The acceleration factor yields:
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where ΔTs is the stress temperature difference and ΔTo is the actual operation tem-
perature difference.

Let us consider an example. A temperature cycling test was designed with a tem-
perature change from −65°C to 125°C. The statistically determined time-to-failure 
was 1000 cycles (the components failed after around 1000 cycles). The manufac-
turer of the component provides information about the modeling of the package with 
n = 6. What is the time-to-failure for the same system performing 100 cycles per day, 
with an actual temperature cycle between the ambient temperature of 25°C and the 
steady-state operation at 90°C?

First, we will determine the acceleration factor:
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The expected time-to-failure under actual operation conditions yields:
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7.4.2.3  Accelerated Tests for Power Cycling
Numerous motor drive applications require an operation with frequent acceleration 
and stops. This is the case of traction power converters for urban trains, elevators 
and so on. A short-distance train travels for only a few minutes between stops and is 
expected to operate 30 years in the field. This corresponds to a lifetime of 100,000–
135,000 h and 5–10 million travel-stop cycles [32]. Other applications subjected to 
similar operation include different machine-tools, or home appliance equipment [31]. 
This operation with large gradients of temperature derived from frequently heating 
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and cooling the power semiconductor devices favors specific wear-out mechanisms. 
Given the large spectrum of possible load profiles (like different distances between 
stops, and so on), it is virtually impossible to define a unique test profile. Field reports 
show that the use of IGBT devices in this operation mode with frequent stops, even-
tually led to wearout and failure related to

•	 Disconnection of the aluminum bonding wires from the silicon chips 
(bond-wire lift-off).

•	 Increase in module Rthjc.

In order to qualify the power electronics equipment for this type of operation, 
accelerated tests for power cycling have been designed [32]. These tests involve oper-
ation of the device with electrical power (Figure 7.11). The power semiconductor 
device is set-up for conduction under a permanent gate control. The collector current 
is externally switched on and off, and a very large value of the current is adopted. 
The junction temperature is closely monitored with the goal to emulate a very large 
temperature difference. The greater the variation in ΔTj – c, the greater the thermal 
stress, and the shorter is the power semiconductor lifetime. The same reasoning as 
explained in Figure 7.10 is adopted for the design of experiment (Figure 7.12).

Obviously, there are different variations of the test as different parameters and 
measurement methods differ [32–35].

A very different approach for the power cycling tests is specified in Section 8.2.6 
of the IEC standard 60747-9 of 2001. It is named the “Intermittent operating life test” 
and is a power cycling test based on controlling the gate of an IGBT to turn on and 
off for cycling a very large load current. Most of the power cycling tests proposed by 
industry and academia in the past meets the requirements of the IEC test. However, 
they do not achieve power cycling by gate control. Hence, the difference between the 
two methods is that the IEC approach includes switching loss in the device while the 
switching loss is not present in tests where the device is held permanently on. This is 
not expected to significantly affect the test results.

Time

IGBT junction-case
temperature
difference

Time

Collector
current

FIGURE 7.11  Principle power cycling.
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Once the test procedure has been decided on, the engineer needs to define the 
failure criteria. Usually, this is defined as one or multiple of the following:

•	 Increase of the conduction voltage drop by 5–20%
•	 Increase of the thermal resistance Rthjc by 20%
•	 Increase of the Gate-Emitter threshold voltage by 20%
•	 Increase of the leakage current by 20%
•	 Increase of the steady-state gate current by 20%

7.4.3 M odeling with Physics of Failure

There is a tremendous recent effort for the development of accurate failure models 
based on the actual physical operation of the device. The following steps are gener-
ally used in this respect:

•	 Identify the potential failure mechanisms.
•	 Expose the power semiconductor device to highly accelerated stress to find 

the dominant root-cause.
•	 Identify the dominant failure as the weakest link.
•	 Model the dominant mechanism.
•	 Combine the data.
•	 Develop an analytical model for the dominant failure.

7.5  STANDARDS AND SOFTWARE TOOLS

7.5.1 S tandards

There are different standards that provide guidance for calculation of the reliability 
performance of electronic components. The most quoted reference is the U.S. Military 
Handbook for “Reliability Prediction of Electronic Equipment” (MIL-HDBK-217) 
[36]. The prediction based on MIL-HDBK-217 considers systems as being in a series 

Linear (Variation in
ΔTjc) 

Log (Number of cycles
before failure) 

Accelerated test

Actual operation

FIGURE 7.12  Accelerated tests with power cycling.
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that means any device failure is as important. A similar effort is assembled in the 3rd 
issue of Telcordia SR-332 (entitled “Reliability Prediction Procedure for Electronic 
Equipment”) released in January 2011 [37]. The Telcordia model for reliability of 
electronics equipment uses a black-box technique. The failure rate is calculated from 
a steady state failure rate, weighed by quality, stress and temperature ratios:

	
λ λ π π πBB = ⋅ ⋅ ⋅G Q S T 	 (7.25)

Other standards are released by NERC and NIST for the U.S. power systems. 
Finally, International Electrotechnical Commission has elaborated two standards 
on the field [8]:

•	 The IEC 61709 standard was published in 1996, it is derived from a manu-
facturer standard and it is very similar to MIL standard. The failure rates 
and the influence factors are extrapolated from field data of items operating 
in different environmental conditions. They are referred to the equipment 
manufactured in the first half of 1990s.

•	 The IEC62380 standard was released in 2004, and compiles data collected 
in between 1999 and 2001 from the telecommunication sector. However, 
the standard is applicable to both ground and airborne equipment.

All of these standards provide models for conventional base components like 
resistors, capacitors, inductors, transformers, transistors and diodes. They do not 
include models for newer power devices like IGBTs, GTO, IGCT, and the like. There 
is actually no standard available for models pertaining to these power devices.

The European Power Supply Manufacturers Association has released in 2005 a 
document entitled “Guidelines to Understanding Reliability Prediction” [38]. The 
report presents results for an interview of 16 EU companies on the methods they use 
for reliability prediction. The results are very disappointing. For example the MTTF 
at room temperature (25°C) of a small 1 W DC-DC converter with 10 components 
ranged from 95 years to 11,895 years—a variation of 125:1! When it was agreed that 
the major reason for such variation was an inappropriate assumption to consider the 
potted product a “hybrid assembly,” re-calculation showed the variation to range 
from 1205 years to 11,895 years—a variation of 9.9:1.

We should expect in the near future, more effort on defining standards and pro-
cedures for reliability prediction. In this respect, let us note that on December 31, 
2012, the North American Electric Reliability Corporation (“NERC”) filed with the 
Federal Energy Regulatory Commission a new reliability standard (EOP-004-2) that 
impacts the reliability of the power grid.

7.5.2 S oftware Tools

7.5.2.1  Tools Derived from Theory of Reliability
Information from these standards is used to elaborate software tools for reliability 
prediction and several examples of software tools are herein briefly revised. These 
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solutions consider the electronic equipment in a kind of static operation, under a 
constant failure rate, without modeling the change of parameters in time (wearout). 
They simply convey the standards’ requirements into a software format. Since these 
solutions are provided by small companies, they may appear and disappear inadver-
tently, so this list is provided for understanding the current capabilities rather than 
an ultimate solution.

•	 DfR Solutions—Offers a software tool called SHERLOCK for reliability 
prediction within electronic PCB (printed-circuit-boards). The software is 
able to import bill of materials from a SPICE simulation, to build the FEA, 
and to define the product lifecycle in respect to vibration, shock, and tem-
perature variation. It also has a section able to perform certain physics of 
failure analysis for solder joint fatigue, plated through-hole fatigue, ceramic 
capacitor breakdown, and IC wearout. During the years 2007–2011, a 
library of over 250 root-cause investigations were reported.

•	 T-Cube Systems—Offers RELCALC that is a direct implementation of 
MIL-217 standard. Similar tools are offered for more than 25 years.

•	 Relex Scandinavia—Offers a similar package called Relex Reliability 
Studio, since 1986.

7.5.2.2  Tools Derived from Microelectronics
On a different line of thought, wear-out models can be developed [39] for microelec-
tronic devices within programs like:

•	 FaRBS [40] (the name comes from Failure Rate Based Spice) = It is able 
to estimate failure rates within microelectronic devices based on physics of 
failure and the method of sum of failures.

•	 BSIMProPlus of Cadence [41].
•	 RelXpert (formerly BTABERT) by Celestry provides a SPICE simulation 

of both the HCI and NBTI degradation for IC technologies below 0.13 μm.

These programs allow the modeling of the change with time of parameters like 
threshold voltage, transconductance, gate charge, leakage current, I-V characteristics 
(including the voltage drop on device). It is worthwhile to also mention the AgeMOS 
model [42] developed by Cadence, that includes device degradation due to hot carrier 
injection and negative bias temperature instability.

In 2003, IBM Corporation has elaborated a program called RAMP, able to model 
the wearout of semiconductor devices like microprocessor (microelectronics). It 
did use a competing risk model, incorporating failures like electromigration, stress 
migration, time-dependent breakdown, temperature cycling, hot carrier injection, 
and negative bias temperature inversion.

7.5.2.3  Power Electronics Specifics
Even from mid-1990s, efforts for computer-based estimation of reliability for power 
electronics equipment were reported [43]. Since there was not a program able to do 
both circuit simulation and reliability calculation based on the component’s constant 
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failure rate weighed by the actual operation point, researchers have tried to pass data 
in between programs in order to achieve this goal [27,39].

As of 2012, a complete program for the prediction of reliability in power elec-
tronics is still not available. The knowledge from microelectronics and packaging 
technologies are complementary and we should expect a solution able to model both 
types of failures under the same model.

Due to the importance of thermo-mechanical failures caused by the mismatch in 
the Thermal Expansion Coefficient of the different joined materials within an IGBT, 
such failures are usually considered as major and followed alone for the estimation 
of lifetime. They usually lead toward bondwire liftoff or solder layer degradation.

Semiconductor failures like electromigration, time-dependent breakdown, hot 
carrier injection, negative bias temperature inversion, or even the gate oxide break-
down or passivation are well known in the microelectronics and their activation 
energy seems to be low enough to prevail also in power semiconductor devices. 
Their occurrence would change the IGBT’s parameters and accelerate the thermo-
mechanical issues. This is probably why the power semiconductor companies direct 
their reliability efforts into two directions:

•	 Hot-carrier injection and the sistership phenomena of radiation hardening
•	 Minimization of technological parameter variation for sustaining a more 

robust design

Most of the so-called “Hi-Rel” power semiconductor devices are sold in the same 
packages as conventional IGBTs or MOSFETs. At most, the hermetic packages are 
considered to alleviate the occasional exposure to special environmental conditions 
like dust, or humidity.

In conclusion, the simultaneous occurrence of wearout in both microelec-
tronics and packaging should be ideally considered within an advanced model. 
Applying the competing risk model helps us to reduce the analysis to micro-
electronics (semiconductor) failures for low power devices (like power supplies 
MOSFETs), and to thermo-mechanical packaging failures in high power devices 
like IGBT and IGCT.

Finally, let us note that any of these tools is not complete as nobody did merge 
them with conventional circuit simulators. This is one step the future should offer. 
For instance, there is no tool able to compute in a single step the answer to a ques-
tion like “if in this converter I change the gate resistor from 10 Ohm to 20 Ohm, the 
MTBF goes from 100,000 h to 145,000 h.”

7.6  FACTORY RELIABILITY TESTING OF SEMICONDUCTORS

All power semiconductor manufacturers pass devices through a series of reliability 
tests according to their own methodologies [2,44]. Such tests can subscribe to two 
major classes:

•	 Initial burn-in tests to minimize the infantile mortality [45]
•	 Qualification tests based on samples
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Even if methods differ from manufacturer to manufacturer, the qualification tests 
aim at meeting requirements from standards for discrete semiconductor devices like 
JIS C 7021 (Japan) or IEC60747, IEC60068, and IEC60749 (Europe). Such tests are 
intended to “pass” or “fail” the products based on certain failure criteria. These tests 
are accelerated test procedures established for the power device only, and are differ-
ent from tests shown in Section 7.4.2 that are intended to simulate the actual use of 
the electronic equipment. They are based on production samples.

These qualification tests can be classified in three groups:

•	 Chip related tests (high temperature reverse bias test, high temperature gate 
stress, and so on)

•	 Stability of the package under specified operation and storage temperature 
(steady-state and transient)

•	 Mechanical integrity of the package (vibration and shock)

7.7  DESIGN FOR RELIABILITY

DFR represents an emerging discipline that refers to the process of designing reli-
ability into products. During system design, the top-level reliability requirements are 
then allocated to subsystems by design and reliability engineers working together. 
As shown before, the reliability models use block diagrams and fault trees to provide 
a graphical means of evaluating the relationship between different parts of the sys-
tem. These models incorporate predictions based on parts-count failure rates taken 
from historical data. While the predictions are often not accurate in an absolute 
sense, they are valuable to assess relative differences in design alternatives.

As an alternative, the physics of failure represents a design technique that relies on 
understanding the physical processes of stress, strength, and failure at a very detailed 
component level. This helps the redesign of each component to reduce the probability 
of failure. Most typically such evaluation of the physics of failure comes down to 
the test and introduction of new materials. The issues related to the reliability of the 
highly-integrated power modules as well as of various passive components represent a 
very active and promising field of research, requiring a multiphysics approach to ther-
mal-mechanical strain control for controlled reliability and full capacity utilization.

The movement of the design effort from circuit design and validation toward prov-
ing sustainability and reliability of the design has opened up new R&D directions:

•	 Analysis of the suitability of a device or system for a purpose, with respect 
to time

•	 Determination of the capacity of a device or system to perform as designed, 
within conventional context or while taking advantage of new materials or 
knowledge

•	 Calculation of the resistance to operation under extreme conditions or in 
failure mode of a device or system, as well as the ability of a device or sys-
tem to fail without catastrophic consequences

•	 Calculation of the probability that a functional unit will perform its required 
function for a specified interval under stated conditions
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Pure reliability engineering relies heavily on mathematical models such as reli-
ability prediction, Weibull analysis, thermal management, reliability testing, and 
accelerated life testing. Because of the large number of reliability techniques, their 
expense, and the varying degrees of reliability required for different situations, a 
more systematic and/or academic approach is recently considered.

The issues related to the reliability of the highly-integrated power modules as 
well as of various passive components represent a very active and promising field of 
research, requiring a multiphysics approach to thermal-mechanical strain control for 
controlled reliability and full capacity utilization.

A structural introspection outlines possible topics of research around a power 
module:

•	 Influence of semiconductor fabrication defects and defect migration under 
operation

•	 Heat-fatigue phenomenon in semiconductor modules, under thermal cycle 
and power cycle

•	 Stress at the bond wire–bond pad interface within a power semiconduc-
tor device is able to recommend the proper shape of the connection and to 
model the fatigue

•	 Stress at insulation substrate-base plate

With the increasing interest in reliability, there are numerous recent reports of 
cases when the reliability concerns were considered in the design phase. For instance, 
[46] reports a method for the on-line manipulation of the switching frequency and 
current limit to regulate the losses in order to prevent over-temperature and hence the 
power cycling failures in IGBT power modules.

7.8  CONCLUSION

This chapter makes an introduction to the thermal and reliability aspects related to 
the design of medium or high-power power electronics equipment. Thermal calcula-
tion is well known and was previously used to properly size the cooling systems.

The recent years has shown an increasing interest in reliability prediction. The 
theory of reliability is herein revisited and the peculiar aspects of applying this 
theory to power electronics equipment are revealed. Faults can occur through deg-
radation of performance in both semiconductor die and thermo-mechanical setup. 
The most important failure mechanisms need to be qualified with experimental tests 
or by investigation of the physics of failure and analytical modeling. The experi-
mental tests need to be designed based on theories of design of experiments, for 
either temperature cycling or power cycling. The analytical modeling needs a greater 
understanding of the physics of phenomena occurring during failure. In either 
case, monitoring of the actual operation characteristics helps accurate estimation 
of the lifetime. This helps anticipating failures and proper service or maintenance 
scheduling.

Finally, principles of DFR help us to consider reliability into early phases of 
design, in order to increase the product robustness and lifetime.
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The entire field of reliability prognosis and estimation is under major investiga-
tion and we may expect to see more standards and software tools in the near future.
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Implementation of Pulse 
Width Modulation 
Algorithms

8.1  ANALOG PULSE WIDTH MODULATION CONTROLLERS

The pulse width modulation (PWM) controller represents the final module within 
the feedback control path (Figure 8.1). It is therefore suitable to implement this mod-
ule in the same technology as the control module. If the feedback control is achieved 
with analog circuits for high-speed, closed-loop control, the PWM controller should 
also be analog.

The basic role of the PWM module is to convert a reference signal to a train of pulses 
with a duty cycle variable upon the reference [17,18,19,26,29]. In a three-phase system, 
the reference is represented by a set of three-phase variables, normally symmetrical, 
and the PWM pattern is delivered for the six switches of the three-phase inverter.

The simplest implementation of the PWM controller separates PWM generation 
for each inverter leg. The conversion from reference to the upper switch control sig-
nals is achieved by comparing the reference with a triangular signal that has constant 
magnitude and frequency. This has been shown in Chapter 3. Figure 8.2 illustrates 
the simplest possible PWM generator with a simple operational amplifier. This oper-
ational amplifier provides rail-to-rail output.

The negative input of the operational amplifier sees a triangular waveform gen-
erated by charging and discharging the capacitor C from the output voltage. The 
positive input of the operational amplifier sees a voltage derived from the positive 
feedback through R4 and R3 and the input voltage VREF. Basically this side oper-
ates as a Schmitt trigger comparator, and the input voltage VREF controls the output 
pulse duty cycle. The pulse width is accordingly modified around half of the switch-
ing period depending on the polarity and value of the input voltage. Finally, the low-
side switch control is achieved by reversing the control signal for the high side.

This solution does not provide a synchronization of the generated PWM with an 
external signal, and the period of the generated signal has its own variations due to 
supply voltage and temperature. An improved solution uses the integrated circuit 
(IC) timer 555 with input for synchronization and analog reference. The command 
pulses can be achieved with the same circuit timer 555, or both the command pulses 
and PWM can be generated within the same device, the dual timer 556. The 555 
used to generate the command pulses can be applied as input to all three phases. The 
PWM is generated on each phase with an additional 555 circuit (Figure 8.3).

Alternative solutions use the same triangular signal for all three channels and 
they are based on accurate voltage oscillators (Figure 8.4).

8
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There are many similar solutions for analog implementation of the PWM control-
ler; all of them work on the principles explained here. The most advanced solutions 
also include Shutdown pins for each channel in order to discontinue the PWM gen-
eration when a fault occurs. Moreover, modern requirements may differ with respect 
to the power delivered within the PWM signals.

Designed primarily for power supply control, TL5001 from Texas Instruments 
follows this type of structure, with a dead-time generator and an open collector out-
put transistor able to control the final power-driver stage. Additional features such as 
under-voltage lockout and short-circuit protection are included.

Given the limited flexibility in changing PWM parameters, these analog-based 
solutions are hardly used. They still remain a valuable choice in high-frequency 
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servo-drives where the whole controller needs to be implemented in analog due to 
the extremely high bandwidth required for the control loops. Modern alternatives 
include high-speed field programmed gate arrays (FPGA) [16] or application-spe-
cific integrated circuit (ASIC) devices with predefined control loops and a PWM 
generator.

8.2  MIXED-MODE MOTOR CONTROLLER ICs

Motor drives in the horsepower range can be controlled with ICs without too many 
external components. This became a standard requirement for appliances or servo-
drives when costs had to be reduced for commercial purposes.

There are many excellent mixed-mode IC-technology solutions in the market. 
They are designed to control low-voltage motor drives with applications in the auto-
motive and consumer sectors. These controllers incorporate analog controllers, 
PWM generators with protection and deadtime circuitry, and gate drivers. The most 
advanced solutions also include power supply for the high-side MOSFET transistor 
instead of a conventional bootstrap external supply. In several automotive applica-
tions, the gate driver needs a separate power supply as the DC bus voltage may 
decrease below the limit required for proper gate control. For instance, A3948 [1] 
from Allegro Microsystems includes a boost inductor with three pairs of drivers to 
maintain gate control voltage.

Control systems are grouped around two application classes: the general brush-
less DC (BLDC) motor able to provide continuous rotation and the stepper motor 
able to provide start/stop operation or great positioning. Both provide integrated con-
trol solutions in mixed-mode IC technology.

The first generation of step-by-step motor incorporated the PWM current con-
troller and the power stage within the same design, as in the Allegro A3966, in 
which the required phase reference currents are set by an external reference. Further 
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developments in technology pushed for a complete solution, including a digital-to-
analog controller to set current levels (A3967–A3977). The digital interface in these 
models allows communication with higher hierarchical levels. Further R&D is dedi-
cated to specific applications and it includes transmission of fault conditions over the 
serial or parallel digital communication interface.

All these solutions are at the edge of IC technology and the future may see new 
products dedicated to higher power levels or with more digital and analog functions 
for better protection and control. For the moment, these solutions are limited to the 
low-voltage converter bus and small power motors.

8.3 � DIGITAL STRUCTURES WITH COUNTERS: FPGA 
IMPLEMENTATION

8.3.1  Principle of Digital PWM Controllers

The same implementation of a timer followed up by a comparison with the refer-
ence signal can be implemented in digital with counters and compare units. Modern 
microcontrollers have incorporated compare units along their timers/counters that 
make straightforward the PWM implementation. A single-channel PWM can be 
implemented with a counter, as in Figure 8.5.

PWM signals for the six switches within a three-phase inverter can be generated 
in several ways with counters. Generally, one signal is generated for each phase and 
a complementary pair of signals for the low side or the high side is achieved by a 
logical inversion. The designer must pay attention to the polarity within the gate 
driver in order to send the proper control signal to the controlled insulated gate bipo-
lar transistor (IGBT)/MOSFET. As a rule of thumb, the gate drivers used or built in 
the U.S. generally do not invert the control signal polarity, whereas those made in 
Europe or Japan do change the control signal polarity. This is why all PWM from 
microcontrollers initially designed for the Japanese or European markets have nega-
tive outputs, expecting the gate driver to reverse the signal polarity.

Finally, the design engineer needs to verify if the digital system can build the dead-
time by itself or whether an external deadtime generator is necessary. Sometimes, 
the gate driver itself is able to generate fixed values of deadtime.

PWM can be generated with counters for a three-phase inverter in one of the fol-
lowing topologies:

Timer/counter
Preprogrammed
with fixed period

Digital
controller

Compare
Update reference

at sampling period

PWM
generation

FIGURE 8.5  Principle of counter/timer use in single-channel PWM generation.
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•	 A single common counter and three compare units, one for each phase, 
using the same counting device (Figure 8.6)

•	 A counter and a compare unit for each individual phase (Figure 8.7)

Depending on the internal structure of each timer, generation of the pulse width 
can be different. Figure 8.8a shows a left-aligned variable pulse width control, Figure 
8.8b a right-aligned PWM, and Figure 8.8c a center-aligned PWM. The last one is a 
logical result of using the first two solutions back-to-back. Commercially available 
PWM generator circuits usually implement the center-aligned approach.

Some of the digital PWM ICs have been available in the market since the late 
1980 s. Due to simplicity in designing with FPGA and ASIC, these PWM circuits no 
longer represent an appealing solution, but their principle of implementation can be 
used as a starting point for modern FPGA [16] or ASIC solutions.
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FIGURE 8.6  Three-phase PWM generation with a single counter.
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8.3.2  Bus Compatible Digital PWM Interfaces

Figure 8.9 shows the block diagram of the Siemens SLE4520 circuit. A similar solu-
tion has been implemented by Dynex.

The SLE4520 circuit is designed as an external interface for any 8-bit microcon-
troller and its operation can be programmed from microcontroller or microprocessor 
through a data bus and a control signal bus. The time constant or pulse width associated 
to each phase can be stored within an 8-bit registry and loaded into counters at each 
SYNC signal. The programmable counters count down to zero when the state of the 
switching signals for the inverter control change. The deadtime constant can be pro-
grammed within a 4-bit registry. When a fault occurs in the power stage, the emergency 
shutdown pin is activated and it cancels out the PWM signals through the RS flip-flop.

Similar solutions for digital devices able to generate PWM with or without 
deadtime are developed to directly interface on the data and address bus of mod-
ern microprocessors or digital signal processors (DSPs) [20,23–25]. The same 
idea is actually used in custom-made FPGA or ASIC devices, but it is worthwhile 
quoting more examples of digital devices available for PWM generation from a 
processor bus.

The IXDP610 from IXYS can provide a single-channel pair PWM control for a 
switching power converter bridge [21,22]. It has a complete digitally programmable 
interface from an 8-bit microprocessor. This has a digital comparator, comparing a 
counting timer with a preprogrammed constant followed by a deadtime generator. 
The IXDP610 is able to control power PWM devices that have switching frequencies 
between zero and 390 kHz, 7-bit or 8-bit resolution, and up to 11% deadtime. The 
output is able to drive directly 20 mA and it is suitable for opto-couplers, gate driver 
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circuits, or low-power power modules. It also features a pulse-by-pulse shutdown 
protection against over-current, over-voltage or over-temperature, controlled by a 
logic signal from protection sensors.

8.3.3 F PGA Implementation of Space Vector Modulation Controllers

Space vector modulation (SVM) represents a special case in which a digital method 
is required to calculate time intervals to be loaded in counters/timers, followed up by 
another method able to define the switching sequence. There are numerous solutions 
possible for digital hardware implementation. One of them is next presented [2] and 
it considers an SVM generation with only three states during each sampling period 
(active1—active2—zero state). The following interval will have a reversed sequence 
(active2—active1—zero state), in which the zero state is always selected with only 
one switching difference from the last active state.

The memory look-up table can be reduced if we take into consideration the 
symmetries of the three-phase system as well as the symmetries around the bisec-
trix of each generalized 60° sector. The most significant bits (MSB) of the angular 
coordinate reflect the sector number and they are used to select the proper switch-
ing sequence in the second memory look-up table. The fourth MSB is used to 
define the position within each sector and also to establish the sequence of the 
active states. The last four bits of the angular coordinate are used to read the ta, 
tb time constants needed for SVM generation. This memory look-up table stores 
these constants for an interval of 30° only (24 increments within 30°). Each time 
constant is defined on eight bits and this resolution is considered as enough for this 
PWM application.

An external periodic signal is used as the system clock and a frequency divider 
counts the sampling interval period. The definition of the pulse width is limited by 
having only 28 = 256 points for a sampling interval, as shown in the definition of 
the memory look-up table. The overflow of the sampling period counter changes 
the state of a flip-flop D. The outputs of this flip-flop control the sequence of the 
time intervals ta and tb through two OR gates. Finally, a “switch” module is used 
to designate the meaning of two signals A1 and A2 corresponding to the differ-
ent meanings of ta and tb in the first half of the 60° sector and in the second half 
of the 60° sector. For instance, generation of a position at 23° and a modulation 
index of 0.6 leads to t t V T t t V Ta a S b b S

1
1

1
20 36 and 0 23= = = =( ) . ( ) . . By sym-

metry, generation of a vector at 37° with the same modulation index leads to 
t t V T t t V Tb a S a b S
1

1
1

20 23 and 0 36= = = =( ) . ( ) . . The control switching sequence 
is therefore decoded with A1 and A2 and the fourth MSB with another memory 
look-up table.

Using two memory look-up tables is not convenient, especially because they are of 
different sizes. The switching sequence can be defined with a combinatorial circuit 
and a series of multiplex circuits (Figure 8.10). Observing all the possible switching 
sequences, the synthesis can be developed as shown in Table 8.1.

Figure 8.11 shows the logic decoder used instead of the memory look-up table and 
is built up of a divider of six Johnson counters [D0-D1-D2]. The outputs of these 
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counters can be used as addresses for the multiplex circuits having P, A1, and A2 as 
inputs. Table 8.2 illustrates this decoding of the end of counting signals.

Other digital or FPGA syntheses of the SVM algorithm can be found in [3–7]. 
Many of them implement the SVM algorithm in a straightforward manner with cal-
culation of Equation 5.30 followed by switching sequence decoding. The latter mod-
ule can be changed from one SVM algorithm to another, for instance, in order to 
reduce losses (see Chapter 5).

The final stage before firing the gates of the power semiconductor devices is rep-
resented by the deadtime generator. The role and calculation of the deadtime interval 
have been explained in Chapter 3. The deadtime generator is usually implemented 
together with the PWM algorithm, but special circuits for deadtime generation also 
exist.

Vs
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FIGURE 8.10  Principle of pure digital implementation of an SVM algorithm.

TABLE 8.1
Defining the Switching Sequence from the End of Counting Signals

Initial Zero Vector 000 Initial Zero Vector 111

Sector Signal B Signal A1 Signal A2 Sector Signal B Signal A1 Signal A2

1 S1 S3 S5 1 S6 S4 S2

2 S3 S1 S5 2 S6 S2 S4

3 S3 S5 S1 3 S2 S6 S4

4 S5 S3 S1 4 S2 S4 S6

5 S5 S1 S3 5 S4 S2 S6

6 S1 S5 S3 6 S4 S6 S2

 



252 Switching Power Converters

A1

A2

P

Johnson
counter

:6

D0

D1

D2

Clock
selector

0   1   2  3
MUX 4/1

A2 A1 A1 P

0   1   2  3
MUX 4/1

P A1 A1 A2

0   1   2  3
MUX 4/1

P A1 A1 A2

0   1   2  3
MUX 4/1

P A1 A1 A2

0   1   2  3
MUX 4/1

P A1 A1 A2

0   1   2  3
MUX 4/1

P A1 A1 A2
D0
D1

D0
D1

D1

D2

D1

D2

D0

D2

D0

D2

D    Q
Q 

P

J    Q
K    Q

J    Q
K    Q

J    Q
K    Q

S1

S2

S3
S4

S5
S6

FIGURE 8.11  Example of SVM digital synthesis with multiplex circuits.

TABLE 8.2
Proposed implementation

S
Address
D1-D0

S1
Turn-on

S2
Turn-on

Address
D0-D2

S3
Turn-on

S4
Turn-on

Address
D2-D1

S5
Turn-on

S6
Turn-on

1 00 P A2 00 A1 A1 00 A2 P

2 01 A1 A1 00 P A2 10 A2 P

3 11 A2 B 01 P A2 10 A1 A1

4 11 A2 B 11 A1 A1 11 P A2

5 10 A1 A1 11 A2 P 01 P A2

6 11 B A2 10 A2 P 01 A1 A1
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8.3.4  Deadtime Digital Controllers

A solution for deadtime implementation with counters is shown in Figure 8.12 and 
it corresponds to IXYS circuits IXDP630/631PI [21,22]. The deadtime is always 
eight clock periods and the clock can be an external crystal or an RC oscillator 
circuit. Controlling the clock period, one can adjust the deadtime interval. The 
same IC is able to generate deadtime on all three phases separately. An additional 
“output enable” signal is able to shutdown all or each output. The operation of 
this circuit can be understood from Figure 8.12. Each positive edge of the control 
signal SIN delays the positive edge of the gate signal S_High and each negative 
edge of the control signal SIN delays the positive edge of the gate signal S_Low. 
Negative edges of S_High and S_Low directly follow the appropriate edges of the 
control signals.

8.4 � MARKETS FOR GENERAL-PURPOSE AND DEDICATED 
DIGITAL PROCESSORS

8.4.1 � History of Using Microprocessors/Microcontrollers in Power 
Converter Control

Chapter 1 presented the main control functions required for implementation on the 
digital control system platform. There are two directions of development in the digi-
tal world able to implement all these functions.

The first direction focuses on architectures of general-use microprocessors. These 
devices achieve incredibly fast running of the control code, and include many func-
tions implemented in the software. The evolution of microprocessors in the last 25 
years started with families of bit-slice devices, such as INTEL3000 or AMD2900; 
8-bit microprocessors such as INTEL I8080, ZILOG Z80, and I8085; 16-bit micropro-
cessors such as I8086, Z8000, Motorola 68000, and Texas Instruments 16008/16032; 
and 32-bit microprocessors scuh as 68020 or I80385. They were upgraded in the late 
1980 s with arithmetic coprocessors used in tandem, such as INTEL 80826/80287, 
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FIGURE 8.12  Time diagram of the deadtime generator circuit IXDP630/631PI.
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National Semiconductor NS 32016/32081. This evolutionary step also included other 
LSI circuits:

•	 High-speed hardware multipliers able to calculate 24 × 24 bits in fixed 
point in 200 ns, and 16 × 16 in 34 ns (for instance, MPY016 K-TRW)

•	 Arithmetic modules for calculation in variable points up to 80 bits (e.g., 
AMD 511, 9512), which work as slave coprocessors to the main micropro-
cessor device

•	 Multichannel acquisition systems (e.g., AD162, AD364, DAS1150) or dedi-
cated interfaces to existing microcomputers in digital systems, such as 
INTEL, PROLOG, MOSTEK, TI, or DEC, and so on

•	 Fast RAM memories, with double port access and huge capacity
•	 Special digital circuits used to fast interface to microprocessor buses
•	 Circuits dedicated to generation of the multichannel PWM for control of 

power converters
•	 Complex digital circuits containing ROM-I/O-Timer peripherals dedicated 

to extension of existing microprocessors (e.g., MC6846 used in conjunction 
with Motorola 6800 device)

In order to fully understand this evolutionary step, let us take an example. Zilog 
Z80 was a quite widely used 8-bit microprocessor family in the 1980 s. The clock 
speed was limited to 4 MHz and the peripheral functions were achieved on separate 
chips from the main device. A special device called PIO-Z80 was dedicated to the 
parallel I/O, another one to the serial communication SIO-Z80; a special memory 
access unit DMAC-Z80 and a timer/counter circuit CTC-Z80 completed this family. 
A fully operational microsystem was required to contain all these ICs on a com-
mon printed-circuit board with all the data, control, and address buses accessible 
from outside. Once this board was realized and tested, coding was done directly on 
assembly language without any real-time debugger or the possibility to visualize the 
operation through a monitor program.

All these digital solutions of the late 1980 s or early 1990 s had, however, a 
quite limited processing speed. Some of them are still in use due to their generality 
and simplicity. An alternative able to increase the general operation speed consid-
ers off-line processing and storage of the control results in a large memory look-up 
table. The best example is offered by implementation of different PWM algorithms 
through memory look-up tables. Initially, there was a substantial limitation due to 
the inherent limited speed of access to these memory look-up tables. Modern ROM 
devices can achieve access times sufficient for the switching of modern power con-
verters. We will come back to these solutions few years later with the advent of 
FPGA devices.

The second major direction of development was in modern microcontrollers 
designed for industrial applications and including dedicated peripherals within 
the same silicon die. These microcontrollers incorporated on the same chip more 
memory and I/O interfaces along with their MUX, A/D converters, timers, PWM 
channels, and so on. Several examples that met with success in the beginning of the 
1990 s are still in use today:
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•	 INTEL 8051 (with its versions 8031, 8751, 8052, 8032, and different manu-
facturers like Siemens or Philips) contains:
•	 An 8-bit microcomputer with its own clock generator
•	 A dedicated module for Boolean processing
•	 kB of ROM (8031 without memory, 8751 equipped with EPROM, and 

8052 with 8 kB and a BASIC interpreter)
•	 128 bytes RAM (with 256 at 8052)
•	 Two 16-bit timer/counter circuits (8052 equipped with three such coun-

ters) used especially for PWM generation
•	 Four programmable I/O, bidirectional, with option for each bit to read, 

write and program
•	 Serial I/O channels
•	 Two external interrupt inputs, that can be enabled or disabled by soft-

ware (8052 equipped with six interrupts including two external inputs)
•	 Dedicated registers for arithmetic operations, stack management, I/O 

latches
•	 A strong assembly language with 111 instructions, enhanced with inter-

preter for BASIC or PL/M
•	 INTEL 80186 microcontroller created after the 80196 microprocessor with 

an architecture similar to the 8086-2 but also including:
•	 A clock generator at 8 MHz
•	 Two high-speed Direct Memory Access (DMA) channels
•	 Programmable interrupt controller with five levels of priorities
•	 Wait state generator
•	 Dedicated bus controller
•	 Possible coprocessor interface
•	 Software compatible with 8086 and option for programming in ASM86, 

PL/M86, PASCAL 86, FORTRAN86, LINK86, C, and so on
•	 INTEL 8096 16-bits microcontroller with enhanced interfaces to analog 

and digital systems. Different versions include:
•	 kB or no memory
•	 Four or eight 10-bits A/D channels with a conversion time of 42 µs
•	 Five I/O ports
•	 Serial output port
•	 One external interrupt
•	 PWM output
•	 Four channels for fast capture and event timing with the existing counter
•	 Six fast outputs programmable to generate pulses at fixed time intervals 

with a resolution of 2 ms
•	 Two timers of 16 bits each, one for real-time synchronization and the 

second for countdown of external events
•	 Watchdog circuit
•	 Assembly language with interpreter for PL/M

•	 Additional microcontroller examples from the same historical class are 
Motorola MK 68200, MK3870, NEC μPD 78312, INTEL 8748, Philips 
PCB8049, MAB 4048, and so on.
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8.4.2  DSPs Used in Power Converter Control

All these efforts to add more functions to microcontroller chips have not been 
enough for modern applications, and semiconductor engineers have moved forward 
to DSP devices [20,23–25]. DSPs have emerged in the communications business 
for fast processing of information from data and signals. They are characterized 
by very quick clock rates and additional processing circuitry within the same chip. 
It is normal to expect a 16 × 16 multiplication calculated within 100 ns on any of 
these devices.

Lately, the use of DSPs in power conversion control has been widened by dedi-
cated motor control DSPs equipped with special peripherals designed for multiphase 
converter control. These devices are generic, are called Motor Control DSPs, and 
they feature three-phase power conversion PWM control useable in both machine 
drive and three-phase grid-tied applications. The main DSP producers in the world 
are—in an arbitrary order—Texas Instruments, Motorola, and Analog Devices. A 
brief description of the features of each type of DSP and its specifics in controlling 
three-phase power conversion follows.

The largest DSP market share belongs to Texas Instruments. Their DSPs have 
passed through a series of iterations and versions in the last 10 years. The TMS320 
family of DSPs [23–25] is made on a Harvard architecture that allows execution of 
several operations simultaneously for increased running speed.

The first use of the DSP to control power converters seems to be based on 
TMS32010/32020, a general use DSP. Its features include:

•	 Working on 16 bits with an instruction cycle of 160 ns
•	 A small RAM memory of 144 × 16 bits
•	 A parallel 16-bit module for a 160 ns multiplication
•	 Eight I/O ports of 16 bits
•	 An external interrupt
•	 Special registers for data processing
•	 A 16-bit timer
•	 Interface for memory access in multiprocessor mode

In the early 1990s, Texas Instruments had developed a set of peripherals for 
motor drive control under the name Event Manager. This was their first generation 
motor control DSPs, TMS320F(C)24x, and it was optimized in the second genera-
tion TMS320F(C)240x that was released in the late 1990s. In 2002, TI released the 
third generation motor control DSPs, TMS320F(C)280x, which had a very high-
speed Central Processing Unit (CPU), able to run programs at a clock frequency of 
150 MHz. Section 8.5 will present in detail all hardware and software possibilities 
for PWM implementation on a TI DSP using the Event Manager.

Analog Devices has another good DSP program with motor control features. Several 
architecture solutions have been tried and developed at Analog Devices and the most 
remarkable probably refers to the development of a motor controlled coprocessor. The first 
solution, called ADMC201, was subsequently developed into ADMC330, ADMC401, 

 



257Implementation of Pulse Width Modulation Algorithms

and finally incorporated as a peripheral of a DSP circuit within the same package. 
Section 8.7 will reiterate the historical importance of this architecture development.

The DSP family ADSP-219x represents another solution from Analog Devices 
with many applications in power electronics [20]. This 16-bit fixed-point DSP core 
is able to perform 160 MIPS in its modern versions. Other power converter control-
related peripherals include:

•	 On-chip RAM 8 k Words shared between program RAM and data RAM
•	 External Memory Interface with dedicated Memory DMA Controller for 

data and instruction transfer
•	 Eight-channel, 14-bit analog-to-digital converter system with up to 20 

MSPS sampling rate
•	 Three-phase 16-bit center-based PWM generation unit with 12.5 ns resolu-

tion at 160 MHz core clock
•	 Dedicated 32-bit encoder interface with companion encoder event timer
•	 Dual 16-bit auxiliary PWM outputs
•	 Three programmable 32-bit timers
•	 Sixteen general-purpose I/O pins
•	 SPI and synchronous serial interface

Other DSPs of the same generation are NEC7720, Fujitsu MB8784, and 
STC-DSP128.

The large number of customers and the extensive use of these DSPs in the world 
have encouraged development of software libraries dedicated to DSP applications. 
Programmable in both assembly language and C language, these devices helped 
develop a software culture and a style for programming proper to motor-drive appli-
cations. Recent efforts will probably provide code modularity and automatic soft-
ware validation. Conventional development tools have been extended in the loop 
viewers and automatic programming tools. Companies like MathWorks have pro-
duced systems able to include the DSP system in a PC-based simulation program 
for quick development and debugging of new codes dedicated to power converter 
control.

8.4.3  Parallel Processing in Multiprocessor Structures

In parallel with the tremendous development in DSP devices, engineers have tried to 
use digital systems with parallel processing for control of power converters. These 
systems allow more processing power even if they do not directly benefit from spe-
cial peripherals. The whole control algorithm is therefore brought down to the time 
scale of the PWM algorithm.

The software operation in a multiprocessor system is based on a waiting list 
for processes, special set of instructions for creation of parallel tasks, a minimal 
context for fast communication between processes, several timers, and an evolved 
interrupt system. Selection of the communication protocol between parallel micro-
systems is very important and there are several options available: series transfer, 
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parallel transfer through handshaking, DMA transfer, FIFO transfer, double-port 
RAM memory transfer, and multiple bus architecture.

A device in this category, INMOS Transputer 414, uses for execution reduced 
instruction set controller processors able to run with 32 bits at 50 ns and to commu-
nicate internally at high speed.

The same tendency to use parallel hardware is seen in the development of soft-
ware platforms. The simplest microprocessors need to model numerous concur-
rent events sequentially. Assembly language is the quickest way to implement these 
models, though programs written in assembly language often have sequences that 
are redundant and too detailed. To simplify this process, many engineers use high-
level programming languages like C, PL/M, PASCAL, Visual BASIC, and so on. 
Programming is therefore reduced to establishing clear tasks and writing special 
modules for each task. The main program is then grouping these tasks based on 
priority levels.

The sequential processing of tasks does not extract all benefits from the paral-
lel processor hardware. The first programming language that consistently expressed 
parallelism in execution was APL [8]. However, the task was computed through 
computing power distribution, since, at that time, real parallel hardware was not 
available. The programming language ADA represents an important evolutionary 
step, especially in conjunction with the specialized 32-bits microprocessor iAPX432. 
The first truly parallel evaluation of tasks was carried out with the programming 
language OCCAM, which was able to achieve synchronization and communication 
between tasks on different hardware. OCCAM is the programming language for 
transputer, but it can be adapted to any other computer with minimal modifications.

OCCAM shares tasks in individual processes that run separately by communi-
cating between them. The whole program can be seen as a network of intercon-
nected processes. The synchronization between processes requires that all of them 
run in the time required by the slowest process and that results are reported at each 
step. Transputer devices simulate this concurrency through software time-slicing, 
followed by communication through the four serial communication channels. This 
structure can be extended further, if necessary.

Despite the computing power of these parallel architectures, they are not used 
in large series production of power converters. Manufacturing operations require 
a reduced number of terminals to be soldered and a cheap semiconductor solution. 
Furthermore, firmware considerations also encourage the use of a simpler software-
based solution.

8.5 � SOFTWARE IMPLEMENTATION IN LOW-COST 
MICROCONTROLLERS

8.5.1 S oftware Manipulation of Counter Timing

Many microcontrollers do not benefit from a dedicated motor control peripheral 
and they can implement PWM algorithms using software. A minimal timer is still 
required for real-time accounting. The software has to calculate the time intervals 
necessary for the next sampling interval and to sequentially program the timer for 
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each state. Obviously, the resulting PWM cannot have a very large PWM frequency, 
given the real-time requirements, but it may satisfy many low-cost applications.

Consider an implementation of the conventional SVM algorithm using a single 
timer circuit and a parallel interface for inverter control. This digital structure 
imposes some requirements in designing the software controller:

•	 Each time constant must be calculated by the software on the basis of gen-
eral SVM relationships. This will limit the maximum frequency of the fun-
damental waveform able to be generated by this system.

•	 The timer channel should produce an interrupt at the beginning of each 
time interval followed by a software compensation for all delays produced 
by this approach.

•	 A parallel interface is used to generate the PWM output signals on each 
interrupt produced by the counter.

A time diagram for this approach is presented in Figure 8.13. Due to the pure 
software implementation, the switching frequency is limited in the support processor 
and not too many other features can be run on the same platform. The advantage, 
however, is an extremely reduced list of hardware requirements: a simple timer and 
software processing of the comparison result is enough.

This solution is not very practical, though, and another solution is presented in 
Figure 8.14, in which four timer channels are used for synthesis of each sampling 
interval. The end of each timing interval produces the start of the following counter 
and the timing of the next inverter state. The same software structure is required to 
calculate the PWM.

8.5.2 C alculation of Time Interval Constants

The second major requirement to implement a PWM algorithm is that the constants 
to be loaded within timers for counting the different state intervals must be deter-
mined very quickly.

Program
Initialization

General
program

Calcul.
ta

Calcul.
tb

Calcul.
t0

Calcul.
next

sample

FIGURE 8.13  Time diagram of a pure software implementation of SVM.
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Chapter 5 showed the symmetries in the generation of an SVM algorithm, sym-
metries after each 60° interval and around the bisectrix of each interval. This can 
help in reducing the size of the look-up table required to implement the SIN/COS 
function. Many DSP or microcontroller devices already have in their ROM memory 
a brief SIN look-up table, usually with 256 or 512 points over a complete cycle. If a 
higher resolution is required, a new look-up table can be generated by a computa-
tional software package like MATLAB or MATHCAD and incorporated with the 
control program. The number of points within the SIN look-up table determines 
the resolution in defining each pulse width. This is important for high-switching 
frequency applications with advanced controlllers. Because memory is not generally 
a serious constraint, incorporation of a high-resolution SIN look-up table is not a 
problem in modern microcontrollers.

A totally different approach that is able to take advantage of the computing speed 
of modern controllers while saving memory requirements is to approximate the ref-
erence signals by interpolation. Different mathematical approaches for interpolation 
are available and they can be used to extend the range of a SIN look-up table from 
what is already installed in the microcontroller or DSP ROM memory to what the 
current requirements are to generate the PWM.

An alternative solution to achieving interpolation is fuzzy logic. The theory of fuzzy 
logic was first proposed in a paper of Professor Lotfi Zadeh in 1965 [9]. For many 
years this theory was not of interest until, in the 1970s, a series of books extensively 
presented the mathematical aspects of fuzzy logic [10,11]. In the early 1990s, many 
papers tried to implement concepts of fuzzy logic in the control of power converters, 

Microcontroller
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Counter
4

Counter
3

Counter
2

Counter
1

FIGURE 8.14  SVM software implementation based on four counters.

 



261Implementation of Pulse Width Modulation Algorithms

especially in replacing conventional PI controllers with fuzzy logic controllers. But it 
did not really succeed in power converter applications, mainly due to existence of other 
conventional nonlinear control methods and some difficulties in implementation.

A special feature of the fuzzy logic theory was outlined at the 1992 IEEE con-
ference for fuzzy logic systems, where it was repositioned as a logic of interpolate 
thinking.

This section presents an example of the use of fuzzy logic to implement the inter-
polation concept, which generates an SVM from a SIN look-up table with a reduced 
number of points [12,13].

Consider a PWM model with 24 points over the fundamental cycle. The zero 
states of the model are shared equally during each sampling interval. To simplify 
the explanation the demonstration is limited to a generalized 60° sector. The fuzzy 
logic-based control relations can then be expressed as

	
If then withα= ∗ = =i K Ka i

π
12

0 4, , , .i …
	

(8.1)

This says that for a reduced number of five angular coordinates over the 60° sec-
tor, we know precisely what the time constants for each active vector are. The whole 
set of angular coordinates is therefore described by five fuzzy subsets. Figure 8.15 
presents the membership functions for each variable. This choice of the membership 
functions along with a linear defuzzification method presents less distortions when 
equivalence with an identical crisp system is sought. Besides, this is very simple to 
implement. The effect of different approximation approaches in the output phase 
voltage is shown in Figure 8.16.

The linear defuzzification approach produces a very good interpolative approxi-
mation, each harmonic of the output phase voltage having an error below 10−5 of 
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FIGURE 8.15  Fuzzy subsets for the proposed method.
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the precise calculation method. This is also reflected in the total harmonic distor-
tion (THD) calculation for the output phase voltage. Figure 8.17 shows the similarity 
between the two methods.

A software implementation algorithm for this method is presented next along 
with a numerical example:

	 1.	Calculate the polar coordinate of the next desired vector position (Vs, α).

	 Example: (Vs, α) = (0.45, 212°)

	 2.	Define α0 as the angular coordinate within the generalized sector.

	 α0 = 212° – (INT(212/60))60 = 32°

1

2

3

4

FIGURE 8.16  Effect of different approximation methods in the output phase voltages: (1) 
sinusoidal PWM; (2) staircase PWM; (3) center-of-gravity defuzzification; and (4) linear 
defuzzification.

a (%)

0.8
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FIGURE 8.17  Relative differences between the two methods.
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	 3.	Fuzzy estimation of the time intervals allocated to each active vector Ka, Kb 
based on α0.

	 Define the sector number:

	 I = INT(α/15) + 1 = 3

	 Calculate the membership degree of α0 to the left subset:

	 μ1(α0)  =  (15 * 1 – α0)/15 = 0.86

	 Calculate the membership degree of α0 to the right subset:

	 μ2(α0)  =  1 – μ1(α0) = 0.14

	 Calculate the time interval by linear defuzzification:

	 Ka = (μ1(α0) * KI + μ2(α0) * KI + 1) = 0.86 * 0.5 + 0.14 * 0.707 = 0.528

	 Calculate the second time interval by linear defuzzification:

	 Kb = (μ1(α0) * K6–I + μ2(α0) * K5–I) = 0.86 * 0.5 + 0.14 * 0.259 = 0.467

	 4.	Determine the actual time constants by multiplication with the sampling 
interval period.

	 5.	Calculate t01 = 0.5 * (T – ta – tb).
	 6.	Select the appropriate switching pattern (t01 → ta → tb or t01 → tb → ta).
	 7.	Timer programming.

This fuzzy logic-based approach can be extended to V/Hz control of three-phase 
induction motor drives. The V/Hz characteristic is not linear for the whole range, but 
requires some nonlinearity in the low-frequency range in order to compensate for the 
voltage drop on the stator resistances. This nonlinearity can also be mapped with a 
fuzzy logic-based variable. The resulting controller has two inputs and can be imple-
mented based on the rule table shown in Table 8.3. The linquistic degrees are general 
without any relationship to their language sense. Each rule can be interpreted as:

IF α is NS (negative small) AND f is PS (positive small), THEN ta is NS (negative 
small).

The membership functions are considered triangular, symmetrical, with prototypes 
provided by the time constants calculated for the 24-pulse PWM case. The resulting 
control surface is shown in Figure 8.18, comparing the ideal and approximate cases.

8.6  MICROCONTROLLERS WITH POWER CONVERTER INTERFACES

Given the large market for low-power motor drives with applications in appliances 
and servo-drives, some manufacturers have developed microcontrollers dedicated to 
motor control. The pressure to make these devices low cost is extremely high and 
giving up features not necessary in basic inverter control applications could make 
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them very competitive. Along with a simple, low-cost 8-bit central processing unit, 
these devices benefit from dedicated hardware interfaces for PWM generation and 
A/D conversion and data acquisition. Different communication interfaces complete 
the internal structure, which is optimized for motor drive applications.

A good example within this category is the NEC mPD78098x [14]. This class 
of microcontrollers has seven channels of programmable timer/counters for event 
management along with a low-cost central processing unit running at 8 MHz. Using 
a 10-bit timer for PWM generation, it has dedicated circuitry able to generate three 
pairs of output signals (inverter control) and a programmable 8-bit deadtime gen-
erator. Eight 10-bit A/D conversion channels are also available for power converter 
feedback control. A UART communication interface may place this device as a 
lower level controller in a hierarchical structure.

Because of the limited clock frequency (8 MHz), the PWM cannot be generated 
with a carrier frequency of 15.6 kHz (64 µs) or higher when the timer is programmed 

f (Hz) f (Hz)

[]0[]0

ta (p.u.) ta (p.u.)
(a) (b)

FIGURE 8.18  Controller surfaces: (a) ideal and (b) approximative. 

TABLE 8.3
Rule Table for The Fuzzy Logic Controller

\αf\
Negative Big 

(NB)
Negative Small 

(NS) Positive Small (PS) Positive Big (PB)

Negative big 
(NB)

Positive big (PB) Positive big (PB) Positive medium 
(PM)

Negative big (NB)

Negative 
medium (NM)

Positive big (PB) Positive medium 
(PM)

Zero (Z) Negative big (NB)

Negative small 
(NS)

Positive small (PS) Zero (Z) Negative small (NS) Negative big (NB)

Zero (Z) Positive small (PS) Zero (Z) Negative medium 
(NM)

Negative big (NB)

Positive small 
(PS)

Zero (Z) Negative small 
(NS)

Negative medium 
(NM)

Negative big (NB)

Positive 
medium (PM)

Zero (Z) Negative small 
(NS)

Negative medium 
(NM)

Negative big (NB)

Positive Big 
(PB)

Zero (Z) Negative small 
(NS)

Negative medium 
(NM)

Negative big (NB)
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to an 8-bit resolution or on 3.9 kHz (256 µs) for the 10-bit resolution. The clock fre-
quency is scaled for different switching frequencies below these values. For higher 
switching frequencies, the 8-bit or 10-bit resolution cannot be achieved, and the 
timer should work with multiple interrupts from the same timer and should divide 
the frequency by an appropriate value.

Motorola provides a similar device that can run at up to 32 MHz, and that has a 
fault-tolerant PWM controller for motor drive applications. The Motorola 68HC08 
family also includes a deadtime generator and an interesting deadtime compensation 
capability [27,28]. These are created around the so-called Timer Interface Module, 
which also provides capture features. Finally, this device includes USB, CAN, and 
SPI interfaces with plans for a local interconnect network. As in many modern 
microcontrollers or DSPs, it has an in-circuit flash option.

8.7  MOTOR CONTROL COPROCESSORS

Any digital feedback control solution can be implemented into a general-purpose 
processing unit, but the particular control and measurement of a power electronics 
system requires special peripherals. Current research is aimed at improving the per-
formance of power-dedicated peripherals, and placing it along with the main com-
puting unit.

Another direction of research is toward application-specific peripherals outside of 
the main processing unit in the form of a digital coprocessor [15].

Analog Devices’ ADMC201/./331 is the most well-known commercial solution 
using this approach. Developed for motor control applications, it has modular blocks 
that implement the vector control method within the same programmable digital 
system. Developed initially as a partner for ADSP2105, it is used in conjunction with 
other DSPs or microcontrollers as well.

The latest descendent of this family has been incorporated along a 26 MIPS 
fixed-point central processing unit within the ADMC401. It includes:

•	 Eight-channel simultaneous sampling A/D converters
•	 Three-phase 16-bit PWM generator
•	 Two 8-bit auxiliary PWM outputs
•	 Park direct and reverse digital transform based on angular coordinates

ADMC331 includes predefined hardware mathematical functions used in motor 
control, such as vector transforms based on angular coordinates. Hardware based 
vector transforms provide substantial time saving in a three-phase system control. 
The feedback control loops can run at higher rates implementing control loops with 
larger bandwidth.

More recently, International Rectifier developed a similar device (Accelerator 
TM) able to provide a feedback control loop with a bandwidth of 5 kHz by using 
FPGA support [15]. Again, all elements of a vector control algorithm were included 
in VHDL models and implemented within a flexible FPGA structure, providing 
fast parallel processing of the field orientation algorithm. The system makes pos-
sible code modularity and portability for specific applications. This digital system is 
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designed to sit on the DC power bus and to directly control the power device’s gate 
circuitry. Isolation of the communication interface with the higher hierarchical level 
is provided.

8.8 � USING THE EVENT MANAGER WITHIN TEXAS 
INSTRUMENT’S DSPs

8.8.1 E vent Manager Structure

Texas Instrument’s has manufactured a set of DSP devices dedicated to motor con-
trol applications. The particular peripheral module of these DSPs is called Event 
Manager and it has all functions necessary for motor control. There are slight dif-
ferences between the Event Manager included in the ‘24x device, ‘24xx device, and 
‘280x device, but all are meant to help power converter control. We refer to the Event 
Manager from the ‘24xx devices only noting slight differences where possible. The 
‘24xx series was the most used in early 2000s.

There are two Event Managers within the ‘24xx device, each including:

•	 Two general-purpose timers that are used to implement different PWM 
algorithms, quadrature encoder or generation of the sampling period for 
different control systems. They can work on the DSP clock or on an 
external clock and can have programmable periods and counting direc-
tions. There are local programmable compare modules able to detect a 
time moment and to release an interrupt or to set an output. An interest-
ing feature allows starting A/D conversion synchronized with a timer 
operation.

•	 Three compare units that direct PWM generation by comparing timer values 
and predefined time constants. Each compare unit has two associated PWM 
outputs, working on a time base provided by one of the timers. Outputs of 
the compare units can be programmed easily for different purposes, includ-
ing carrier-based PWM generation or hardware SVM generation.

•	 PWM circuitry that include:
•	 A hardware SVM state machine used for hardware implementation of 

one version of the SVM algorithm
•	 Symmetrical or asymmetrical PWM generators
•	 Programmable deadtime generator
•	 Programmable output logic

−− Three capture units that have two-level deep memory FIFO stacks, 
able to provide a time stamp for external events, useful in synchro-
nization of events.

−− Quadrature encoder pulse circuit used to interface with encoder 
sensors. It is able to decode and count the quadrature encoder 
pulses from an optical encoder.

−− Interrupt logic and interface with the central processing module. A 
special power drive protection interrupt logic is included for fast 
shutdown of the PWM and power stage.
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The Event Manager included in the ‘24x device was more complex and had addi-
tional functions. However, these functions were not used much and were replaced by 
other implementation alternatives.

8.8.2 S oftware Implementation of Carrier-Based PWM

Chapter 3 presented different carrier-based PWM algorithms. Their implementa-
tion is straightforward with a comparison of the reference signal with a triangu-
lar high-frequency waveform. The triangular waveform can be generated with a 
General-Purpose Timer programmed with the sampling interval period. Each of the 
continuous counting up, counting down, or up- and down-counting modes may be 
used resulting in asymmetrical or symmetrical PWM generation. The comparison 
with the reference is ensured by the three available compare units, each one already 
tied within the Event Manager to a pair of PWM outputs. The compare units are 
updated at each sampling interval interrupt. The time intervals to be uploaded into 
the compare units of the Event Manager are centered around the constant corre-
sponding to half of the sampling interval.

For instance, in order to implement a sinusoidal PWM with subunitary modula-
tion index m and a sampling interval Ts, the period register of the general-purpose 
timer should be programmed with the integer N_Ts corresponding to the sampling 
interval, and each compare unit should be updated with

	

N T N T m

N T N T m

N T

a s

b s

C

_ _ [ sin ]

_ _ sin

_

= +

= + +















1
2

1

1
2

1
2
3

α

α π

== + +






























1
2

1
4
3

N T ms_ sin α π

	

(8.2)

where α is calculated in increments depending on the sampling period and the fun-
damental period.

8.8.3 S oftware Implementation of SVM

The simplest solution for software-based implementation of the SVM algorithm on 
the Event Manager of Texas Instruments’ DSPs is to use the symmetrical PWM-
generation feature previously described in Section 8.8.2. The ON-time intervals 
for each switch can be calculated based on Equations 5.41 through 5.46 and on the 
proper definition of the switching reference function. Each sector has the option 
to generate a switching pattern starting from the zero vector 000 or from the zero 
vector 111. This can be programmed by selecting the polarity of the PWM output 
signals. Figure 8.3 is an example of SVM generation of a vector position within the 
first 60° sector, using active vectors 100 and 110.
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The time constants used within the PWM generation on the first 60° sector with 
compare modules are (Equations 8.3 and 8.4):

When starting from 000:
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where T1 and T2 are calculated using Equations 5.41 through 5.46 and T0 using 
Equation 5.47.

When starting from 111:
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where T1 and T2 are calculated with Equations 5.41 through 5.46 and T0 with Equation 
5.47.

A different set of equations should be calculated for each 60° sector. The software 
routine for SVM generation also requires the proper selection and programming of 
the first zero vector used for each sector. Because this implementation uses both zero 
vectors on each sampling interval, all the sampling intervals over one fundamental 
frequency cycle can be programmed to start from the same zero vector, either 000 
or 111. No additional programming is required on each sampling interval but for the 
change of the time constants within the compare units.

Similar implementations based on the reference function can be conceived with a 
timer that counts up or down.

8.8.4  Hardware Implementation of SVM

The Event Manager provides a hardware solution to implement the SVM. The user 
has to program the required polarity of the output PWM signals to enable the hard-
ware implementation of the SVM and to start a general-purpose timer in the continu-
ous up- or down-counting modes.

At each sampling interval, the appropriate interrupt routine has to receive or cal-
culate the vector coordinates of the desired position of the voltage vector (Vd, Vq) to 
define the sector the vector belongs to. Each sector is characterized by two adjacent 
vectors Vx and Vx+60 and they are programmed with the calculated vector codes in 
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the Event Manager. Note that Texas Instruments’ code programming definition of 
the sectors is the reverse of the convention used in this book. The hardware SVM 
generator also provides an option to select the vector to be used first in the sampling 
interval. The Event Manager will next use the switching pattern corresponding to 
these vectors for specified amounts of time.

The user software has to calculate the time intervals allocated to the first (T1) and 
the second (T2) active vectors on the sector as well as the time interval required for 
the zero state (T0). Section 8.5 gives some hints to implement this calculation. The 
resulting constants are loaded as 0.5 * T1 in the first compare unit and 0.5 * (T1 + T2) 
in the second compare unit.

At the beginning of each sampling period the outputs are compared to the 
switching pattern representing the first preprogrammed active vector. We get the 
first compare match at 0.5 * T1 from the beginning of the timer up counting. The 
outputs are switched to the pattern corresponding to either Vx, if this is selected 
as the first vector on the sector, or Vx+60, if this is selected as the second vector on 
the sector.

At the second compare match, at 0.5 * (T1 + T2), the pattern is switched to a zero 
vector (000 or 111), whichever is closer to the last active vector (or switching pattern). 
The timer continues to count up to the programmed period, then slopes downwards, 
counting down. The next match occurs for the compare register loaded with 0.5 * 
(T1 + T2). This is used to enable the switching pattern for the “second” active vector. 
At the second match of the slope counting down, the switching pattern of the “first” 
active vector is transferred to the outputs.

The resulting waveforms are symmetric with respect to the middle of the sam-
pling period. Figure 8.19 shows the two possible ways to generate a vector within the 
first sector (active vectors 100 and 110) while using the hardware generator within 
the Event Manager (Figure 8.20). Switching patterns only for the high-side IGBTs 
are shown. Low-side IGBTs are controlled in a complementary mode.

Notice that only a zero vector is used on each sampling interval, allowing the 
use of same zero vector for a whole 60° sector. The first consequence relates to lack 
of switching on one of the inverter legs for 60° and this reduces switching losses. 
In other words, the hardware implementation of the SVM method within the Event 
Manager represents a reduced-loss PWM algorithm, suitable for motor control, in 
which current usually lags behind the voltage. This method (Method DD1) has been 
already analyzed in Chapter 5, Figure 5.26. At the price of some extra switchings 
per fundamental period, other reduced-loss SVM algorithms may be implemented 
on the same hardware.

8.8.5  Deadtime

A deadtime generator is also included within the Event Manager. A single value 
should be programmed for all six outputs and if the deadtime generator is enabled, 
the rise-up (turn-ON) of each of the output signals is delayed by a preprogrammed 
time interval. The deadtime interval depends on clock period, clock prescaling, and 
the 4-bits programming constant covering all time intervals required by modern 
power semiconductors.
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8.8.6 I ndividual PWM Channels

Texas Instruments’ DSPs also include several PWM channels able to work individu-
ally directly from a timer. The procedure for programming each individual PWM 
channel is very easy, starting from setting up a timer as the period counter and loading 
a compare constant in a special register. When the timer reaches the value preloaded 
within the compare register, an interrupt can be generated and an output toggles.

8.9  USING FLASH MEMORIES

Any new development and implementation of the PWM generators follow the devel-
opment in digital hardware technologies. One of the most important achievements 
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FIGURE 8.19  Example of vector synthesis using the hardware SVM generator. (a) Starting 
the sampling interval with 100. (b) Starting the sampling interval with 110.

 



271Implementation of Pulse Width Modulation Algorithms

over the last 5 years was the explosion of the flash memory technology [30,31] and it 
created a new implementation opportunity for the PWM generators [34].

Flash memory is a nonvolatile memory that can be electrically erased and repro-
grammed. It provides a lower cost with more functionality than previous technolo-
gies for nonvolatile memory. The first flash memory device was invented in 1981 by 
Fujio Masuoka at Toshiba Corporation. The technology has been adopted steadily 
since then, topping $20B in 2006, which meant 34% of the entire market of memory 
devices. Later on, it went up to 50% of the entire memory market.

The success of the flash memory technology reflected in the control of power 
converters as well. The 2011 generation of power conversion microcontrollers (for-
merly known as “Motor Control DSPs”) are introducing more on-chip flash memory 
as well as DMA (Direct Memory Access) circuitry [32,33]. The principles of using 
DMA circuitry in power conversion control is known from the early 1980 s [35] 
when external DMA interface circuits were paired with microcontrollers for better 
memory access. However, the microcontroller devices did not use this feature too 
much until 2011. Now, both the TI’s Piccolo series and the Zilog’s Z16FMC series 
are introducing DMA control for both internal and external flash memory [32,33].

Another recent technology development is related to access to external large-size 
flash memory with improved single-, dual-, or quad-I/O SPI interfaces. The Serial 
Peripheral Interface principles are known for quite a while, and this serial commu-
nication interface is mostly used as a simpler alternative to more complex solutions 
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like RS232, RS485, and so on. The baud-rate yields limited by its 1-bit serial transfer 
of information. The newer versions extend the same principle to communication on 
2 or 4 wires along with the appropriate communication management. The speed can 
be thus increased up to 320 MHz by sending and receiving 2 or 4 bits of data at a 
time.

The use of flash memory within the digital control platforms benefits from the 
principles shown previously in Section 3.7 as binary programming PWM. Instead 
of the conventional comparison of a reference with a carrier signal implemented on 
different timer structures, the novel approach uses optimized PWM stored in large 
look-up tables. This allows complex optimization at the pulse level otherwise impos-
sible to be achieved within power converter products.

Numerous algorithms for PWM optimization are reported over the last 30 years. 
They were not very successful in industrial application due to the extensive digital 
resources necessary for implementation as well as the somewhat reduced general-
ity. Extensive memory look-up tables can be nowadays implemented within flash 
memory, independent of the control system. Moreover, synchronized sampling at 
various frequencies is possible within the same peripheral.

A novel architecture involving flash memories is proposed in [34] and shown in 
Figure 8.21. Flash memory chips are organized in 2n blocks, each made up of 2m sec-
tors, each made up of 2q pages of memory. The 2-axis output of the control system 
provides the start address for a memory look-up table containing a table of 128 words 
of 8-bit, each of them defining the inverter state at a given moment of time. Similar 
to the binary programmed PWM presented in Section 3.7, this table is read with a 
constant clock frequency, and the data is transferred to the 6 gate drivers of the three-
phase power converter.

The solution shown in Figure 8.21 [34] is based on a 64MB flash memory. As of 
2012, external flash memory chips at $2 are available from companies like Numonyx 
(M29W640), ST-Microelectronics (SST25VFO64C), Spansion (MirrorBit 64). This 
low-cost compares to that of stand-alone bus compatible PWM interfaces like 
Siemens SLE4520 and Ixys IXDP610 [21,22], or companion FPGAs [16].

Microcontroller

Flash memory
8MByte = 64MB 

Parallel 6-bit
gate driversVD or V VQ or Alpha 

8-bit8-bit
Table

128 locations
8-bit word

direct switch
control

128 states

Start Address for 1x 128 bytes LUT

FIGURE 8.21  Hardware architecture with flash memory.
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Alternatively, complete PLC and FPGA solutions can be considered to include 
control logic and memory-based PWM generators within the same device.

The emerging flash memory technology provides an opportunity for the power 
conversion control designer to reconsider the PWM generation. It is our conclusion 
that the optimal PWM algorithms previously reported in academic laboratories 
become now more viable for industrial success with flash memories.

The specific of the new architecture is that either the DMA circuitry or the multi-
I/O SPI protocols allow reading a 128-word page of data with a start address only, 
independent of the microcontroller software run. Contrary to the organization and 
operation of conventional memory look-up tables where reading each location needs 
microcontroller intervention, the (vd,vq) address is sent to the memory only once as 
a start address, and the entire 128-words PWM sequence is transferred to the gate 
drivers without other intervention of the main microcontroller.

This allows a large variety of state sequences over the sampling frequency that 
corresponds to the 128 clock periods. Within the conventional PWM generators, 
the sequence of states over a sampling period is the same over the entire fundamen-
tal cycle. As shown in Section 4.2, the state sequence is derived from operation of 
counters as up-counting, down-counting, or up/down-counting. Previous solutions 
also agree on the use of 4 states over the sampling period like [zero state -> active 
vector 1 -> active vector 2 -> zero state], for the entire fundamental cycle. The novel 
architecture eliminates such limitation.

Possible criteria to be considered for optimization of the PWM waveforms follow 
the previous sections and are not detailed herein:

•	 Optimal sharing of the zero sequence states (as demonstrated in Figures 
5.17 and 5.18)

•	 Variation of the pulse frequency by alternating the use of 3, 4, or 5 identi-
cal pulses for each position within a 60° sector, depending on the angular 
coordinate

•	 Over-modulation based on optimal pattern

As shown within the previous chapters of the book, these criteria are independent 
of each other and the same look-up table can be used at different fundamental fre-
quencies, different clock frequencies, or different operation points. The use of these 
optimization criteria within PWM generators leads to the results incorporated in 
Figure 8.22.

8.10 � ABOUT RESOLUTION AND ACCURACY OF PWM 
IMPLEMENTATION

Given the large number of digital platforms able to accommodate the implementa-
tion of PWM generators, it is worthwhile to master the specifics of accuracy and 
resolution for PWM algorithms. Let us explain these for the two major types of 
implementation: counter-based and memory-based. Since we limit our discussion to 
the core PWM generator, we will consider the counter-based structure as generic for 
any digital implementation, including DSP and PLC/FPGA solutions.
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Most of PLC/FPGA solutions used to implement the PWM algorithms follow the 
same counter-based structure as the microcontrollers [7–11]. PLC/FPGA(s) offer a 
higher level of parallelism than microcontrollers [11], and this is used for implemen-
tation of faster protection and compensation algorithms like current-based dead-time 
compensators, or deadbeat current control for bandwidth challenged applications. 
Such features do not interfere with the core counter-based implementation of the 
PWM algorithms.

By definition, the resolution of a PWM generator represents the smallest change 
it can detect in the ideal reference it is provided. Due to the counter-based imple-
mentation, modern microcontrollers measure resolution as time increments. High 
resolution PWM channels go down to 150 ps, and this is most useable for switching 
frequencies above 200 kHz. Typically, operation within 1–25 kHz does not require 
high resolution PWM. For instance, a TMS320x280x microcontroller with a system 
clock of 100 MHz can generate 20 kHz PWM with 12.3 bits resolution on regular 
PWM, and 18.1 bits on high resolution PWM mode [35].

Limit cycles in voltage-controlled high frequency power supplies may result from 
the signal quantization and refer to steady-state output oscillations at frequencies 
lower than the converter switching frequency [36]. This is not the usual case in three-
phase converters (open-loop or current controlled) since the current/voltage ripple is 
way larger than the measurement resolution, and the uncertainty is given by harmon-
ics/ripple rather than by quantization.

The comparison is schematically shown in Figure 8.23.
Figure 8.24 shows that reproducing a sine-wave reference on 12 and respectively 8 

bits, in order to generate PWM at 3.6 kHz (72 pulses per 50 Hz fundamental period) 
produces comparable results in the output voltage due to low-frequency sampling.

By definition, the accuracy of a PWM generator is the degree of closeness of the 
generated pulse to the actual desired value. The physical size of the memory look-
up table limits the accuracy for the memory-based PWM implementation. What is 
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considered today a feasible solution based on widely available and affordable flash 
memories of 64 MB allows an accuracy of 0.4%. Larger memory devices with appro-
priate faster access will emerge to better carry on the implementation of the mem-
ory-based PWM generator architecture with multiple optimization criteria.

8.11  CONCLUSION

This chapter presented the trends in the control of medium and high-power convert-
ers. Different theoretical principles for defining a PWM channel by analog or digital 
means were introduced along with various implementation solutions using modern 
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microcontrollers and DSPs. This chapter is rich in presenting novel solutions to a 
state-of-the-art power converter control structure.
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Practical Aspects in 
Closed-Loop Control

9.1  ROLE, SCHEMATICS

The performance of power converters can be improved with the use of closed-loop 
control [1,2]. Because the large majority of power converters start from a voltage 
source, closed-loop current control is very useful (Figure 9.1). Given the operations 
at high voltages and with high-frequency switching, the implementation of a current 
control loop faces a series of specific problems. This chapter discusses these prob-
lems and attempts to provide solutions.

9.2  CURRENT MEASUREMENT—SYNCHRONIZATION WITH PWM

The most important module in the current closed-loop control relates to current mea-
surement. The main requirements for the sensor and the acquisition system relate 
to their capability to detect the presence of electrical noise, temperature, and elec-
tromagnetic interference (EMI) radiation in the measurement system. A series of 
dedicated sensors have been developed to overcome these difficulties.

9.2.1  Shunt Resistor

The older solution for current measurement uses a low-value resistor in the current 
path and measures the voltage drop across it. The shunt resistor’s resistance will 
likely be in the order of milliohms or microohms, so that only a modest amount of 
voltage will be dropped at full current. The sensing resistor’s value should be very 
stable with current level and temperature and should have a small equivalent induc-
tance. For instance, a 1 W, 15 A, 0.005 Ω surface-mount resistor can have as much 
as 5 nH of package inductance.

The low value of the shunt resistor is comparable to wire-connection resistance, 
which means voltage is measured across the shunt to avoid detecting the voltage 
drop across the current-carrying wire connections. Shunts are usually equipped with 
four connection terminals so that the voltmeter measures only the voltage dropped 
by the shunt resistance itself, without any stray voltages originating from wire or 
connection resistance. Such a measurement method, able to avoid errors caused by 
wire resistance, is called the Kelvin or 4-wire method. The measurement connection 
wires are insulated from the power wires at the hinge point and are in contact only at 
the tips where they clasp the wire or terminal of the subject being measured. Thus, 
current passing through the measurement circuit does not go through the power path 
and will not create any error-inducing voltage drop along its length. In other words, 

9
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there is no common path for the measurement and power currents. Shunt resistors 
with Kelvin contacts have four connections.

Shunt resistors are usually made of a low-temperature-coefficient metal foil on an 
anodized aluminum substrate and can be packaged in either conventional TO-247 or 
TO-220 packages or SMT packages for lower power level.

Manganin wire (an alloy of copper, manganese, and nickel) has a low temperature 
coefficient within 15 ppm/°C from 0° to 80°C. Another commonly used low-tem-
perature-coefficient material is nickel–chromium, or nichrome. This has a resistiv-
ity of about 110 mV/cm and requires less wire length than manganin’s 44 mV/cm. 
This helps reduce the inductance for very low-value resistors. Manganin is superior 
to nichrome in temperature coefficient and long-term stability of resistance value. 
Another similar alloy is Constantane (Eureka) with a resistivity of 49 mV/cm.

With the advent of Integrated Power Modules during the last decade, several 
changes occurred with the packaging of lower power level converters as they got 
more and more on circuit board. This helped integration of thin-film power resistors 
onto the board layout as individual surface-mount components.

Contemporary designs for low voltage DC/DC converters are using copper traces 
for building the sensing resistors [3]. The same principles of Kelvin connections are 
followed and the trace’s length and width are appropriately calculated from knowl-
edge about the material properties. As copper has a high temperature coefficient, 
additional compensation may be required or operation at elevated temperature may 
be needed during operation. As we are seeing more and more printed-circuit-board 
integration of IPM devices, we may see similar designs for the high voltage applica-
tions, in the horsepower range. However, accurate designs consider for now dedi-
cated shunt resistors made of low-temperature coefficient materials.

One advantage of the shunt resistor is its practically infinite bandwidth. However, 
isolation is usually required after the shunt resistor.

The signal from a current-sensing resistor is usually processed with an Operational 
Amplifier with a high common-mode rejection, as the useful signal is usually float-
ing from ground under a large common-mode voltage. Examples in this class of 
instrumentation amplifiers include Texas Instrument’s INA148 or INA117 with 
+200 V common-mode high input, INA146 (100 V cm), INA 149 (275 V cm) or 
Analog Devices’ AD626. As such devices cannot accommodate a high enough DC 
common-mode voltage, the sensing resistor should be placed close to ground.

The signal processing usually continues with a low-pass filter implemented 
around an Operational Amplifier. Among multiple design options, one may 
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feedback

Controller Power
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FIGURE 9.1  System diagram for a closed-loop current control.
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consider a second order Bessel-type filter able to allow a constant group delay 
within the pass-band frequencies, thus providing a lesser waveform distortion [4]. 
However, the drop of the gain characteristic is less sharp than with Butterworth 
and Tschebyscheff filter designs. If the switching frequency is rather close to 
the frequencies of interest, these designs may be more effective. Either way, the 
actual circuit implementation is recommended to follow the Sallen-Key topology 
(Figure 9.2).

Another solution for signal processing consists of a high-voltage integrated circuit 
(IC), such as the IR217x [5]. The IR217x is a monolithic current-sensing high-voltage 
IC designed for servo-drive applications. It senses the current through an external 
shunt resistor and modulates a fixed frequency train of pulse with the sensing infor-
mation. These pulses are transferred to the low side. The output format is a discrete 
pulse width modulation (PWM) that eliminates the need for an A/D input interface 
and can be directly connected to a timer circuit within any digital signal processor 
(DSP) or microcontroller.

Selection and rating of the shunt resistor yield from the trade-off between the 
desire to have a larger voltage drop for easier signal processing and the allowable 
power dissipation. A larger voltage drop means a larger resistance that would also 
produce more power loss across the sensing resistor [6,7].

For a motor drive application, where AC currents are quasi-sinusoidal, it is sug-
gested to select the sensing resistor starting from its power rating (Pmax) and the 
known maximum load (motor) phase current (Irms). It yields:

•	 R
P
I

= max

rms
2

 For a sensing resistor connected directly on the output phase 

current line:

•	 R
P

I
= ⋅2

2
max

rms

 For a sensing resistor placed in the emitter of the low-side 

IGBT:

Similar rating and layout recommendation can be found in [8].

R4R3

R2R1
+
–C1

C2

VOUT
VIN

FIGURE 9.2  Sallen-Key topology for low-pass filter on the measurement path.
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9.2.2 H all Effect Sensors

Shunt resistors are less used today in high-current applications due to the inherent 
voltage drop. The alternative lies in the use of Hall-effect sensors.

In 1879, Edwin Hall, a graduate student in physics, used a magnetic field to 
manipulate the charge carriers in a strip of gold foil. He created in the strip a cur-
rent flowing perpendicular to the field. As the charges that made up the current were 
moving perpendicular to the field, the magnetic field exerted a force that pushed 
some of these charges to the top of the strip. Later, scientists discovered the electron 
and, today, we say that Hall discovered that it was the motion of electrons that caused 
the current he observed.

An open-loop Hall-effect current sensor is represented in Figure 9.3. It has a block 
of semiconductor as the sensing element, supplied by a constant current source, and a 
programmable amplifier to raise the millivolt output to a reasonable value. A current 
proportional to the measured current is produced in a sensing resistor through the Hall-
effect. Older devices used laser-trimmed, thick-film resistors to adjust the programma-
ble amplifier to give a standard output voltage under standard conditions of a magnetic 
field. Newer devices use a flash memory to hold the amplifier gain setting. A Hall-effect 
current sensor provides a noise-immune signal and consumes very little power.

Better performance can be achieved with closed-loop current sensors. They rep-
resent a different class of Hall-effect current sensors that include an application-spe-
cific integrated circuit (ASIC) to provide extremely low offset drift with temperature, 
resulting in stable, repeatable, accurate measurements.

Hall-effect current sensors are available in hundreds of amperes and provide highly 
accurate measurement for a large class of power electronic applications. Their band-
width is usually around 100 kHz, enough for high-power converter applications [9].

9.2.3 C urrent Sensing Transformer

For a long time, current-sensing transformers have been considered the best solu-
tion for current measurement. The advent of Hall-effect sensing devices, however, 
reduced the market share of current transformers. They are still used, though, in 
a limited class of applications, including power converters with high switching 

–V

+V

FIGURE 9.3  Open-loop Hall sensor.
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frequency. Current-sensing transformers can usually ensure a bandwidth larger than 
the Hall-effect sensors.

9.2.4  Synchronization with PWM

An analog circuit follows the sensor to adapt the range and bandwidth of the signal 
to the input of the digital circuit. Given the generic inductive type of load, the cur-
rent will have a quasi-linear variation during each interval characterized by a pulse 
of voltage.

The current ripple around an average value is determined by the value of 
inductance, the switching frequency, and the magnitude of the voltage pulse. 
Sampling the current at any moment during the switching interval introduces a 
small amount of ripple in the measurement result, leading to aliasing and offset 
effects (Figure 9.4).

To alleviate these effects, a synchronized PWM is selected to ensure current 
acquisition during the zero states, when there is no variation in the current and 
the value already follows the average value of the current. This approach has been 
recently adopted in the single-phase and three-phase inverter designs, but it is well 
known from the control of DC/DC converters, such as the phase-shift, full-bridge, 
zero-voltage switching (ZVS) converter. It has been previously incorporated in a 
class of Unitrode circuits.

The current sampling synchronized with the PWM signal is used within the Texas 
Instruments’ family of DSP circuits. This ensures an automatic sampling of the cur-
rents or A/D channels at preselected moments when the carrier’s triangular signal 

V [V]

(a)

(b)

Iph [A]

V [V] 

Iph [A]

FIGURE 9.4  (a) Current sampling at a random position within the switching interval; (b) 
synchronized current sampling.
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changes slopes. In the language of digital circuits, this is equivalent to sampling the 
analog inputs when the counter reaches the lowest or largest value.

9.3  CURRENT SAMPLING RATE—OVERSAMPLING

As a large majority of modern converters are controlled by digital structures, the 
conversion of the analog input representing the current into a digital signal should 
be done at a given sampling rate. The selection of the sampling rate is the result of a 
compromise among many factors [1,2,10].

First, the power stage switches states at a rate given by the switching frequency. As 
the goal of the PWM operation is to produce pulses of voltage following a reference 
signal, sampling current at a rate higher than that of the switching frequency does not 
have any meaning given the bandwidth limitation at the power stage. Sampling cur-
rent at the highest frequency possible, that is, the switching frequency of the power 
stage, may be limited by the real time required to compute the control algorithm.

It is, however, a good practice to sample the current at the highest possible rate 
even if the control algorithm computes at a lower rate. In this case, we have more 
samples available than required and this is called oversampling. Oversampling is 
able to relax the filter requirements in the initial sampling and convert this high rate 
signal to the desired sample rate using linear digital filters. We basically use the 
additional samples to filter the final result.

The lowest sampling frequency is determined by the time constants of the electrical 
circuit or load that influence the performance of the control system. This constraint can 
also be described as the tracking effectiveness of the control system. The sampling the-
orem requests sampling at least twice as fast as the highest frequency contained in the 
signal. If the closed-loop system is required to track a signal with a given bandwidth, 
the sampling rate should be at least twice the highest frequency in the closed-loop sys-
tem bandwidth, which can be different from the highest frequency in the plant model. 
However, defining the lower sampling frequency from the sampling theorem may not 
satisfy all requirements of the response time of the closed-loop system.

9.4  CURRENT CONTROL IN (a,b,c) COORDINATES

Both motor control and grid applications use the rotating-reference frame to control 
currents in the so-called d–q system of reference. The current components become 
quasi-DC and the control is simplified to a low requirement in bandwidth. For a 
conventional inductive load, the control system reduces to a simple proportional-
integral (PI) controller. Variables in the rotating-reference frame must be restored in 
the stationary three-phase reference frame using inverse transformation.

However, if the system is single-phase or three-phase without an isolated neutral, 
the control system should be able to track a sinusoidal or harmonic reference. The 
harmonic reference occurs when the power converter is used within an active filter 
structure. In either case, the synchronous coordinate transform cannot be applied.

Consider a power converter and load characterized by a plant model Gp(s). The 
control system is characterized by a transfer function GC(s). The open-loop transfer 
function yields:
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The error of the feedback signal can be calculated as
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Applying the Final Value Theorem defines the constant steady-state value of a 
time function given its Laplace transform. This uses the partial fraction expansion.
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If any of the poles ωi is in the right half of the s-plane, the time-domain signal 
will increase to an unbounded limit. We will consider these poles with a negative 
real part. The other pair of imaginary poles derived from the sinusoidal character 
of the reference would introduce in the time-domain error signal a sinusoidal wave 
that persists forever and makes impossible the definition of the steady-state error. 
To avoid this situation, the open-loop transfer function should have the same poles 
+/ − jω0, so that these poles disappear from the error-transfer function, guaranteeing 
the reduction of the steady-state error to zero if the signal frequency is well known.

Several solutions are therein possible.

•	 Harmonic reference tracking with a P-I-S controller (Figure 9.5) [10]
•	 Harmonic reference tracking with a feed-forward controller (Figure 9.6) [11]

Both solutions will be presented in more detail in Chapter 11 for the particular 
case of AC/DC conversion along with another method based on switching directly 
the converter states (similar to the hysteretic controller) [12].

Ki

Ks ·

Ki
S

s
s2 + ω0

2

PWM
Inverter

ILOADIREF

FIGURE 9.5  Current control and harmonic reference tracking with a P-I-S controller.
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The stability of the system is, however, dependent on the gain of the s component 
added to the control system. The transfer function of the open loop exhibits a large 
phase change around the resonant frequency where the gain is large. The phase mar-
gin of the open loop decreases with an increase in the compensation gain. However, 
a proper selection of the gain can ensure sufficient phase margin.

The problems of tracking a sinusoidal signal can be alleviated with a proper con-
troller, including a term for the effect of the sinusoidal waveform. Despite the suc-
cess of this solution, current control with reference tracking is more successful in 
the rotating d–q reference frame. The d and q components are constrained to fix DC 
values that are easy to control using conventional PI regulators.

Even if the system is either single-phase or three-phase with a connected neutral, 
the phasor theory can be employed to calculate the d–q components for each phase 
(independent of the existence of other phases) [13,14].

9.5 � CURRENT TRANSFORMS (3->2)—SOFTWARE CALCULATION 
OF TRANSFORMS

The most common implementation of the current control uses the Park/Clarke set of 
transforms (Equations 9.5 through 9.7).
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The same transforms can be grouped within a single form.
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FIGURE 9.6  Current control and harmonic reference tracking with a feed-forward controller.

 



287Practical Aspects in Closed-Loop Control

	

I

I

I

d

q

0

2
3

2
3

4
3

















= ⋅

− ⋅





− ⋅





cos cos cos

sin

θ θ θ

θ

π π

ssin sinθ θ− ⋅





− ⋅































⋅2
3

4
3

1
2

1
2

1
2

π π
ii

i

i

X

Y

Z

















	

(9.7)

These equations are similar to (Equations 5.8 through 5.11) and more details are 
provided in Chapter 5.

What concerns the software calculation of these transforms (Equations 8.5 
through 8.7), dedicated routines are part of any motor control or grid control library. 
A look-up table of a trigonometric function, optimized for a 90° sector, is used.

Using closed-loop control in (d, q) coordinates often requires a careful look into 
the load-circuit equations. As the load may include a first-order system (inductance 
or capacitance), the controlled measure appears under a derivative in the load-circuit 
equation. The three-phase equations converted in the (d, q) components should take into 
account the derivative term. This produces a phase shift of 90° changing a real com-
ponent into an imaginary one or an imaginary one into a real one. These terms should 
be considered within the control system and they are called cross-coupling terms [12].

9.6​  CURRENT CONTROL IN (d, q)—MODELS—PI CALIBRATION

The generic control system in (d, q) components is shown in Figure 9.7
The PI control system is described mathematically by
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The time domain equivalent variation results in
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FIGURE 9.7  (d, q) current control of a symmetrical three-phase system.
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Considering a linear system, the digital approximation of this equation yields:
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There are several ways possible for the approximation of the last integral term. 
Equation 9.10 is considering an approximation using a trapezoidal form with the 
base Ts. Furthermore, the calculation of the next action term is usually achieved in 
one of the following ways:

•	 Accumulator method: A large register uI is used as an accumulator for the 
integral term and the integral component is continuously added to this reg-
ister. This is the most used method, but its drawback is in the possible wind-
up or overflow of the accumulator.

•	 Incremental controller: An incremental controller is used to calculate the 
change in the action.

	
∆u u kT u kT k k T T k T k k T TI= + − = ⋅ ⋅ + − ⋅( ) + ⋅ ⋅ +( ) ( ) [ ] [ ] [ ]s s p s s s s s1 e e e

	 (9.11)

This implementation is faster and uses a shorter code, but covers the information 
contained within the accumulator.

In order to design the control system and to define the most appropriate gains for 
the PI-control system, a model of the load is defined in (d, q) components. Multiple 
methods are available to develop a controller that will meet given requirements for 
steady-state and transient response. These methods require a precise dynamic model 
of the process in the form of equations in motion or a detailed frequency response 
over a certain range of frequencies. Such methods include:

•	 Design with the root locus method
•	 Design with the frequency response method
•	 Design with the state space method

The design requirements are related to

•	 System stability
•	 Performance for steady-state operation (steady-state error Err)
•	 Performance for dynamic operation (transient time tp, response time tr, sta-

bilization time ts, overshoot Mp) (Figure 9.8)

All of these design methods lead actually to a simplified case for the current con-
trol of a mostly inductive load.

In practice, the operator will tune the regulator by trial-and-error. Tuning of 
the proportional-integral-derivative controllers has been the subject of continuing 
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studies since Callender (1936) [15]. Many of these solutions are based on estimates 
of the plant model derived from experiment and they can be found in reference text-
books such as [1].

Ziegler and Nichols provided [16,17] two experimental methods for tuning the PI 
controller. The first suggests tuning of the control parameters until a decay ratio of 
25% is achieved within the step-response transient. This is equivalent to a decay of 
the transient response to a quarter of its value after one value of oscillation (over-
shoot). The gains of the PI controller yield kp = 0.9/RL and TI = L/0.3, where R repre-
sents the slope of the step-up response and L represents the lag time at a step change.

Another approach is called the ultimate sensitivity method [1], as it relies on the 
estimation of the amplitude and frequency of the system oscillations at the limit of 
stability. The proportional is first increased until the system becomes marginally 
stable. This can be seen in the existence of continuous oscillations limited by the 
saturation of the actuator. The gain k and the period T of these oscillations are called 
the ultimate gain and period. The PI parameters are then calculated as kp = 0.45k 
and TI = T/1.2.

9.7 � ANTI-WIND-UP PROTECTION—OUTPUT LIMITATION 
AND RANGE DEFINITION

The real characteristics of the system can cause the actuator to saturate. For instance, 
a three-phase system has a limited range of the available output voltage, and any 
requirement from the control system beyond this range would translate in a satu-
ration of the output and loss of controllability. If the error signal continues to be 
applied to the integrator input under these conditions, the accumulator will grow 
(wind-up) until the sign of the error changes and the integration turns around. The 
system behaves as an open-loop system and the accumulator becomes a source of 
instability in it.

The solution is an integrator antiwind-up circuit, which turns-off the integral 
action when the actuator saturates. To prevent this, an integrator antiwind-up circuit 
is used, which turns-off the integral action when the actuator saturates. A simple 
solution is shown in Figure 9.9.

Mp
1.0
0.9

0.1

ts

tr

tp

t

+/– 1% 

FIGURE 9.8  Parameters of the transient response in time domain.
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There are many digital control solutions for the implementation of an antiwind-up 
control system. The system described here shows a linear dependency of the feed-
back during saturation, which is able to introduce a first-order lag equivalent of an 
antiwind-up integrator during saturation.

9.8  CONCLUSION

Current control within power converters is subject to noise and distortion. Special 
precautions need to be taken to filter and measure current in the presence of large 
ripples. Digital current control is somewhat simple, as a large number of applica-
tions use only conventional PI controllers. Several other particular aspects related to 
implementation are presented in this chapter.
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Intelligent Power Modules

10.1  MARKET AND TECHNOLOGY CONSIDERATIONS

10.1.1  History

Currently, most power converter products are already well defined and accepted by 
many customers. Hence, the corporate effort is to produce it cheaper and more effi-
ciently by excellence in operations. The process of improving the well-known topol-
ogies into fabrication is based on new packaging methods for the hardware as well 
as novel control architectures and platforms. Moreover, both the fabrication process 
and the component selection within the design process are now highly optimized.

Different R&D institutions have adopted this philosophy and embarked in prod-
uct optimization. For instance, the Office of Naval Research (ONR)—a top research 
sponsorship institution of the U.S. Department of Defense—has sponsored and led a 
series of programs in mid-1990s and early 2000s meant to demonstrate and improve 
capabilities in power conversion with focus on packaging, power density, and control 
architecture. The two major programs including both academia and industry were 
the Power Electronics Building Block (PEBB) and later the Advanced Electrical 
Power Systems (AEPS).

Despite targeting mostly naval applications, these programs set-up the basis of 
standardization and packaging for any medium power application (tens to hundred 
kW). Later on, ABB has extended the PEBB program into the multimegawatt range. 
More recently, different aviation electronics producers adopted PEBB as a technol-
ogy of choice for the development of future more-electric aircraft systems.

In early and mid-2000, ideas that emerged from the PEBB and AEPS programs 
were assimilated by large power semiconductor manufacturers and designed-into 
the development of Intelligent Power Modules. The basic description of these IPM 
devices follows herein, while Chapter 18 a will enter an advanced research topic for 
developing novel technologies and circuits based on these IPM devices.

The IC technology has experienced an impressive development during the last 
30 years. The number of transistors on the same chip has continuously doubled at 
each other year. This tremendous technology capacity combined with the progress in 
computer aided-design has allowed emergence of very-large-scale integrated circuits 
(VLSI) able to achieve high performance in signal processing and size reduction of 
the electronics equipment.

Similar advancements were possible within the collateral efforts of the power 
semiconductor manufacturers. Progress has been achieved in packaging of the gate 
driver, sensing logic, and power semiconductor under the same hybrid IC package. 
This emerged into a new set of devices—often called “intelligent power modules”—
that steadily reached a certain standard of usage in low power range (Figures 10.1 
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and 10.2). These IPM devices contain a full gate driver with sensing and protection 
capabilities [1,2].

10.1.2  Advantages and Drawbacks

Advantages of the IPM-type devices consist of

•	 Improved reliability since the power semiconductor module could contribute 
better performance for the system’s reliability than individual components [19].

•	 Improved reliability since a power module provides a better thermal design 
and layout, both with effects on the system reliability. Using a power mod-
ule supplied by manufacturer rather than multiple individual components is 
recommended for the inverter application [19].

•	 Two to three times better power cycling capability than using conventional 
power switches.

6 Channel gate driver
Current and

temperature sensing

FIGURE 10.1  Typical circuitry within an IPM device.

Current

Extended power range

Conventional IPM range

SIP Mini-DIP

1A 10A 100A 400A

DIP

FIGURE 10.2  Examples of packages and power rating for IPM devices.
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•	 Lower parasitic inductance than within the discrete solutions with benefits 
in voltage spike reduction, and possible operation at higher switching fre-
quency with lower switching loss.

•	 Simplified power connection (VDC + , VDC–, A,B,C).
•	 Microcontroller connection through 6 logic-level inputs.
•	 Propagation delays for all low-side and high-side IGBTs are matched.
•	 Protection against over-current and over-temperature faults is secured.
•	 Reduction of system’s volume and weight.
•	 Easier debugging and field repair of the electronics equipment.

The drawbacks of IPM modules are

•	 Maximum power ratings were reduced up to recent products.
•	 Switching frequency is limited due to thermal constraints.
•	 Still require DC bus capacitor and passive filtering since these modules fol-

low the conventional back-to-back topology.

Performance improvement when using IPM devices instead of discrete devices 
came from a series of technology achievements such as:

•	 IGBT device technology –> reduction of power loss.
•	 Packaging materials –> better heat extraction.
•	 Improved gate driver control.

10.1.3 IGBT  Chip

Recent IGBT devices aim to deliver benchmark VCE(ON), with zero temperature coef-
ficient, at lowest conduction loss possible, together with soft switching transients able 
to reduce EMI. The IGBT technology evolved sub sequentially since early 1990s as 
it follows:

•	 Punch-through planar IGBT
•	 Suitable for voltages 250 V–1200 V,
•	 Cost effective technology, optimized for either speed or short-circuit 

rating up to 10 µs.
•	 Nonpunch-through planar IGBT

•	 Suitable for voltages 600 V–1200 V,
•	 Optimized for ruggedness,
•	 Short-circuit tolerance up to 10 µs at higher switching frequency.

•	 Field-stop trench IGBT
•	 Suitable for voltages 350 V–650 V,
•	 Optimized for both conduction and switching performance,
•	 Rated for 5 µs short-circuit capability,
•	 Allows higher current rating in smaller packages.
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•	 Punch-through trench IGBT
•	 Suitable for voltages 600 V
•	 Cost effective technology at low switching frequencies (below 1–5 kHz),
•	 Rated for 3 µs short-circuit capability,
•	 Allows higher current rating in smaller packages.

•	 Field-stop trench IGBT
•	 Excellent conduction and switching characteristics,
•	 Rated for 10 µs short-circuit capability,
•	 Allows higher current rating in smaller packages.

Different manufacturers have marketed technologies similar with each other, 
with small variations from this historical evolution. The multiple options for technol-
ogy development allowed the specialization of the IGBT chip depending on applica-
tion. The IPM devices emerged first for application to appliance and “white goods” 
products. The application is therein a motor drive that does not need a switching 
frequency higher than 5 kHz, with transitions generally below 5 kV/µs (or 5 V/ns). 
Hence with the main focus of the design process yields on reduction of the conduc-
tion loss.

10.1.4 G ate Driver

In order to get the most benefit from these new IGBT chips, the gate driver itself is 
optimized. The gate driver ICs aiming at improved performance are using at least 
different gate resistors for turn-on and turn-off. The most advanced devices are also 
considering dynamic control of the transition slope on dependence of the switched 
current [3–5]. Since the gate driver can change its driving speed based on the switch-
ing current as discussed in Chapter 2.5, it is possible to achieve simultaneously low 
loss and low noise (Figures 10.3 and 10.4).

10.1.5 P ackaging

The third key technological advent that made IPM success possible relates to pack-
age fabrication (Figure 10.2).

The transfer mold technology was first used and it is based on copper lead frames. 
For larger power levels, the requirements for heat extraction are more demanding and 
the heat transfer through the copper leads was not enough. A step forward came with 
integration of cooling structures like mold resin and aluminum heat-sink. Further 
on, higher power levels require even more heat extraction which is nowadays pos-
sible with integrated ceramic substrates.

As opposed to the low-power IC technology, the substrate of a power module 
must carry higher currents, provide larger voltage insulation, and deal with increased 
amount of power loss and heat. The role of the substrate in a power module is to 
provide the circuit connections and to provide cooling since it is common for the sub-
strate to face operation up to 150° or 200°C. The most used substrate technologies 
are the Direct Bonded Copper substrate, and the Insulated Metal Substrate.
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Direct Bonded Copper (DBC) substrates are composed of a ceramic tile like alu-
mina and a sheet of copper bonded to one or both sides. The copper and ceramic tile 
are heated to a controlled temperature, in an atmosphere of nitrogen and oxygen, 
until a copper-oxygen eutectic forms which bonds successfully both to copper and 
the oxides used as substrates. The top copper layer can use printed circuit board tech-
nology to draw an electrical circuit, while the bottom copper layer is usually kept 
plain for cooling by attachment to a heat spreader or heat-sink.

The advantages of Direct Bonded Copper technology are

•	 Low coefficient of thermal expansion, which ensures good thermal cycling 
performances (up to 50,000 cycles)

•	 Excellent electrical insulation
•	 Good heat spreading characteristics
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The ceramic material used within Direct Bonded Copper technology can be:

•	 Alumina (Al2O3) = widely used because of its low cost despite the lower 
thermal performance (24-28 W/mK) and despite being somewhat brittle. 
Over the years, the thickness of this substrate was reduced from 0.63 to 
0.38 mm for most applications in order to reduce the thermal resistance 
(Rth) from the semiconductor chip to the heat sink.

•	 Aluminum nitride (AlN) = offers better thermal performance (> 150 W/
mK) at higher cost.

•	 Beryllium oxide (BeO) = despite representing another option for good ther-
mal performance, it is not very much used since it is somewhat toxic.

Insulated metal substrate (IMS) technology starts from a metal base-plate like 
aluminum, covered with a thin layer of dielectric like an epoxy-based layer, followed 
by a layer of copper (35 µm to more than 200 µm thick). Due to this structure, the 
Insulated metal substrate (IMS) technology is a single-sided substrate and it can 
accommodate components on the copper side only.

Power modules can be designed with or without a base-plate. If the base-plate is 
missing, the Direct Bonded Copper (DBC) substrate is directly placed on the heat-
sink. Alternative solutions for the copper base-plate include composite materials 
such as AlSiC or Cu-Mo, mostly used in traction applications due to their low ther-
mal conductivity and high costs.

The heat removal performance is obviously related to the performance of the mate-
rials used for packaging of the power modules. Consequently, the development and 
improvement of new materials influence size and weight of the power semiconductor 
modules. Therefore, the contemporary R&D effort is dedicated to justifying the new 
opportunities within the power topology itself. It is thus interesting that the applica-
tion circuitry yields to follow timely the advent of novel packaging technologies.

10.1.6 O ther Approaches

A completely different approach considers the integration of a printed-circuit-board 
within the same package of a conventional base-plate module [6]. Hence, some of the 
control features are implemented locally within the same power module.

As an extreme case, there are some varieties of IPM devices that contain the micro-
controller on the same package with the power semiconductor devices. However, they 
are not very much used since it was not proven that such approach can pass all the 
EMI and safety standards. There is also a somewhat limited adaptability to any con-
trol platform already developed in-house by the converter system integrator.

10.2  REVIEW OF IPM DEVICES AVAILABLE

Each major power semiconductor manufacturer came with its own solution for 
power modules since the first IPM products in late 1990s [7]. Table 10.1 provides 
some examples of conventional IPM devices. The quoted numerical data is just 
an example able to sustain the theory developed within this chapter and there is 
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TABLE 10.1
Examples of 3-Phase IPM Technologies in Arbitrary Order [2,8–10]

Family Name 
IRAMS

Manufacturer International 
Rectifier

Launch Year 
2004

Bus Voltage 
600 V

Rated Current 
3.20 A

Packaging
•	 Package SIP
•	 Heat spreader for the power die along with 

full transfer mold structure
•	 Max. power dissipation 73 W.
•	 Low VCE(on) short-circuit rated Punch-

Through IGBT
•	 Standard 3-ph gate driver
•	 Isolation 2000 Vrms

Features
•	 5 V Schmitt-triggered input logic
•	 Under-voltage lockout.
•	 Internal bootstrap diode
•	 Interlocking function
•	 over-current and over-temperature 

protections
•	 Built-in temp. monitor;

Family Name 
SLIMM (STGIP)

Manufacturer ST 
Microelectronics

Launch Year 
2011

Bus Voltage 
600 V

Rated Current 
10.20 A

Packaging
•	 Package SDIP-25/38 L (ECOPACK)
•	 Direct bond copper (DBC) substrate leading 

to low thermal resistance
•	 Max. power dissipation 42 W.
•	 Short-circuit rated IGBT with VCE(sat) 

negative temperature coefficient
•	 Advanced gate driver
•	 Isolation 2500 Vrms

Features
•	 3.3 V, 5 V, 15 V CMOS/TTL hysteresis 

comparator inputs with pulldown and 
pullup resistors

•	 Under-voltage lockout.
•	 Internal bootstrap diode
•	 Interlocking function
•	 Over-current and over-temperature 

protections
•	 Op amps for advanced current sensing
•	 5 kΩ NTC for temp. control

Family Name 
Motion SPM

Manufacturer Fairchild 
Semiconductor

Launch Year 
2005

Bus Voltage 
600 V

Rated Current 
3.20 A

Packaging
•	 Mini-DIP package (SPM27).
•	 Direct die-bond on the copper lead frame 

(DBC), w/bare ceramic material attached to 
the frame, and then molded into epoxy resin.

•	 Short-circuit rated optimized PT planar IGBT 
design

•	 Advanced gate driver
•	 Isolation 2500 Vrms

Features
3.3 V inputs
Under-voltage lockout.
Interlocking function
Over-current and over-temperature protections

(continued)
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no intention to compare performance. Many other manufacturers like Cyntec and 
Sanyo (now within ON Semiconductor) may have not been included herein simply 
for space reasons.

A new generation of high power devices has been launched in late 2011 and they 
can be seen as an important leap forward for their expanded power in the range of 
100 s Amp (Table 10.2). We are seeing this as a very important technological advance 
since it pushes the envelope of this technology across the entire low-voltage IGBT 
product range (low voltage in the sense of power systems that is below 1500 V).

TABLE 10.1  (continued)
Examples of 3-Phase IPM Technologies in Arbitrary Order [2,8–10]

Family Name 
SCM1100

Manufacturer Allegro 
Microsystems (SANKEN)

Launch Year 
2007

Bus Voltage 
600 V

Rated Current 
15 A

Packaging
•	 PowerDIP package (Propr.).
•	 exposed thermal pad for enhanced power 

dissipation capacity.
•	 Max. power dissipation 41.7 W
•	 Short-circuit rated IGBT
•	 Advanced gate driver
•	 Isolation 2000 Vrms

Features
•	 3.3 V/5 V CMOS inputs
•	 Under-voltage lockout.
•	 Interlocking function
•	 over-current and over-temperature 

protections
•	 Internal bootstrap diode

Family Name 
L-series 
L1-series Manufacturer Mitsubishi

Launch Year 
2005/ 2009

Bus Voltage 
600 V & 
1200 V

Rated Current 
215 A & 144 A

Packaging
•	 Small package/medium package/large package
•	 Max. power dissipation 128 W/390 W/833 W
•	 Integration of 5th generation trench chip 

(CSTBTTM) achieves lower saturation voltage
•	 Isolation 2500 Vrms

Features
•	 Requires individual GD supplies
•	 Individual GD output for short circuit 

protection, UV protection, OT protection
•	 On-chip temperature sensor diode on the 

IGBT chip

Family Name 
CIPOS 

(Code IGCM) 
(Code IKCS)

Manufacturer Infineon 
(Under LS Power 
Semitech Ltd.)

Launch Year 
2010

Bus Voltage 
600 V

Rated Current 
8.22A (Mini) 
6.20 A (SIL)

Packaging
•	 Two versions in Mini package and SIL 

package.
•	 Transfer-molded technology.
•	 Max. power dissipation 29 W/p.u. (mini) & 

59 W/p.u. (SIL)
•	 Infineon reverse conducting IGBTs with 

monolithic body diode (mini) and 
TrenchStop® IGBT (SIL)

•	 isolation 2000 Vrms

Features
•	 3.3 V LSTTL, CMOS inputs.
•	 bootstrap circuit
•	 Temperature sense
•	 UV lockout
•	 Over-current protection
•	 Cross-conduction prevention
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10.3  USE OF IPM DEVICES

The advent of IPM devices has opened some new R&D opportunities for the system 
designer which does not have to worry about the optimization of the low-level design 
for the gate driver and protection. The power electronics designer can therefore focus 
on performance achievements at system or power circuitry level. New multiswitch 
topologies can hence be created and some of them are presented in Chapter 18.

These IPM devices are integrating semiconductor devices along with their cool-
ing structures, with very limited or without passive components. The power elec-
tronics designer benefits now from all these topologies that do not contain passive 
components. It generally does worth trading the integration of multiple semicon-
ductors against the reduction of the passive components count in power electronics 
equipment. This is the core idea of the advanced research presented in Chapter 18. 
They all can be subscribed to a design trend for all-semiconductor power conversion 
solutions able to increase the reliability, and maintainability.

10.3.1  Local Power Supplies

Designing a power circuit with IPM devices includes setting up the following low 
power external components [12]:

•	 Bootstrap power supply should supply the high-side gate circuit without 
dropping below the UVLO threshold (typically around 11 V);

TABLE 10.2
Latest High Power IPM Product Announcements [11]

Family Name V series Manufacturer FUJI Launch 
Year Fall 

2011

Bus Voltage Rated Current

600 20, 30, 50

1200 10, 15, 25

600 50, 75

600 50–200

1200 25–100

1200 25, 35, 50

600 200–400

Packaging
•	 Ceramic insulated (silicon nitride 

substrate) package
•	 Sizes

49.5 × 70 × 12.5
49.5 × 70 × 12.5
50 × 87 × 12
84 × 128.5 × 14 
84 × 128.5 × 14
50 × 87 × 12
110 × 142 × 27

Features
•	 Latest 6th-generation IGBT chips (trench 

gate with field stop)
•	 Most recent drive IC enable the modules to 

achieve the industry’s least amount of power 
loss (20% lower than Fuji Electric’s previous 
products) and lowest level of noise

•	 Modules are fitted with four alarm lights
	 Overall size and thinness have been reduced 

by 80% compared to previous products 
(N,S,U-series)
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•	 Bypassing the local power supply for the HVIC;
•	 Certain IPM devices come with internal thermistor for temperature moni-

toring and over-temperature protection;
•	 Certain IPM devices come with an option for external resistor to sense cur-

rent, and others have the sensing circuitry already internally.

Among all these tasks, the design decision for the floating (high-side) power sup-
ply is the most open to debate. The conventional supply of each channel is done with 
a topology called bootstrap power supply (Figure 10.5). This is based on charging 
the supply (bootstrap) capacitor for the high-side circuitry during the conduction 
time of the low-side IGBT from the low voltage power supply used for the circuitry 
related to the low-side device. After turning-off the low-side IGBT, the gate driver 
(protection and control) of the top-side IGBT is supplied from the energy stored 
within the bootstrap capacitor.

The bootstrap capacitor is usually a ceramic MLCC capacitor able to behave 
well in high frequency while storing the required energy. While a combination of 
ceramic and electrolytic capacitors was traditionally of choice, the recent availability 
of ceramic capacitors with large capacitance value suggests the setup of the boot-
strap capacitor with a single ceramic capacitor. This is usually selected with a value 
of 1 to 47 mF, and rated at 25 V.

The bootstrap diode needs to withstand 1.5 times the bus voltage, and this 
becomes usually a requirement for a 1000 V diode when used along a conventional 
600 V IPM. Moreover, it has to be a fast recovery diode, 50 ns or better, at 1–2 A.

Finally, inserting a damping resistor (Rboot = 1 to 5 ohms) in series with the boot-
strap diode is an effective way to eliminate some important problems like:

VDD

RBOOT DBOOT
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VB

CBOOT

COM LO

Load
HV and LV common ground

HV and LV common ground

High voltage DC power bus

Bootstrap charge current path

Bootstrap discharge current path
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FIGURE 10.5  Principle of bootstrap power supply.
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•	 EMI noise due to possible reverse recovery charge of the bootstrap diode.
•	 Overcharge of the bootstrap capacitor by a negative spike on the VS volt-

age, spike induced by the stray inductance on the negative line.

Some other minor precautions are required at the design of the HVIC and at the 
start-up of the entire operation.

The issue with this cost-effective bootstrap power supply comes when using the 
IPM in a nonconventional way. For instance, the special case of using IPMs within 
the special topologies is proposed later on in Chapter 18. These cannot benefit from 
the low-side conduction due to the large interval of pause in operation.

Table 10.3 reviews the power supply requirements in this respect.
A possible solution to this matter consists of the independent supply of each gate 

driver. This is done in industrial systems with special flyback configurations. In the 
case of topologies built with multiple modules, such option is not feasible and also 
departs from the goals of modularization and reduction of passive components. The 
possible elimination of passive components and a design close to the all-semiconduc-
tor approach improves reliability and reduces loss [13].

A switch-mode unregulated dc/dc converter can be used instead and this is 
an ideal circuit substitute for the bootstrap diode (Figure 10.6). For instance, the 
RECOM dc/dc switch-mode converter comes in a small SIP4 package, works with-
out a requirement for external components and without heat-sink, while offering 
unregulated 15 V/15 V conversion, 1000 V isolation, 2 W output (133 mA) at an effi-
ciency of 80–85%. It can accommodate a capacitive load of up to 680 µF, more than 
enough for a large majority of gate driver applications. Multiple other manufacturer 
options are available.

For a numeric design, consider a maximum gate current request of 4.5 A for 500 ns, 
the minimum supply capacitor required to minimize the voltage drop at 1 V yields:

	
Cx ≥ ⋅ ⋅ = 〈〈

−( . ) ( . )
.
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1

2 25 680
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(10.1)

TABLE 10.3
High-Side Power Supply Requirements

Topology Figure
Comments 

about ton/toff Bootstrap Possible?

Simple parallel Figure 14.1 Normal PWM Yes

Interleaved Figure 14.22 Normal PWM Yes

Parallel assembly diode/CSI Figure 18.5 1/3 cycle Maybe w/special design

Multilevel Figure 18.11
Figure 18.12

Normal PWM Yes

Conventional matrix w/CSI Figure 18.15
Figure 18.18

Large toff No

Direct converter w/VSI Figure 18.9 Normal PWM Yes

Novel topology Figure 18.19 Large toff No
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A ceramic capacitor MLCC of 10 µF at 25 V, in a surface mount 1206 package 
can be adopted for any IRF IRAMS. Alternatively 22 or 47 µF nominations are also 
available in ceramic surface mount technology.

The use of a dc/dc hybrid converter is obviously more expensive, but it solves a 
series of problems with bootstrap power supply and can provide for a great labora-
tory setup needed to develop new control algorithms for all the novel topologies 
proposed in Table 10.3.

10.3.2 C lamping the Regenerative Energy

The main use of IPM devices relates to AC loads and the designer should address 
the operation with an inductive load after the operation of the switches ceases for 
voluntary or involuntary reasons. This may be the case of a faulty condition when 
all the switches turn-off for the protection of the drive and the energy from the load 
needs a path to discharge. Otherwise damage to the power semiconductor devices 
can occur.

The most used method for de-energizing the load in such situations consists of a 
current path through diodes. Moreover, the intermediary DC bus capacitor of a back-
to-back configuration may need sometimes a quicker discharge or voltage limitation 
through a brake resistor. Such brake or discharge resistor is connected across the DC 
capacitor with a 7th switch. While the back-to-back converter topology is inherently 
using the existing diodes within the two IGBT six-packs, any of the direct (matrix) 
converters proposed in Chapter 18 needs to use an additional dual diode bridge cir-
cuitry from input to output. Such additional clamp circuitry is mostly needed even if 
it is not shown in the main circuit topology drawing.
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FIGURE 10.6  Using the unregulated 15/15 V power supply, with 1000 V isolation.
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On the other hand, the conventional IPM devices are intended for low power 
applications, with currents below 50 A. In such case, the preferred protection is con-
ventionally based on varistors as shown in Section 6.2.4. For all the other operation 
modes requiring a regenerative discharge of the load, these converters are four-quad-
rant and they can easily manage the energy flow from the load to the grid.
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Resonant Three-Phase 
Converters

11.1 � REDUCING SWITCHING LOSSES THROUGH RESONANCE 
VERSUS ADVANCED PWM DEVICES

It has been shown in the introduction that a switching operation is adopted in high- 
power converters in order to reduce losses and to improve efficiency. However, the 
operation of the power semiconductor devices is far from ideal and losses still occur. 
It has also been shown in Chapter 2 that these losses arise during ON-time and dur-
ing transient events.

Losses during ON-time are called conduction losses and they depend entirely 
on the voltage drop across the switching device. Modern MOSFET devices feature 
very low Rds(on) [1]. For instance, the CoolMOS devices can switch up to 85 A at 600 
V and benefit from an Rds(on) of 35–70 mΩ (see the topmost IXYS IXKK 85N60C), 
while the newest Q2-Class HiPerFET devices can switch up to 80 A at 500 V and 
benefit from an Rds(on) of about 60 mΩ. Other conventional high voltage MOSFETs 
have Rds(on) in the range of 150–200 mΩ. Versions of these technologies of MOSFETs 
can be switched up to 1200 V. Analogously, new technologies reduce the ON-state 
voltage drop across insular gate bipolar transistors (IGBTs) to the range of 2–3.5 V. 
Trench-gate IGBTs are recommended for low conduction loss with their collector–
emitter voltage drop of 1.5–2.2 V (for instance, see Powerex CM200DU-12F for 
200 A at 600 V) [2]. All these technology advancements are remarkable, and efforts 
will continue in the coming years on the same lines. Conduction loss, however, is 
technology-dependent and cannot be minimized by application topology. The only 
thing the designer can do is to estimate the weigh of the conduction versus switch-
ing loss within the application and select the proper power switch. If low conduction 
loss is more important for the application, devices with lower conduction loss should 
be selected. If, on the contrary, operation at a high switching frequency is required, 
devices with short transient times should be selected.

The second major category of losses is due to the transients of the voltage and 
current at turn-on and turn-off of the power semiconductor devices. When power 
devices change their conduction state, voltage and current have finite transitional 
slopes that superimpose for a short time, creating switching loss. The amount of 
switching loss at turn-on or turn-off of any switching device depends on both the 
technical characteristics of the power device and the application circuit. Here, there 
is room for improvement and for energy saving by the designer of the circuit. We 
dedicate this chapter, therefore, to understanding what energy savings are achievable 
with help from the circuit design engineer.

11
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A complete analysis of the switching processes within power semiconductor 
devices has been presented in many books or papers. We limit this presentation to 
understanding the timing of a switching process. Figure 11.1 shows device behavior 
at turn-on. These waveforms have also been presented in Chapter 2 along with the 
definition of the most appropriate gate-driver design.

The semiconductor’s power loss is calculated with the product of drain-source 
(collector–emitter) voltage and source (emitter) current. This product is obviously 
large during the switching process. At turn-on, the current changes its state before 
the voltage change and the sequence of transitions is reversed at turn-off. Further- 
more, the turn-off of the IGBT or bipolar power transistors is characterized with a 
tail current that increases the switching loss.

The minimization of the switching loss is possible by reducing the time interval 
when both voltage and current are not close to zero. Different gate-driver techniques 
account for a controlled slope of voltage and current transitions. There are how-
ever limits to this minimization. The transition of current cannot be too steep as it 
would produce large voltage spikes in all the circuit parasitic inductances. The volt-
age slope is generally limited within the semiconductor device technology and the 
resulting parasitic capacitances have finite values.

Observing Figures 11.1 and 11.2 brings into focus the timing of the current and 
voltage waveforms as another possible solution for loss minimization [3]. Obviously, 
the switching loss depends on the amount of time between the voltage and current 
transitions. If somehow, we could move the voltage transition before the current tran-
sition, as shown in Figure 11.1, the switching loss would approach zero. Analogously, 
moving the transition of current before the transition of the voltage minimizes loss 
in the turn-off process.

Charge on Cgd
Charge on
Cgs and Cgd

Drain current
rise establishing

(di/dt)

IG

VGS

VGG

Irr

ID

VD

Miller plateau

Adding free-wheeling diode reverse recovery current

I0

VDS(on)

RG* (Cgd1 + Cgs)

RG* (Cgd2 + Cgs)

VGS (Io)
VGS (th)

FIGURE 11.1  Generic turn-on waveforms for an IGBT/MOSFET power device.
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Chapter 1 explained the role of power semiconductor devices in processing high 
power and the importance of maintaining simple circuit schematics. Changing the 
sequence of voltage and current slopes will definitely complicate the circuit sche-
matic and this is the major trade-off a power circuit designer will face when selecting 
the proper topology for a power-conversion system. To keep the circuit schematics at 
a reasonable level of complexity, resonant circuits are used to change the sequence of 
voltage and current slopes. These can freely oscillate or they may require synchroni-
zation with the power-switching pattern. Such synchronization usually requires the 
introduction of more switches, and a pertinent analysis should be done to justify the 
energy lost in the newly added devices versus the switching-loss savings in the main 
power stage.

This chapter introduces the Reader to the philosophy of using resonant power 
converters in high-power conversion systems and provides several examples for cir-
cuits. Given the dynamic market for power semiconductor devices, the goal here 
is not to provide a comprehensive analysis of all possible switching devices, but to 
present the reasoning that will help a power electronics engineer to make the right 
topology selection decision.

11.2 � DO WE STILL GET ADVANTAGES FROM RESONANT 
HIGH POWER CONVERTERS?

Let us start with a bit of history. The first widely used power semiconductor device 
was the silicon-controlled rectifier (SCR), also called thyristor. This device could be 
turned-on by a control signal and conduct current like a diode before the external 
circuit conditions turned it off. The use of this device in inverter type of applications 
required special turn-off circuits. Some of these turn-off circuits were built with 
resonant L–C networks.

RG* (Cgd2 + Cgs)
RG* (Cgd1 + Cgs) Miller plateau

VGS(th)

VGG

Bipolar current
~IGBT only

VD

IDI0

IG

VGS (Io)
VGS

Charge on Cgd
Charge on
Cgs and Cgd

MOSFET
current

FIGURE 11.2  Generic turn-off waveforms for an IGBT/MOSFET power device.
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The development of GTO (gate turn-off) devices for high-power conversion 
circuits simplified the inverter building. The GTO devices had a very large tail 
current at turn-off and efficiency optimization brought back the need for resonant 
circuits.

Later on, IGBTs became the main choice for power semiconductor devices. In 
1982, RCA and General Electric virtually simultaneously announced the discovery 
of this device [4]. It seemed to be the perfect device for switching high power and, in 
the early 1990s, almost all production of power converters in the 10–100 kW range 
was based on IGBTs.

First generation IGBTs, however, continued to have large switching losses. 
Reducing switching loss in IGBTs was one of the most important subjects of R&D 
efforts in the early 1990s. Hundreds of papers or patent applications were written 
and, probably, every researcher in this field was, in one form or another, involved 
in researching new, resonant-power converters for high-power applications. These 
circuits were actually not entirely new, as they could be adapted from resonant con-
verters built much earlier with SCR or GTO devices.

Two important research directions have emerged from these preoccupations [5]. 
The first addresses the invention and development of new, resonant-converter topolo-
gies. A possible classification of these solutions for inverter applications follows and 
more detail is provided in a further section.

Classification by the position of the resonant circuit:

•	 Resonant circuit in the DC bus allows a simplified six-switch converter 
topology

•	 Resonant circuit on each converter leg (pole voltage)
•	 Resonant circuit around each semiconductor switch
•	 Resonant circuit in the output

Classification by the signal used in reducing losses:

•	 Zero voltage switching: the voltage is kept at zero during the switching 
process

•	 Zero current switching the current is null during the change of conduction 
state

Classification based on the complexity of the resonant circuit:

•	 Free-running, continuous, resonant operation
•	 Synchronized resonant swing before the desired switching of the main 

device

This R&D direction has also addressed the mathematics of calculating the reso-
nant-circuit operation, the resonant-component selection, and the possible variations 
in the values of the resonant circuit’s passive components.

The second research direction addresses the system implications of resonant cir-
cuits and efficiency improvements. The following topics have been analyzed:
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•	 Understanding the reduction in switching loss at the power-switch level by 
comparison with a hard-switched device.

•	 Evaluating the additional loss introduced by the resonant circuit and the 
switching circuit managing the release of the resonant swing.

•	 Understanding the additional stress in the power semiconductor devices 
and addressing the trade-offs between efficiency improvement and weak 
switch utilization.

•	 Implementation of the digital controller with the most appropriate switch-
ing pattern timing in the power stage and for the resonant circuit.

The major merit of this second direction in R&D efforts was to acknowledge the 
potential drawbacks of using resonant converters and to establish a proper compari-
son of losses at the system level rather than at the switch level. Some researchers 
defend the use of resonant converters by claiming that the spread of losses over 
several devices and components would help the cooling system. This is entirely true 
and moves the use of resonant converters into a much general class of applications.

In the early 1990s, power converters with soft-switching operations were reported 
to save up to 10% of the switching loss. More recent implementation solutions are 
claiming a reduction in power loss of between 2% and 5%. Attention should be paid 
to how these savings are estimated.

Throughout the 1990s, semiconductor technology evolved continuously and the 
latest IGBT generation features excellent switching times and substantial loss reduc-
tion. The IGBTs’ relatively long turn-off time—they required as much as 2 ms to 
turn off—was a major shortcoming of the first generation. Technology improve-
ments made possible turn-off in less than 200 ns. The latest generations of IGBTs 
especially designed for switched-mode power supplies and UPS applications can 
turn off in less than 100 ns. This reduces loss and makes IGBTs compatible to or bet-
ter than MOSFETs in high-voltage applications that operate at more than 100 kHz. 
The maximum attainable switching frequency has also changed over the years from 
10 kHz to more than 100 kHz [6,7].

To better assess the developments in IGBT technology, let us consider data 
from Tables 11.1 and 11.2. These are datasheet extracts. We acknowledge that 

TABLE 11.1
Switching Loss Comparison for 100 A IGBT Devices (Energy Per Pulse)

Energy at Turn-on Energy at Turn-off

40 A 
(mJ)

60 A 
(mJ)

80 A 
(mJ)

40 A 
(mJ)

60 A 
(mJ)

80 A 
(mJ)

Powerex 600 V F-Series  0.90 1.06 1.08 1.80 2.50 3.00

Powerex 600 V H-Series  1.20 1.80 2.10 2.00 2.60 3.20

Powerex 600 V NF-Series  0.70 1.00 1.05 2.00 3.00 3.30

Powerex 600 V U-Series 1.36 0.80

IRF WARP series (50 A) 0.80 0.50
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measurement and reporting conditions vary from manufacturer to manufacturer, 
and we show this data only to assess the level of expected switching loss in hard 
switched converters. The data are in no way a direct performance comparison. It 
is important to note that such levels of switching loss make it difficult to further 
improve resonant circuits.

The advent of technology in the power semiconductor industry and the required 
complexity in the control circuit of resonant converters minimized the applica-
tion of this technique within the large-scale production of power converters in 
the range of 10–100 kW. Almost all manufacturers of power converters took a 
conservative approach in maintaining production of hard-switched converters and 
targeting efficiency improvement by reducing parasitics, timely commissioning 
of new semiconductor devices, and working towards the most optimal gate-driver 
circuits.

However, there are many applications where resonant circuits are the best choice 
[5,8,9].

•	 Many high-voltage and high-power converters continue to use SCRs, 
GTOs, or older generation IGBTs that may benefit from resonant-circuit 
techniques.

•	 Power converters used in very high-temperature environments may benefit 
from a reduction of losses in the main switching devices or a slight transfer 
of losses in the resonant circuit.

•	 The use of very modern or advanced power semiconductors at the edge 
of their ratings. For instance, building power converters with the new 
CoolMOS or HyperFET devices allow switching at 600 V and 200 kHz 
of a current of 20–50 A. If increasing the switching frequency further pro-
vides any benefit to the application (size of magnetics, for instance), reso-
nant switching is a good choice.

•	 Building power converters to fit extremely small spaces may require the use 
of resonant converters.

Let us consider the switching of power semiconductor devices under zero voltage 
or zero current and make this analysis independent of the circuit topology.

TABLE 11.2
Switching loss comparison for 400 A IGBT devices (energy per pulse)

Energy at Turn-on Energy at Turn-off

100 A 
(mJ)

200 A 
(mJ)

300 A 
(mJ)

100 A 
(mJ)

200 A 
(mJ)

300 A 
(mJ)

Powerex 600 V F-Series 4.00 6.00 10.0 5.00 10.0 20.0

Powerex 600 V H-Series 6.00 11.00 21.0 4.50 10.0 20.5

Powerex 600 V NF-Series 3.50 6.00 10.0 6.00 11.0 20.0

Toshiba IGBT ++ Series 11.00 16.0 21.0
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11.3  ZERO VOLTAGE TRANSITION OF IGBT DEVICES

11.3.1  Power Semiconductor Devices under Zero Voltage Switching

Switching loss can be reduced by bringing the voltage across the semiconductor 
device at zero before the turn-on process. The resonant circuit should be activated at 
switching instant only and this suggests the use of the term “quasi-resonant” for this 
class of converters.

It is important to understand the physics inside the power semiconductor devices 
switched at zero voltage in order to better assess the energy savings and possible 
failure associated with this operation mode.

Figures 11.1 and 11.2 emphasize the drain-source (emitter–collector) voltage trip 
during the Miller plateau of the gate voltage. The gate-drain capacitance provides a 
feedback path from drain to the gate that increases the equivalent charge needed for 
switching in the gate circuit. The total dynamic input capacitance results are greater 
than the sum of the static electrode capacitances. This effect, called the Miller effect, 
was first studied by John Miller for vacuum tubes. During the first voltage rise of the 
gate voltage, the gate-to-source capacitance gets charged, and during the flat portion 
(Miller plateau), the gate-to-drain capacitance gets charged. The total drive charge 
is typically higher for the Miller capacitance than for the gate-to-source capacitance. 
The width of the Miller plateau strongly depends on the amount of voltage seen 
on the drain (collector) of the power semiconductor device. Figure 11.3 shows the 
dependence of the gate voltage on drain current and voltage at turn-on. At the second 
voltage slope, both capacitances are charged as required by the switching of both 
voltage and current in the power stage.

During a zero-voltage transient, the Miller plateau disappears, as there is no volt-
age difference requiring additional charge into the gate-to-drain capacitance. This 
is important at the design of the gate circuit, as the overall charge is reduced and the 
stress in the gate driver is diminished.

Keeping in mind this behavior of the gate circuit, let us consider the selection of 
the proper power semiconductor device for a zero-voltage transition (ZVT). Usually, 

ID = 10 A, Vds = 200 V
ID = 10 A, Vds = 100 V

ID = 20 A, Vds = 100 V
ID = 20 A, Vds = 200 V

V gs

Time

FIGURE 11.3  Gate voltage at turn-on for different current and voltage levels.

 



316 Switching Power Converters

the switching performance is analyzed based on a combination of required gate 
charge and transconductance. Let us compare two devices with the theoretical char-
acteristics shown in Figure 11.4. The first slope of the gate voltage is determined by 
the gate-source capacitance, which is larger for the second device. The second device 
has a higher transconductance and therefore requires less voltage on its gate for the 
given amount of collector current. This results in a faster device and in the interesting 
conclusion that the device with the smaller gate capacitance is not always the fastest.

Considering the same power devices for a comparison of their operation under 
zero-voltage transient outlines the advantage of selecting devices with smaller gate 
capacitances, as the transconductance effect is reduced by the zero voltage present 
in the drain (collector).

Let us consider Figure 11.2 in relation to the turn-off of a power semiconductor 
device. The turn-off process can be seen as the reverse of the turn-on, except for 
the tail current characteristic of IGBT devices and not present in the switching of 
the power MOSFETs. The existence of the tail current can be explained with the 
pseudo-Darlington connection of two transistors in the IGBT model (Figure 11.5). 
The base of the second (the PNP) bipolar transistor is not accessible for additional 
control and its turn-off is totally dependent on the internal physics of the device. As 
the MOSFET channel stops conducting, electron current ceases, and the IGBT cur-
rent drops rapidly to the level of the whole recombination current at the inception of 
the tail. The lifetime of the minority carriers at this junction, therefore, slows down 
the overall transient time by introducing a time interval to remove the tail current. 

Drift region
resistance

Collector

Body layer
spreading
resistance

Emitter

Gate

FIGURE 11.5  Equivalent circuit for an IGBT device.

t1(>t2) t2(<t1)

V geV ge

Time Time

FIGURE 11.4  Different gate characteristics. 
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Traditional lifetime-killing techniques and/an n1 buffer layer to collect the minor-
ity charges at turn-off are commonly used to speed-up this recombination process. 
Because these techniques reduce the gain of the PNP transistor, they also increase 
the voltage drop on the IGBT device. Moreover, this solution of lifetime killing to 
collect minority charges at turn-off may increase turn-on losses due to a quasi-satu-
ration condition at turn-on. The existence of the tail current limits the use of a zero-
voltage transient at the turn-off of IGBT devices [5,10,11].

The operation of the quasi-resonant power converters providing ZVT can be 
defined on the basis of the initial conditions in the resonant circuits or the circuit 
topology. A first solution is shown in Figure 11.6, where the resonant cycle starts 
with zero voltage across the resonant capacitor. After the switch turns-off, a resonant 
circuit is formed with a resonant capacitor Cr and inductor Lr. If the period of the 
resonant circuit is chosen such that the voltage across the switch is again zero when 
turn-on is desired, then switching loss is minimized.

An alternative to this solution is shown in Figure 11.7. The Cr is now connected 
to an external potential Vref constant during the resonant cycle. The equivalent small-
signal models of the circuits shown in Figures 11.6 and 11.7 are identical.

11.3.2  Step-Down Conversion

Let us take a very simple example to illustrate this principle [5].
Figure 11.8 shows a single-switch buck converter with commutation at zero volt-

age. Chapter 3 has already shown the reduction of three-phase converters to simple 
buck or boost power stages. Understanding this simple resonant circuit helps the 
development of complex three-phase resonant converters.

The operation of the power switch within this power converter follows the same 
control characteristics as the conventional buck converter and we can consider the 

LrSw

Cr At t0: V0 = 0

+ –

Vref

FIGURE 11.7  Quasi-resonant circuit for ZVT, with initial zero voltage on capacitor.

LrSw

Cr At t0: V0 = 0

+ –

FIGURE 11.6  Quasi-resonant circuit for ZVT, with initial zero voltage on capacitor. 



318 Switching Power Converters

load filter L–C as being ideal (Figure 11.9). Its equivalent effect is a constant DC load 
current denoted by IL.

Let us start the analysis with the turn-off process. The voltage across is initially 
zero. The load current IL circulates through the resonant inductor Lr and the resonant 
capacitor Cr. This produces the linear increase of the voltage at the capacitor terminals.

Voltage Current
Control

Tt0 t t

Switch, Cr

Tt0
t0t1

VCr (max)

E

tOFFt2
Tt1 tOFFt2

t0 t1 tOFFt2

t0 T

T

t1 t4t3

t3

t0 t1 tOFFt2 Tt3

t0

t0

t0

t1

t1

t1

tOFF

tOFF

tOFF

t2

t2

t2

T
T

t3

t2

iCr

iSw

ID

Out diode TvD

E

ID

Lr vLr ILr

tOFF

FIGURE 11.9  Voltage and current waveforms.

LrSw
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+ L

CD R–
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FIGURE 11.8  Quasi-resonant circuit for ZVT, with initial zero voltage on capacitor. 
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The voltage across the resonant inductor lr is maintained null due to the con-
stant load current. This implies a linear variation of the voltage across the buck 
diode D.
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At moment t1, the diode D has a positive bias and turns-on.
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The resonant circuit can be characterized with a resonant frequency fr and a char-
acteristic impedance Zr.
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These are also related by the following equations:
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Equation 11.3 can be written in dependence with these variables.

	
t

E
I

C
E
I ZL

r
L r r

1
1= ⋅ = ⋅ ⋅ω 	

(11.8)

If the characteristic impedance Zr is chosen very large, the time interval t1 can 
be considered very small or at least much smaller than the switching period of the 
buck converter.
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During the following time interval, the diode D conducts the load current and the 
switch Sw remains in the off state. The input voltage E is seen across the resonant 
circuit Lr–Cr and the voltage across the resonant capacitor Cr is given by:
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where the initial value of the current through the resonant inductor has also been 
considered.

The sinusoidal voltage across the resonant capacitor Cr reaches a peak voltage 
nCr (max) and then decreases to zero.
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	 (11.11)

The moment of time when voltage reaches zero yields:
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The current through the resonant circuit in this moment is given by:
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The current through the output diode at t2 yields:

	

i t I I
E

Z ID L L
r L

( )2

2

1= + ⋅ − ⋅


















	

(11.14)

When the resonant voltage prepares for the negative swing, the anti-parallel diode 
turns-on. This ensures the circulation of the current through the inductance Lr until 
the energy is discharged. During this interval, the voltage across the Lr is main-
tained constant. The current passing through Lr and the anti-parallel follows a linear 
variation:
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The current through the output diode D yields:
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The moment of time t3 when the current through the resonant inductor and the 
anti-parallel diode vanishes yields from Equation 11.14:
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When the switch Sw turns-on, the current circulates through Sw, the resonant 
inductor Lr and the output diode. Because the output diode is still in the ON state, 
the voltage across the resonant inductor equals the input voltage E. The current will 
continue the linear variation from zero to the load current IL determining the same 
variation of the current through Dsw, Lr, and output diode D.
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The output diode current will eventually vanish at a moment of time t4 that is 
given by:
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where the results from Equations 11.16 and 11.17 are considered.
Finally, after the moment t4, the switch is the only device carrying current towards 

the load through the resonant inductor Lr. The state of this switch can be changed at 
any time and the entire operation cycle is repeated.

It is important to note that the moments t2 and t4 are very important, as they limit 
the possible variation of the ON and OFF time intervals within the controller opera-
tion. Their values are given by Equations 11.12 and 11.20 and these are dependent 
on both the passive components Lr and Cr as well as on the load current and supply 
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voltage. The load current is the only variable parameter during the operation of the 
power stage.

The proper operation of the resonant circuit should respect the following 
constraint:

	 Z I Er L⋅ ≥ 	 (11.21)

It can be seen that the ZVT can be obtained for certain current levels and that 
light loads do not concur to reduction of the switching loss. One can also notice that 
the switching loss for a light load is anyhow reduced.

This converter can control the output voltage only by changing the period of the 
entire cycle that modifies the value of T or the moment when the switch is turned 
off. The duration of the OFF state is dictated by the circuit conditions. The averaged 
output voltage can be calculated by:
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This, unfortunately, is dependent on both the load current and the input voltage 
and can be controlled only by the cycle period. However, this analysis illustrates the 
operation of a simple resonant circuit and does not have as its objective the design of 
a complete power converter.

The voltage across the power switch is increased to Cr(max) from the input volt-
age E. Depending on the current level, this can be up to twice as much as the input 
voltage. This obviously means to overrate the power switch. When using IGBTs, 
there is not much difference in the conduction losses in devices of 600 and 1200 V. 
However, using MOSFETs implies a substantial difference between Rds(on) of devices 
rated at 250, 500, and 600 or 1000 V, as they are the result of different technologies. 
The ratio of Rds(on) can be twice as much. Moreover, there is more current passing 
through the switch and the conduction loss is larger. A fair loss comparison should 
definitely include both the optimization of the switching loss and the change in the 
conduction loss.

11.3.3  Step-Up Power Transfer

Many power conversion applications require a power transfer from a low-voltage 
source to a high-voltage load through a step-up conversion [3]. Figure 11.10 shows a 

L+ Lr

C

D

R–

E

Cr

FIGURE 11.10  Step-up power converter.
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possible resonant circuit for this condition. The input inductance L can be modeled 
with a current source.

Let us assume that the general operation of this boost converter is not modified by 
the presence of the resonant circuit, and let us start the analysis at the moment when 
the switch is turned-off. At that moment, the current through the Lr and the voltage 
across the Cr are zero. The output diode is also in the OFF state. The quasi-constant 
input current is linearly charging the Cr.
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At the time t1, the voltage across the capacitor Cr reaches the output voltage V0 
and the voltage across the output diode reverses its polarity. The time interval t1 can 
be calculated with:
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where the previous notations for ωr and Zr are considered.
At the moment t1, the diode turns on and the switch Sw maintains its OFF state. 

The input current is now shared between the resonant capacitor Cr and the output 
branch of Lr and diode D. The inductance Lr and the capacitor Cr form a resonant 
circuit supplied by the load equivalent voltage V0. This resonant circuit starts with 
the voltage across the capacitor equaling the load voltage.
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The voltage across the resonant capacitor increases from V0 to a maximum value 
and then decreases to zero.
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At moment t2, this voltage reaches zero.
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The resonant swing of the voltage reaches zero only if Zr*IL > V0. The current 
through the Cr is given by:
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and it has the final value
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Analogously, the resonant current through the Lr and output diode is given by:

	
i t I i t I I t tL L C L L rr r
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After moment t2, the resonant circuit has the tendency to swing the voltage across 
capacitor to negative values, but the anti-parallel diode turns-on and clamps this volt-
age. The Lr has a constant voltage across its terminals and the current through this 
inductance varies linearly from its initial value at t2.
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The current through the anti-parallel diode is given by:
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The moment t3 when this current vanishes is determined as:
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(11.34)

Unfortunately, this time interval depends on both the input current and the output 
voltage and it cannot be influenced by control.

The power switch should be controlled for the ON state at any moment during 
the time interval (t2, t3), before the anti-parallel diode would turn-off. In this way, 
the switch turns-on after the resonant current reverses its direction at t3. The linear 
discharge of the resonant current through the output Lr continues until t4.
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(11.35)

The switch stays in the ON state for the rest of the switching cycle and the load 
diode remains in the OFF state. The entire operation can be understood with the 
waveforms showed in Figure 11.11.
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11.3.4  Bi-Directional Power Transfer

Many applications require a bi-directional circulation of the load current and 
the previous power stage is enhanced by the use of a dual module of MOSFET 
devices. To derive the resonant operation of such a two-switch converter, first let 
us note that the switch and the resonant inductor are in series, and their sequence 
can be changed without altering the operation of the converter (Figure 11.12). 
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Tt0 tOFF t3 t4t1 t2
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Out diode, 
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Tt0 tOFF t3 t4t1 t2

V0

VD

Tt0 tOFF t3 t4t1 t2
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2IL
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IDSw

FIGURE 11.11  Voltage and current waveforms.
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FIGURE 11.12  Another form of circuit from Figure 11.8.
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Replacing the buck diode with an assembly of switch, diode, and resonant capaci-
tors leads to the sequence shown in Figure 11.13. The output filter does not have 
any effect on the resonant operation in the power stage and only a constraint of a 
constant load has been considered (Figure 11.14). The same operation will occur 
in a power stage without filter but with a constant load.

Understanding the resonant operation of this converter implies analyzing sep-
arately the step-up and step-down power transfer from the “load” to the “input”. 
This can be achieved by considering the Sw2 as the power-commuting device and the 
diode D1 as the freewheeling diode for the step-up conversion from load, and Sw1 as 
the power commuting device and the diode D2 as the freewheeling diode for the step-
down conversion. The same intermediate states occur for a negative load current.

Let us consider now the switch Sw1 in conduction and the current getting out of 
converter and circulating towards the load. When Sw1 is turned-off, both switches 
are in the OFF state and the parallel capacitors are charging from the load current. 
The high side capacitor that was initially discharged increases its voltage. The low-
side resonant capacitor charged at the bus voltage, is now discharged with the load 
current. The pole voltage decreases according to the resonant circuit. The resonant 
swing of the voltage reaches zero before commanding the turn-on of the switch Sw2 
if the initial value of the load current is large enough. If there is not enough energy in 
the load current, the switch Sw2 will be commanded when there is still voltage across 
it and it will turn on with switching loss (Figure 11.15).

Of most interest to us is the extension to the three-phase conversion systems. 
Figure 11.16 builds upon the theory developed in Chapter 3 and illustrates the 
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FIGURE 11.13  Power stage with dual module.
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FIGURE 11.14  Equivalent model for the single leg converter of Figure 11.13.
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principle of resonant circuitry applied to a three-phase conversion system. It is inter-
esting to note that the resonant circuits shown in figure somehow occur naturally 
from the building of the power stage. The output capacitances (Coss) of the power 
MOSFETs or IGBTs and the bus-bar parasitic inductances represent a good starting 
point for constructing this resonant circuit.

One can notice the equivalence between this presentation of the Zero Voltage 
Transition (ZVT) methods and the resonant snubbers shown in Chapter 6, Section 6.2.5.5.

11.4  ZERO CURRENT TRANSITION OF IGBT DEVICES

11.4.1  Power Semiconductor Devices under Zero Current Switching

Let us re-analyze the switching of the power devices shown in Figures 11.1 and 
11.2 with the condition of zero current in the drain circuit [1,12]. The first slope 
of the gate voltage ends faster due to the reduced Miller threshold at zero current. 
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VCr (low)

IL-increase
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FIGURE 11.15  Resonant capacitors voltage.
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FIGURE 11.16  Three-phase system with resonant circuits.
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This is also explained in Figure 11.3. However, the Miller plateau is still dependent 
on the voltage from the drain-source (collector–emitter) circuit. After the volt-
age swings towards zero within a turn-on process, the current may be allowed to 
increase slowly to the actual value of the load current through a series inductance 
(Figure 11.17).

The zero current switching at turn-off is ensured with an external circuit that 
cancels any drain current before the actual turn-off command. Excess charges thus 
get trapped within the power semiconductor device and they start decaying through 
internal recombination. The drain-source voltage has a fast rise after the turn-off 
command. This voltage is supported within the reverse-biased p-base drift region 
junction (Figure 11.5).

After the supply voltage has reached the drain-source (collector–emitter) circuit, 
the remaining process is a recombination that characterizes the tail current. This 
results in a turn-off current bump in the drain (collector) circuit. The excess carrier 
in the drift region can be swept away into the MOSFET channel in parallel with the 
recombination process if the gate voltage is still applied to maintain the inversion 
layer and the MOSFET channel. It is important to maintain the control voltage in the 
gate circuit, before all carriers are swept out through the MOSFET channel, in order 
to reduce the current tail and the current bump in the power circuit. This reduces 
switching loss accordingly. This brief analysis outlines the benefits of zero current 
transition (ZCT) in turn-off switching.

The ZCT class of resonant power converters is characterized by placing an induc-
tor in series with the power switch and counting on a zero current at turnoff. Figure 
11.18 shows a simplified circuit based on an additional voltage potential Vref and 
Figure 11.19 presents a solution without any other voltage source. This resonant 
circuit reduces losses at the turn-off of the power switch. Achieving zero current 

Control

Vds

Id

Vbus

Tail current

Zero current
due to external
causes (ZCT)

FIGURE 11.17  Turn-off characteristics with Zero Current Transition (ZCT).
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through the switch at turn-off is possible with a sinusoidal variation of the current 
through the resonant inductor Lr. Unfortunately, this swing of the current reaches a 
peak value of twice the load current and this large current passes through the power 
switch during the ON state. The rating of the switch should be increased and the 
conduction losses will increase accordingly.

This resonant circuit reduces losses at the turn-off of the power switch. Achieving 
zero current through the switch at turn-off is possible with a sinusoidal variation of 
the current through the resonant inductor Lr. Unfortunately, this swing of the cur-
rent reaches a peak value of two times the load current and this large current passes 
through the power switch during the on state. The rating of the switch should be 
increased and the conduction losses will increase accordingly.

11.4.2  Step-Down Conversion

Let us explain the operation of a resonant circuit for ZCT within a buck converter. 
The simplified circuit diagram is shown in Figure 11.20.

The operation of the buck converter should not change from the conventional 
power converter and the load current is assumed constant during the resonant cycle 
in Figure 11.21. Let us start this analysis with a zero current through the Lr and a zero 
voltage across the Cr, the load current being sustained by the output diode D.

Lr

Sw
Cr

+ –

VREF

FIGURE 11.18  Quasi-resonant circuit for ZCT.
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FIGURE 11.19  Quasi-resonant circuit for ZCT.
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FIGURE 11.20  Quasi-resonant circuit for ZCT.
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At t0, the switch is turned on and current starts to circulate through the Lr and the 
power switch with a linear variation.
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The current through the output diode D is given by the difference between the 
load current and the current through the resonant inductor:
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(11.38)

At the moment of time t1, the current through the output diode reaches zero and 
the diode turns-off. Using Equation 11.7 yields:
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FIGURE 11.21  Voltage and current waveforms.
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After t1, the load current passes through the power switch and the Lr. The Cr is 
no longer clamped at zero voltage and it can produce an additional current through 
the switch and the Lr. This capacitor starts to charge from zero voltage. The current 
through the Lr is now calculated for the resonant circuit Lr–Cr with initial zero volt-
age on the capacitor:
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This current has a sinusoidal variation from the initial value equaling the load 
current to a maximum value and it is decreasing later to zero. The moment when the 
current vanishes yields:
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The voltage across the capacitor has a harmonic variation during the resonant 
cycle.
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The maximum voltage across the Cr is calculated with:

	

V t E
Z I

ECr
r L( ) = ⋅ + − ⋅

















1 1
2

	

(11.44)

It is important to calculate the amount of energy required by the resonant circuit 
in order to extend its swing to zero. This happens when the current in Equation 11.41 
can reach zero and it yields:

	 Z I Er L⋅ ≤ 	 (11.45)

It can be seen that this solution does not work for large load currents. The maxi-
mum current through the power switch and resonant inductor is calculated as:
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This current can be more than two times the load current. The conduction loss 
within the switch is definitely increased by this additional current circulation.

After t2, the switch turns-off at zero current and both the power switch and the 
output diode are in the off state. The Cr takes over the entire load current and this 
produces the capacitor discharge.
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The linear variation of the voltage can be expressed as:
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The output diode turns-on at t3 when this voltage equals zero.
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After the output diode turns-on, the load current is circulated through this diode 
while there is no current circulation through the power switch and the Lr. After this 
moment t3, the power switch can be turned on at any time and the entire cycle is 
repeated.

Because the main power semiconductor switch turns-off according to the reso-
nant cycle, the output voltage does not depend on the duty cycle of the control signal 
but on the resonant period.
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(11.50)

The current through the power switch is several times larger than the load current 
and this should be rated for larger currents. Further, the conduction loss is increased 
with this current circulation and this trade-off should be considered at the design of 
the power stage.

11.4.3  Step-Up Conversion

The principle of ZCT can also be applied to step-up converters. It is assumed that 
the operation of the resonant circuit does not affect the main function and opera-
tion of the original step-up converter. The only modifications are the presence of 
the series’ resonant inductor Lr and the parallel resonant capacitor Cr.
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Let us start the analysis with the turn-on event (Figure 11.22). In the beginning, 
both the power switch and the output diode are in conduction and the voltage across 
the Cr is kept equal to the load voltage (Figure 11.23). The input current is split 
between the Lr and the load current. The current through the Lr inductance has a 
linear variation:
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The load current equals:
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and reaches zero at t1.
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After t1, the parallel resonant circuit Lr–Cr remains in the circuit and the Lr cur-
rent is the result of the differential equation:
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with the following solution:
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The voltage across the parallel resonant circuit varies based on:
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The current through the Lr increases from the initial value to a maximum value 
and decreases to zero at the moment of time t2.
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This current also turns-off the switch under a ZCT. The resonant voltage at this 
moment reaches:
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After t2, the switch is in the OFF state and the resonant current continues through 
the anti-parallel diode. After the entire negative cycle of the current, the anti-parallel 
diode turns-off when current reaches zero again.
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The voltage across the capacitor Cr and inductance Lr moves to a level given by 
the following:
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The next switching of the main power device should occur after this time moment 
in order to be ready for another conduction interval.

The operation of this very simple resonant circuit determines an output voltage 
depending on the input voltage through a relationship with the resonant period as 
parameter. More complex circuits should be developed to ensure full control of the 
duty cycle and output voltage.

11.5 � POSSIBLE TOPOLOGIES OF QUASI-RESONANT 
CONVERTERS

All the circuits presented and analyzed in the previous sections allow for low switch-
ing loss due to the zero voltage turn-on. Unfortunately, they represent a very simple 
solution without too many control features. Constraints in reduction of the switch-
ing harmonics push for precise ON and OFF time control. This implies use of more 
evolved circuit configurations. Several examples are shown in this section without a 
comprehensive analysis.

11.5.1  Pole Voltage

We can define a group of resonant three-phase power converters based on resonant 
circuits on each leg of the three-phase power converter. The operation of these reso-
nant circuits is based on inverter pole measures. Several examples are shown in 
Figures 11.24 and 11.25. The first one represents a derivative of the circuit shown 
in Figure 11.13 and it is suitable for a zero voltage transient. The next evolution-
ary step takes place in the Auxiliary Resonant Commutated Pole Inverter (ARCPI, 
Figure 11.25). This has the ability to stop and release the resonant process at pre-
cise moments, controlling it by the use of the bi-directional switch. Pulse width 
modulation algorithms can therefore be improved and the harmonics in the load 
optimized. Different versions of these circuits have been proposed and their opti-
mization focuses on the reduction of the ratings for the power semiconductors and 
passive components used in the filter.
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11.5.2 R esonant DC Bus

Another class of converter moves the resonant circuit on the DC side in an effort to 
leave the main power stage unchanged from the hard-switched operation [10–16]. 
Advantages in packaging at module- or converter- level are therefore achieved. The 
resonant circuit on the DC bus produces a resonant swing of the voltage that is able to 
reduce the entire bus to zero. All power semiconductor devices in the main converter 
can, therefore, change their conduction state during this zero voltage interval.

The immediate drawback is the operation of the resonant cycle with pulse width 
modulations (PWMs), as there are limitations in the resolution of the PWM algo-
rithm. The main six-switch power stage disperses the resonant train of pulses from 
the DC bus to the three phases according to a sinusoidal law. All power semicon-
ductor devices should be rated for double the DC bus voltage in the circuit shown in 
Figure 11.26. However, this is the simplest solution for a resonant DC bus.
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FIGURE 11.25  Auxiliary resonant commutated pole inverter.
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FIGURE 11.26  Simple resonant DC link three-phase inverter.
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FIGURE 11.24  Conventional resonant pole inverter.
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As this rating constraint is not easily achieved in a three-phase converter, a 
clamping circuit is introduced (Figure 11.27) to limit the voltage trip to high peaks 
by paralleling another capacitor that changes the period and impedance of the reso-
nant circuit. The peak voltage is now limited to
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(11.62)

However, this solution does not allow any control of the pulse width and all pulses 
should be constructed with multiples of the resonant period. An alternative solu-
tion is shown in Figure 11.28 and consists in breaking the resonant cycle during the 
desired pulse width of the output voltage.

11.6  SPECIAL PWM FOR THREE-PHASE RESONANT CONVERTERS

The major issue with PWM control of resonant PWM three-phase converters con-
sists in the minimum pulse-width required for allowing the resonant swing of either 
voltage or current waveforms. Several excellent PWM methods suitable for PWM 
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FIGURE 11.27  Resonant DC link three-phase inverter with a clamp circuit.
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FIGURE 11.28  Fully controlled quasi-resonant DC link inverter.
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control of resonant converters have been presented in Chapter 4, Section 5. Both the 
staircase PWM and the third harmonic injection PWM are good for the control of 
resonant power converters.

A special class of three-phase resonant power converters is based on a continuous 
oscillation of the resonant Lr-Cr circuit. The PWM algorithm should therefore con-
sider pulses with their width as multiples of the resonant period. Special optimization 
routines can be used to improve the PWM pattern. A good example in this direction 
has been already presented in Chapter 3, Section 7.3 as a binary programmed PWM 
algorithm.

PROBLEMS

	 P11.1	� Determine the requirements of both the power switch Sw and the diode D 
for the converter shown in Figure 11.8 and operated according to Figure 
11.9. Use all equations from 11.1 to 11.20 for this calculation.

	 P11.2	� Determine the requirements of both the power switch Sw and the diode D 
for the converter shown in Figure 11.10 and operated according to Figure 
11.11. Use all equations from 11.23 to 11.35 for this calculation.

	 P11.3	� Determine the requirements of both the power switch Sw and the diode 
D for the converter shown in Figure 11.20 and operated according to 
Figure 11.21. Use all equations from 11.36 to 11.50 for this calculation.

	 P11.4	� Determine the requirements of both the power switch Sw and the diode D 
for the converter shown in Figure 11.22 and operated according to Figure 
11.23. Use all equations from 11.51 to 11.60 for this calculation.

	 P11.5	 Demonstrate Equation 11.62.

REFERENCES

	 1.	 Anon. 2002. What is the benefit of CoolMOS in phase shifted ZVS bridge topology? 
Infineon Application Note, January.

	 2.	 Anon. 2000. Using IGBT modules. Powerex Application Notes.
	 3.	 Mohan, N., Undeland, T., and Robbins, W. 2002. Power Electronics. 3rd edition. John 

Wiley and Sons, New York.
	 4.	 Wheatley, C.F., Jr. and Becke, H. 1982. U.S. Letters Patent No. 4,364,073: “Power 

MOSFET with an Anode Region”, RCA, December 14.
	 5.	 Bose, B.K. 1992. Power electronics—A technology review. Proc. IEEE, 80, 1303–1334.
	 6.	 Travis, B. 2000. IGBTs come of age in switchers—New high-speed IGBTs can beat 

MOSFETs in conversion efficiency and silicon area in switching supplies operating at 
100 kHz and faster. EDN 27, 42–46.

	 7.	 Ambarian, C. 1997. WARP SpeedTM IGBTs—Fast enough to replace power MOSFETs 
in switching power supplies at over 100 kHz. IRF Application Note, IRF Technical 
Paper, 1–6.

	 8.	 Huth, S. and Winterheimer, S. 1993. The switching behavior of an IGBT in zero current 
switch mode. Fifth European Conference on Power Electronics and Applications, vol. 2, 
pp. 312–316, 13–16 September.

	 9.	 Vlatkovic, V., Borojevic, D., and Lee, F.C. 1994. Soft-transition three-phase PWM con-
version technology. IEEE PESC Conference Record 1, Taipei, pp. 79–84.

 



339Resonant Three-Phase Converters

	 10.	 Divan, D.M. 1986. The resonant DC link converter—A new concept in static power 
conversion. IEEE-IAS Annual Meeting Conference Record, pp. 648–656.

	 11.	 Divan, D.M. and Skibinski, S. 1987. Zero switching loss inverters for high power appli-
cations. IEEE-IAS Annual Meeting Conference Record, pp. 627–634.

	 12.	 Imbertson, P. and Mohan, N. 1993. Asymmetrical duty cycle permits zero switching loss 
in pwm circuits with no conduction penalty. IEEE Trans. Ind. Appl. 29, 212–125.

	 13.	 Divan, D.M., Venkataramakan, G., and De’Doncker, R.W.A.A. 1993. Design method-
ologies for soft switched inverters. IEEE Trans. Ind. Appl. 29, 126–135.

	 14.	 Dehmlow, K., Heumann, R., and Sommer, R. 1992. Resonant inverter systems for drive 
applications. EPE J 2, 225–232.

	 15.	 Alexa, D. 1995. Resonant circuit with constant voltage applied on the clamp capacitor 
for zero voltage switching at the power converters. Elec. Eng. 78, 169–174.

	 16.	 Trivedy, M., Shenai, K., and Larson, E. 1997. Critical evaluation of IGBT performance 
in zero current switching environment. IEEE Conference Record, pp. 989–993.

 



 



341

Component-Minimized 
Three-Phase Power 
Converters

12.1 � SOLUTIONS FOR REDUCTION OF NUMBER 
OF COMPONENTS

Previous chapters have extensively analyzed the three-phase converter based on six 
power semiconductor switches. One of the major preoccupations for the use of this 
conventional topology within industrial products is related to cost reduction. It has 
been shown that the largest cost share corresponds to building the power stage.

Accordingly, one approach to cost reduction would rely on seeking new topolo-
gies with a reduced number of components. This is especially important for applica-
tions in the horsepower range up to several tens of kilowatts.

Different solutions have been reported in the literature during the last twenty 
years or so. An important research direction has been dedicated to new grid inter-
faces with power factor correction. Some of them, including the single-switch, three-
phase AC/DC converter, were analyzed in Chapter 9.

Constraints of variable frequency and magnitude for AC motor-drive applications 
have limited the efforts for new power converters used for simplified three phase AC 
sources. All reported solutions combine advantages and disadvantages versus the 
conventional six-switch inverter and none of them have really captured the market. 
These new solutions different from the conventional six-switch converter must be 
understood and studied for their merits and for the opportunity they provide to open 
up new directions for further research. They can be grouped in two categories:

•	 New inverter topologies: with reduced component count.
•	 Direct converters: to employ a single-power stage without intermediate DC 

link capacitor to perform direct AC/AC conversion.

12.1.1  New Inverter Topologies

The most well-known topology with reduced component count is shown in Figure 
12.1 [1–12]. It is based on two inverter legs while the third phase is taken from the DC 
capacitor mid-point. This topology has proven merit to be considered for industrial 
implementation. For this reason, a special part of this chapter is dedicated to its full 
analysis. Similar application to AC/DC conversion stages has been considered.

An interesting combination of this topology, with a single-phase front-end 
converter, enabled use of a six-pack module for implementation of the whole 

12
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AC/DC/AC conversion (Figure 12.2) [13]. The drawback is in the larger value of the 
DC capacitor bank. The two conversion stages (AC/DC and DC/AC) are controlled 
independently of each other and the additional control module manages the DC volt-
age within two threshold levels. A quick comparison with conventional topologies 
outlines the larger DC voltage on the bus. This aspect will be detailed in Sections 
12.2 and 12.3.

A completely different approach to reducing the number of components in the 
AC/DC/AC power electronic conversion supports a unidirectional load current 
(Figure 12.3a) [14–17]. If the load is a three-phase AC machine, it can be proven 
that this DC component does not affect the torque production but only increases the 
machine losses. Each leg is reduced to a DC/DC converter with a variable reference, 
as shown in Figure 12.3b.

These waveforms can be characterized mathematically by
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	 i i t3 1 240d d= −( )ω 	 (12.3)

One can verify that the difference between two reference currents is a purely 
sinusoidal wave. For instance: i1–2d = Im sinφt. It is very important to note that this set 
of phase currents produces a rotating magnetic field in the machine. In order to dem-
onstrate this, let us first apply the vectorial transform (5.1) to the current waveforms 
shown in Figure 12.3b. This yields
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After some calculation:
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The set of currents from Figure 12.3b generates a rotating magnetic field with 
constant angular speed and magnitude. A set of currents will be induced in the short 
circuited rotor and this will generate another magnetic field. The interaction between 
the stator and rotor magnetic fields produces a constant electromagnetic torque. The 
special shape of currents operates the induction machine under unstable conditions 
and the whole theory of induction machine dynamic model is not applicable here. 
Analysis should be performed on each interval separately. Stator and mutual equiva-
lent inductances yield:
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FIGURE 12.3  New DC/AC topology with unidirectional currents.
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where LsA = LsB = LsC = Ls and Ms(A,C) = Ms. The resulting voltage equations are simi-
lar to traditional dynamic equations for machine modeling except for the values of 
these inductances. The waveforms of the rotor currents are identical with those car-

ried out for the same drive fed by sinusoidal currents with Im 3.
A physical explanation of the machine operation is shown in Figure 12.4. Let 

us consider the time interval with a current passing through the wirings A and C 
of the stator while the current through the second phase B is zero. An equivalent 
bi-phase system can be derived for the first 2π/3 rad only if the flux in each wiring 
produced by the (X,Y) bi-phase system is the same as that produced by the (A,C) 
system.

Despite the interesting mathematical demonstration of the torque production, 
this three-phase power converter cannot be practically implemented in the form 
shown in Figure 10.3a. This is because the currents through the DC mid-point and 
DC capacitors flow in the same direction and have a tendency to discharge C1 and 
overcharge C2. In order to prevent this, a special DC/DC converter is proposed 
in [1,2] to regulate the voltage of the capacitors. This complicates the power stage 
design.

An alternative solution is proposed in Figure 12.5 [17]. One of the phases is built 
with a reversed direction and a different number of turns. This solves the problems 
in the DC bus if that phase current is double the value of each of the other two 
currents.

Unfortunately, this implies a specially built electrical machine, as shown in 
Figure 12.5.
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FIGURE 12.4  Transformation of (A,C) to (X,Y) system to prove the operation of the IM 
drive with the proposed currents.
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FIGURE 12.5  Implementation of the idea from Figure 12. 3.
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Using the proposed converter and waveform solution increases losses in the 
induction machine. A simplified loss estimation is shown here.

•	 Stator copper losses

	

P R i t

P R I R

Cus

Cus

d= ⋅ ⋅ ⋅












⇒

= ⋅ ⋅ = ⋅

∫s s

s m s

1
2

0 40 1 2067

2

0

2

2

π ω
π

. . ⋅⋅ + i ids qs
2 2

	

(12.8)

	 When using the same induction machine (IM) as in a conventional case, an 
increase of 20.67% stator copper loss occurs.

•	 Rotor copper losses
	 When supplied with the proposed current waveforms, the rotor current’s 

sinusoidal waves and the rotor copper losses can be approximated as identi-
cal with the conventional case.

•	 Iron losses
	 A resistor equivalent to the stator iron losses can be included in the simpli-

fied IM equivalent model. This will be passed by a current equal with the 
difference between the stator current and the current through the magne-
tizing inductance. For a given torque, the stator losses can be somewhat 
reduced by a proper adjustment of the magnetic flux.

Even if these converter solutions are not very practical, they represent good con-
ceptual advances in power converter technologies. Taking into account advanced 
mathematical theory may lead to new topologies in the future and understand-
ing these advanced converters is a great start in researching emerging conversion 
approaches.

12.1.2  Direct Converters

Given the cost and size of the passive filter components on the intermediary DC bus, 
solutions for direct conversion have been sought. First, a very simple but practical 
solution is presented in [18] and it represents the IGBT equivalent (Figure 12.6b) of a 
conventional SCR-based AC controller (Figure 12.6a) able to generate a three-phase 
system of voltages with a constant frequency and variable magnitude.

When high-side IGBTs are controlled, they connect the load to the grid. In con-
trast, when the low side IGBTs are turned-on, they short the load and separate it from 
the grid. A train of pulses is created and the root mean square value can be regulated 
appropriately.

These two topologies are recently revisited by employing Reverse Conducting 
IGBT devices (IGBT-RC), able to optimize the construction of the power stage.

In many motor-drive applications, both frequency and voltage need to be con-
trolled and this can be achieved with different topologies of matrix converters. Given 
the importance of matrix converters within the power electronics landscape, Chapter 
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16 will present the conventional 9-switch matrix converters, and Chapter 18 will 
introduce special matrix converter topologies built of Voltage Source or Current 
Source 6-switch converters.

12.2  B4 INVERTER

12.2.1 V ectorial Analysis of the B4 Inverter

A new inverter topology with reduced count of components is built with two legs of 
the conventional inverter while the third phase is collected from the mid-point of the 
DC capacitor bank (Figure 12.1).

Let us first understand how this power converter operates. The third phase is 
taken from the mid-point of the capacitor bank and its pole voltage (M-Z) is always 
fixed at VDC/2. The phase voltages are constructed through a control on the other 
two inverter legs. The first consequence is the lack of zero states: there is no way the 
three pole voltages can be at the same potential during operation. This means that 
pulse width modulation (PWM) should be developed based on the remaining active 
vectors. A rule of operating a voltage source three-phase inverter says that we should 
always have one switch ON across each inverter leg.

This limits the number of the control states to four as shown in Table 12.1. A set 
of phase voltages can be generated by a combination of these states.

Phase voltages can be calculated from the pole voltages, as shown in Chapter 3. 
The appropriate equations are just adapted here to our inverter topology.
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The first attempts of using this topology have generated PWM with a conven-
tional reference-triangle carrier based method. The reference waveforms have been 
considered sinusoidal with a 60° phase shift between each other. The pole voltages 
for the inverter legs can be written as:
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where fa and fb account for the high-frequency components due to switchings. If the 
load is heavily inductive or a motor drive, it is a good approximation to neglect these 
harmonics and to consider the effect of the waveforms in fundamental frequency 
only. It yields:
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TABLE 12.1
Possible Inverter States and Their Appropriate Voltages

Sw1/Sw2 Sw3/Sw4 VAZ VBZ VAN VBN VMN Vd (Re) Vq (Im)

1/0 1/0 VDC VDC VDC/6 VDC/6 −VDC/3 VDC

6
VDC

2 3⋅
1/0 0/1 VDC 0 VDC/2 −VDC/2 0 VDC

2
−

⋅
VDC

2 3

0/1 1/0 0 VDC −VDC/2 VDC/2 0
− VDC

2
−

⋅
VDC

2 3

0/1 0/1 0 0 −VDC/6 −VDC/6 VDC/3
− VDC

6
−

⋅
VDC

2 3
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and
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In conclusion, this topology can be controlled by two sinusoidal references with 
60° out of phase from each other in order to produce a symmetrical three-phase 
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system. Moreover, these two references should be phase shifted with 30° from the 
desired first phase voltage (Figure 12.7).

A similar control can be achieved by vectorial analysis. Let us apply transform 
relationship (5.1) to the phase voltages shown in Table 12.1. A vector in the complex 
plane will correspond to each operation mode. It is important to note that a different 
notation of the phase voltages in Figure 12.1 will produce other positions in the com-
plex plane for the active vectors. The vectors shown in the complex plane of Figure 
12.8 have magnitudes of VDC / 3 and, respectively, VDC /3.
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FIGURE 12.7  Phase information for the reference functions and desired fundamental phase 
voltages on the load (see Equations 12.11 and 12.12).
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The generation of a symmetrical three-phase system assumes displacement of the 
tip of the voltage vector on a circular trajectory. The maximum radius of this circular 
locus is achieved when the trajectory is tangent to the polygon. It yields:
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Let us remember that the maximum voltage obtainable from a conventional six 
switches inverter was 1 3/ DC⋅ V  (see Equation 5.31). The B4 inverter needs a double 
DC voltage in order to produce the same output phase voltage and this is a serious 
drawback of this topology. It produces increased voltage stress on the power semi-
conductor devices and electrical machine. The absolute value of the peak-to-peak 
ripple on the DC bus capacitor voltage is also increased. Finally, the third phase cur-
rent circulates through the DC bank capacitor and this produces large variations of 
the voltage between the two capacitors. This can be corrected with large capacitors.

The two-leg inverter produces asymmetrical phase voltages as shown in Figure 
12.9.

Since one leg circulates currents through the DC capacitor bank, asymmetries 
of the operation may introduce a third harmonic on the line-to-line voltages. The 
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FIGURE 12.9  Typical phase voltages for the converter of Figure 12.1.
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content of the third harmonic for the leg connected to the capacitor bank is twice 
as large as the third harmonic in the other two legs as they add up into the first one.

PWM generation takes into account the following constraints due to the asym-
metries in operation:

•	 Decomposition on two adjacent vectors provides the average relationship.
•	 Because there is no true zero vector, two vectors with opposite directions 

are considered for equal time intervals to synthesize a zero-voltage state.
•	 There are always two possibilities for zero vector generation. It is preferred 

to use the “short” vectors for this since the “long” vectors produce larger 
voltage drop on the inductive load and larger ripple.

•	 In consequence, each vector generation is made with minimum three vec-
tors: two short and one long.

•	 Several state sequences are possible.

The reduction of the number of switches determines cost reduction as well as 
conduction loss reduction in the power stage.

12.2.2  Definition of PWM Algorithms for the B4 Inverter

Two Vector PWM methods are herein investigated.

Method 1
The idea of vectorial decomposition on two neighboring vectors is considered for the 
two-leg inverter. If we consider the desired position of the voltage vector in between 
V2 and V3, the time intervals associated with each state are given by:
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When vectors V1–V3–V4 are used, these equations are the same with V4 instead of 
V2. Moreover, there are several possibilities for the state sequence:

	 00-10-11-11-10-00  or  11-10-00-00-10-11	

As a final verification, the ON-time of the upper switch on the first leg can be 
calculated as the sum of the time spent on V2 and V3:
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The ON-time of the high side switch of the second leg is t3:

	

t T
V

V
T

V

V
T

T

b s
s

s
s

s

s

= ⋅ −
 

⋅ ⋅ +
 

⋅ ⋅








 =

⋅ ⋅ −

1
2

1
2

1
1

2 3

cos sinφ φ

22
3

2
⋅ ⋅ + ⋅ ⋅













m mcos sinφ φ
	

(12.23)

	
t T ma s= ⋅ ⋅ + ⋅ −















1
2

1
6

sin φ π

	
(12.24)

These results are similar with the previous carrier based PWM generation but 
with a different reference for angular coordinate measurement.
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Method 2
The ON-time calculation is achieved in the same way. The difference is in the PWM 
sequence. The bisectrix of the angles between active vectors split the complex plane 
in four sectors. A different state sequence is considered for each such sector:

	 285 < ϕ < 15°:	 11-10-00-10-11
	 15 < ϕ < 105°:	 01-11-10-11-01
	 105 < ϕ < 195°:	 00-01-11-01-00
	 195 < ϕ < 285°:	 10-00-01-00-10

Comparative results
Comparative results between the two methods are shown in Table 12.2. It is impor-
tant to extend the comparison to each phase or line-to-line voltages since they are 
different even when controlling the same power converter (Figure 12.9).

12.2.3 � Influence of DC Voltage Variations and Method for 
Their Compensation

The DC link voltage is subject to larger ripple than in a conventional six-switch 
inverter [19,20]. Over and above the expected ripple produced by the rectifier power 

TABLE 12.2
Adaptation from [8]

m = 0.2 m = 0.4 m = 0.6 m = 0.8 m = 1.0

The content on the low harmonics—3rd harmonic; VB-C and VA-C are half

Method 1 VA-B 0.1734 0.0191 0.0059 0.0022 0.0015

Method 2 VA-B 0.1752 0.0198 0.0064 0.0025 0.0016

The content on the low harmonics—5th harmonic

Method 1 VB-C 0.0542 0.0115 0.0026 0.0023 0.0019

VA-B 0.0519 0.0109 0.0054 0.0020 0.0015

Method 2 VB-C 0.0535 0.0110 0.0045 0.0018 0.0015

VA-B 0.0504 0.0102 0.0050 0.0024 0.0015

The content on the low harmonics—7th harmonic

Method 1 VB-C 0.0472 0.0111 0.0029 0.0020 0.0016

VA-B 0.0481 0.0114 0.0032 0.0019 0.0014

Method 2 VB-C 0.0445 0.0096 0.0042 0.0012 0.0010

VA-B 0.0516 0.0122 0.0038 0.0014 0.0009

The global content in harmonics—HLF calculated with first 500 harmonics

Method 1 VB-C 9.196 4.207 2.504 1.248 0.955

VA-B 4.669 2.282 1.526 1.287 1.048

Method 2 VB-C 12.132 4.601 2.680 1.323 1.089

VA-B 6.613 3.130 1.963 1.063 0.931

Source:	 Blaabjerg F., Kragh, H., Neacsu, D.O., and Pedersen, J.K. 1997. Comparison of 
modulation strategies for B4-inverter. EPE ’97, vol. 2, pp. 378–385.
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supply, there is another set of opposite components in each of the DC voltages 
caused by the phase current circulating through the capacitor bank. These compo-
nents are stronger depending on the load current level. Moreover, variations of the 
DC bus voltage have a different influence on each phase voltage in comparison with 
the six-switch inverter where all phase voltages have been influenced in the same 
manner.

Chapter 5 has shown that variations of the DC bus voltage can be corrected 
by a proper adjustment of the SVM algorithm through a feed-forward compensa-
tion. The same general concept can be applied to the B4 inverter as well. In this 
respect, Table 12.1 is rewritten in Table 12.3, based on individual voltages on DC 
capacitors.

Now, we can rewrite Equation 12.20 by taking into account these values.
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The effectiveness of compensation can be understood by observing Figures 12.10 
and 12.11.

This example of feed-forward compensation works well before the modulator sat-
urates or tends to go in overmodulation. In other words, the time constants calculated 
with Equation 12.20 should remain positive at any operation point. Let us note ΔV 
as the absolute value of the ripple within any of the V1 or V2 and RV the normalized 
value of this ripple:

	

RV
V

V
= ∆

DC

2 	

(12.26)

TABLE 12.3
Considering Individual Voltages VD1, VD2 on Capacitors

Sw1/Sw2 Sw3/Sw4 VAZ VBZ VAN VBN VMN

1/0 1/0 VD1 + VD2 VD1 + VD2 VD1/3 VD1/3 −2VD1/3

1/0 0/1 VD1 + VD2 0 (VD1 + VD2)/2 −(VD1 + VD2)/2 (VD2 − VD1)/3

0/1 1/0 0 VD1 + VD2 −(VD1 + VD2)/2 (VD1 + VD2)/2 (VD2 − VD1)/3

0/1 0/1 0 0 −VD2/3 −VD2/3 2VD2/3
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After some calculation, these limits can be computed as
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Graphical representation of these constraints defines the maximum operational 
range of this feed-forward method (Figure 12.12).

12.3  TWO-LEG CONVERTER USED IN FEEDING A TWO-PHASE IM

Two-phase IMs (induction machines) are used in several low-power applications 
around or below 1 kW, especially in automation equipment. They have a reduced 
starting torque, when compared to the DC machines, linear control characteristics, 
and can be controlled through advanced methods such as field-orientation. The 
major drawbacks are the reduced efficiency and power factors.

Reφ
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V3 (1,1)
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FIGURE 12.10  Vector decomposition.
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FIGURE 12.11  Deformation of the active vectors due to ripple in the DC bus voltages.
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A two-phase inverter with the same power stage as the two-leg inverter (B4) is 
used for feeding this motor drive (Figure 12.13). This inverter can be supplied from 
a single-phase diode rectifier suitable to this power level. PWM operation of the 
IGBT or MOSFET devices building the two-phase inverter ensures variation of both 
frequency and magnitude of the output voltages. These voltages should be 90o out of 
phase for a proper torque production within the induction motor. Each inverter leg 
is PWM-operated between voltage levels of (–VDC/2) and (VDC/2) as shown in Figure 
12.14.

12.4  Z-SOURCE INVERTER

The advent of hybrid and electric vehicles opened the door to an impressive devel-
opment of power electronics solutions for the automotive market. The typical 
motor drive connection to a high voltage battery pack is shown in Figure 12.15. 
It consists of a boost (step-up) converter able to increase and regulate the battery 
voltage to a certain established value. The second stage is a single-phase or a 
three-phase inverter able to generate a controlled waveform with a high content in 
fundamental.

The efficiency and cost are driving automotive applications and this supported 
the appearance of a new inverter topology able to minimize the component count. 
Both the boost and inverter functions are achieved within the same power stage 

va

vb

A

B

M

Sw1 Sw3

Sw4
Sw2

IM
VDC

FIGURE 12.13  Two-phase motor drive.
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FIGURE 12.12  Maximum correctable ripple by the proposed method.
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that is usually called Z-source converter [21,22] (Figure 12.16). This new con-
verter introduces additional zero vector states. During the zero-states from the 
conventional inverter operation, the DC link is short-circuited like within the 
operation of a current source converter. Hence the “Z-source” name. When all 
IGBTs are short-circuited across the DC link (shoot-through), the entire converter 
works like a boost converter, allowing an increase of the current through the 
inductors. During the conventional active states of the inverter operation, the 
DC side voltage equals 2*Vcap – Vbatt, and that is supposed to be regulated by 
the boost interval. The voltage across capacitors is increased by the current from 
the two boost inductors even if the load current also acts against the charging 
of the capacitors.

Waveforms of Figure 12.17 show the quite large second harmonics present in the 
capacitor voltage, inherent for the operation of a single-phase inverter. A detail of the 
control signals is shown in Figure 12.18.
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FIGURE 12.14  Significant waveforms at control of a two phase motor drive with 4 kHz 
switching frequency. Waveforms shown for m = 0.5 and 50 Hz fundamental.
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FIGURE 12.15  Typical dual-stage automotive motor drive.
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FIGURE 12.16  The Z-source inverter (single-phase version).
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FIGURE 12.17  Waveforms for the generation of 120 Vac from a 120 Vdc battery. The output 
passive LPF filter is not shown (C = 1 mF, L = 0.5 mH, fsw = 10 kHz, sinusoidal modulation).
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The design reduces to the proper sizing of the short-circuit interval along with the 
conventional sinusoidal modulation control. The peak value of the fundamental of 
the output voltage yields:

	
V M Vout, Peak inv= ⋅

	 (12.28)

where Vinv is the voltage at the input of the power converter stage. This is like the 
output of a boost converter and can be calculated from:
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where To is the shoot-through time interval over a switching cycle T, or D = To/T is 
the shoot-through duty ratio. Hence, one can define a global voltage gain as:
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The boost factor B is limited by the modulation index M, since a large modulation 
index M will decrease the available zero-state interval and allow an even shorter 
shoot-through interval (Figure 12.19).
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FIGURE 12.18  Zoom on the control signals for the IGBT devices.
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For this reason, improved control solutions have been proposed over the years to 
increase the available boost factor [22]. An alternative design can consider genera-
tion of the desired output voltage from a larger Vinv voltage, that is a lower modula-
tion index M and a larger boost factor B. However, the product B*M yields is also 
limited.

12.5  CONCLUSION

During the last 20 years of emerging development in power converters, engineers 
have tried to explore new three-phase solutions for energy conversion. Several topol-
ogies are presented in this chapter and they are intended to open new ideas in design 
of power converters. Each of these solutions has advantages and disadvantages that 
make them usable in special applications only.
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AC/DC Grid Interface 
Based on the Three-
Phase Voltage Source 
Converter

13.1 � PARTICULARITIES—CONTROL OBJECTIVES—ACTIVE 
POWER CONTROL

As energy is mostly transported on AC lines, electronic circuits able to convert AC 
to DC voltages have been the first application ever for power semiconductor devices 
[1–6]. The diode rectifier is the simplest power converter grid interface (Figure 13.1). 
At larger power levels, energy is transported and distributed within three-phase sys-
tems, and conversion from three-phase AC to DC voltage is used. All design aspects 
of diode rectifiers are thoroughly presented in university textbooks for power elec-
tronics and will not be reproduced here. However, Table 13.1 reviews the possible 
diode rectifier solutions and the appropriate factors for the waveform quality.

It is important to note that the high harmonic content of the grid currents may 
not be in accordance with the modern standards for power quality for certain power 
levels. Chapter 1 has shown some of the main requirements expected from power 
converters in different countries. It is easy to observe that above a certain level of 
the grid current, this class of topologies does not satisfy power quality requirements.

The second obvious disadvantage of this topology is the lack of control for the 
output voltage. Historically, this drawback was first tackled with thyristor (SCRs)-
based converters (Figure 13.2). Their operation assumes a phase control and an 
output voltage lower than the diode rectifier’s output voltage. The waveforms corre-
sponding to the operation of this power stage outline the low power factor and large 
reactive power circulated in the system.

The advent of power semiconductor devices with turn-off capability has improved 
the power quality factors for the grid currents. The first use of gate turn-off thyristor 
(GTO) devices within the diode or SCR-rectifier topologies has opened a new class 
of power converters. Examples of pioneering solutions are shown in Figure 13.3.

The output voltage results in a train of pulses characterized by a DC component 
and an HF-switching component. The grid current equals the algebraic sum of the 
currents through two devices and follows the pulse control strategy. This allows total 
harmonic distortion (THD) or, generally, the harmonic content of the grid current to 

13
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improve. Given the large inductance in the load, a pulse is seen in the line current 
during each interval when a voltage pulse is generated on the load (Figure 13.4).

If the number of pulses is small, a control strategy able to eliminate low harmon-
ics (5th, 7th, 11th, 13th, and so on) of the current waveform is employed. Details of 
designing a pulse width modulation (PWM) controller suitable for such an opera-
tion are presented in Chapter 4. If the power semiconductor devices allow a higher 
switching frequency, a sinusoidal PWM algorithm may be considered. Two switches 
are controlled at a given moment and the pulse width is derived with a sinusoidal law.

All these circuits switch current through the grid lines. They introduce a line 
inductance in the path of the switch current, creating overvoltage at switching. 
To overcome this, snubber capacitors are needed across the power semiconductor 
devices (Chapters 2 and 3).

All the previously introduced power converters ensure energy conversion towards 
a load with a large inductance. This is the case when a DC machine drive or a DC 
magnet supply is used. However, a large group of applications require supply of the 
load with a constant DC voltage. This includes also the case of a grid interface for 
AC machine drives in which the DC circuit is dominated by a very large capacitor. 
Details about rating the DC bus and the importance of the proper value for a specific 
AC machine drive application are discussed in Chapter 4. We present here the details 
of the grid interface.

The simplest circuit able to create voltage on the DC intermediary circuit is based 
on a diode rectifier. As both the grid and the DC bus are voltage sources, an induc-
tance should be used to take over instantaneously the differences between these two 
voltage sources. Different solutions use the inductance on the DC side, on the grid 
side, or on both sides. When the inductance is on the DC side, the circuit operation 
is identical to the previous diode rectifier with a large inductive load. The rectifier 
bridge produces an output voltage following the envelope of the grid voltages, and 
the inductance acts as a filter to produce the constant DC bus voltage (Figure 13.5).

When the inductance is on the AC side, the diodes have a shorter conduction 
angle depending on the actual voltage of the DC bus capacitor. Figure 13.6 shows the 

Zload

Zload

Zload

FIGURE 13.1  Different topologies of diode rectifiers.
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topology and the main waveforms for this AC/DC converter. When the difference 
between two line voltages is larger than the DC bus voltage, a pair of diodes turns on 
and the capacitor voltage follows the grid line-to-line voltage (VLL).

This interval corresponds to charging energy within the DC bus capacitor. 
When the DC bus voltage reaches the level of VLL, the diodes turn-off and the 
load is supplied solely from the capacitor bus. During the short conduction time 
interval of the diodes, the charging current is quite high, as it is produced across 
a small grid inductance from a large voltage difference. Moreover, the charging 
current at the start-up is very high until the bus voltage reaches the envelope of the 
grid voltages.

TABLE 13.1
Performance of Different Diode Rectification Schemes without Output 
Capacitor Filter

Topology # Diodes
Semiconductor 
Ratings [V/I ] Output Average Voltage

Single Phase
1 Vin, Ipk

V Vd0
2= ⋅ph π

2 Vin, Ipk
V Vd0

2 2= ⋅ ⋅
ph π

4 Vin /2, Ipk
V Vd0

2 2= ⋅ ⋅
ph π

Three Phase
3 VLL, Ipk

V Vd0 2
3 3
2

= ⋅ ⋅ ⋅
⋅ph π

6 VLL, Ipk
V Vd0 22 2

3 3
2

= ⋅ ⋅ ⋅ ⋅
⋅ π
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FIGURE 13.3  Use of GTO devices within the single-phase grid interfaces.

Zload

FIGURE 13.2  SCR based bridge converter and output voltage waveforms for different 
phase angle control.
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The output of the rectifier bridge represents a quasi-constant DC voltage with 
a level dictated by the grid peak voltage. The level of the DC bus voltage depends 
slightly on the load. If there is no load, the DC voltage follows exactly the peak 
of VLL. The higher the load current, the larger the ripple of the voltage across the 
capacitor produced by subsequent charge–discharge events. The maximum ripple 
corresponds to the diode rectification waveform of VLL.

FIGURE 13.4  Pulses within the grid current.

VDCVRectifier

FIGURE 13.5  Diode rectifier with an inductive filter on the DC side.

VDCVRectifier

L

ID

FIGURE 13.6  Diode rectifier with an inductive filter on the DC side.
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13.2  MEANING OF PWM IN THE CONTROL SYSTEM

13.2.1  Single-Switch Applications

As previously shown, there is no control of the level of the DC bus voltage, and the 
grid currents are formed of pulses of current. A simple solution would consist of a 
buck or boost converter following up the DC capacitor (Figure 13.7).

There is a double DC stage within these converter topologies and this implies 
large filter DC capacitors. A closer analysis shows that the output voltage can be 
achieved after a multiplication of the switching functions corresponding to the two 
power-converter stages. This is equivalent to considering a single-capacitor filter at 
the output of the second power converter. In other words, it is possible to use the 
rectified voltage directly at the input of the buck or boost converter.

Moreover, it is desirable that the grid current be as close as possible to a sinu-
soidal waveform with reduced harmonics. The operation of the boost converter 
ensures this behavior of a continuous input current, with a waveform close to a 
given reference. This is because the inductor appears on the grid side and the 
inductor current is not chopped during operation. The resulting possible topologies 
are shown in Figure 13.8. Among these, the circuit with grid-side inductance is 
preferred because of the AC character of the current through inductors. The second 
major advantage of this topology consists of the inherent high power factor of the 
grid current.

Rectifying the AC input using a diode rectifier and chopping it at a high fre-
quency to achieve voltage control has the advantages of simplicity, performance, 
and reliability. A diode rectifier cascaded with a PWM boost chopper is analyzed 
in [7–13]. In the first solution [7], the boost inductance is present in the grid side as 

VDC

L
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D

Vout

VDC

L

Sw

D
Vout

(a)

(b)

FIGURE 13.7  DC/DC converters following up a diode rectifier stage.
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phase inductance (Figure 13.8a). The analysis and design of this converter is further 
described in the work of Kolar et al. [8,9].

The step-up (boost) converter operates at constant frequency in the discontinuous 
mode. This mode presents some disadvantages:

•	 Higher voltage/current stress
•	 EMI propagation

Advantages consist of

•	 High input power factor
•	 Reduced power loss through zero-current switching
•	 The absence of reverse recovery problem in the diodes
•	 The possibility of single control loop to control output power and voltage

Using this approach in high-power applications operated with low switching fre-
quency and producing a low output voltage leads to a lower grid power factor and 
a current THD greater than 5%. One solution consists of injecting a harmonic con-
tent within the control of the switch in order to compensate for the main current 
harmonics.

The conventional control of the boost converter grid interface is simple, but the 
advantages of PWM are not fully utilized yet. It has been shown in the work of Weng 
and Yuvarajan [12,13] by extensive computer analysis that the input current distor-
tion for a single-phase converter is reduced when employing a PWM with a second 
harmonic signal injected within the reference. The reference signal for the PWM 
generation is usually a DC value able to define the output voltage level. By injecting 
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FIGURE 13.8  Three-phase single-switch boost converter.
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a second-order harmonic synchronized with the grid, the inherent variations of the 
output voltage and input current with the phase of the grid are reduced (Figure 13.9).

The circuit contains a low-pass grid filter that allows the input voltage to be seen 
directly at the converter input. The second inductance of the filter (Lb) also acts as 
a boost inductance for the converter. The switch used in this boost converter can 
be power MOSFET or insulated gate bipolar transistor (IGBT), depending on the 
application.

When the IGBT “Sw” is ON, the boost inductances are supplied by phase volt-
ages and energy is stored in their magnetic fields. Depending on the phase of the 
input voltages, three diodes are in conduction at any time. This ON-time interval 
usually has a constant width and it can modify the output voltage on the basis of the 
duty ratio. When IGBT is turned-off, the energy stored within the boost inductance 
is transferred to the output capacitor. As with any boost converter in discontinuous 
conduction mode, the transfer to the output capacitor is ended when the current van-
ishes. The duration of this operation (toff1) until the first phase current reaches zero 
depends on the stored energy and, therefore, on the value of the lowest phase voltage. 
Observing the phase voltages within a three-phase system defines 12 intervals for 
analysis, each interval having a different phase voltage with the lowest value. The fol-
lowing discharge interval (toff2) is characterized by the conduction of two diodes only.

Figure 13.10 shows PSPICE simulation results, for example, for the current wave-
forms given for the case vR > 0, vs < 0, vT < 0. The first current to reach zero is on 
phase T. Maximum values of the current are denoted by Im,r(s,t) and current levels in 
the first two phases when the third-phase current vanishes are denoted by I0,r(s). The 
second waveform always represents voltage shape at the diode rectifier input on the 
corresponding phase.

From this generic operation of the power stage, different PWM control solutions 
are considered in the work of Kolar et al. [9].

•	 Constant ON time and constant switching frequency.
•	 Variable switching frequency depending on IGBT’s turn-on immediately 

after the end of the inductance’s discharge interval, with operation at the 
border of discontinuous conduction mode.

VDC

L

Sw

D

Vout

FIGURE 13.9  Injection of the second harmonic within the reference signal of a single-
phase boost converter.
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FIGURE 13.10  Shapes of the converter input currents and voltages (a) Phase R, (b) Phase S, 
(c) Phase T. ( From Neacsu, D.O., Yao, Z., and Rajagopalan, V. 1986. IEEE PESC Conference, 
June 1996, Baveno, Italy, 24–27, pp. 727–732, IEEE Paper 0-7803-3500-7/96. © (1986) 
Printed with permission from IEEE.)
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•	 Maintaining a constant DC power flow on the DC side by a highly dynamic 
output voltage control. This solution requires a very large bandwidth of the 
system.

Understanding all aspects of the operation of the power converter shown in Figure 
13.11 and the principles of the harmonic injection, as explained in Figure 13.9, for 
the single-phase converter allows the development of a special PWM algorithm with 
performance improvements. The duration of the first time interval after the IGBT’s 
turn-off depends on the instantaneous value of the lowest phase voltage, and this 
can be compensated for by an appropriate modulation of the reference signal for the 
PWM control. If the constant duty cycle of the conventional operation is denoted by 
D0, the new reference signal for the PWM control is given by:

	 D t D f t( ) ( ( ))= ⋅ +0 1 	 (13.1)

The injected harmonics are included in the f(t) function. The ON time of the 
switch is defined as:

	 t D f t T D Ts son = + ⋅ = ⋅( ( ))0 	 (13.2)

A qualitative analysis of the converter operation reveals the important six 
order harmonic as a component of the f(t) function. There are different methods to 
define the exact or mathematical form of this function. Many solutions are mainly 
based on repetitive simulation or experimental analysis. In what follows, an ana-
lytic solution for a problem of optimality imposed to the theoretically derived 
expressions of phase currents is provided and implemented based on a computer 
program.

Db

Vdc

3 × Lf 3 × Cf 3 × Lb

Cdc

T

iiaii1

D1 D3 D5

D6D4D2

FIGURE 13.11  Basic Single-Switch Three-Phase Boost Converter.
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However, this optimal PWM improves the harmonic performance at the input 
of the power converter stage and the actual filter also influences the grid harmonic 
performance.

Let us derive the mathematical expressions for currents through the boost induc-
tance [13] assuming:

•	 Symmetrical three-phase system with no neutral components.
•	 Neglect of losses in the converter.
•	 Same value of the boost inductors in all three phases.
•	 All currents are positive when entering the power stage and negative when 

they flow into the grid.
•	 High switching frequency allowing an approximation of constant grid volt-

ages over the sampling period and a linear variation of the inductor current 
over ton and toff1.

•	 The input filter effect to evaluate grid currents by averaging the converter 
input currents in each sampling interval.

•	 The symmetry of a three-phase system to reduce the analysis for a 30° 
interval (symmetrical evolution on the next 30° is achieved and evolution 
on the other 60° sectors can be defined by changing the phase sequence).

•	 The interval shown in Figure 13.10 is considered.

A mathematical form for the phase voltages is shown as:
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(13.3)

We develop the analysis for the 30° interval before the peak of the grid voltage 
on phase R.

The average relationship for the input current on phase R yields as (Figure 13.10):
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Now, let us define mathematically each time interval. The ON time has already 
been defined by (13.2) and the first discharge interval depends on the instantaneous 
value of the voltage on the last phase.
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The bend-point value of the current on phase R when the current on phase T 
vanishes yields as:
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During the first discharge interval, D1, D4, D6 were in conduction. The second 
discharge interval for phase R (toff2 in Figure 13.11) is characterized by conduction 
of D1 and D4 only.
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It yields:
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Taking account of all these equations in the current average relationship yields:

	

I
D T

L

v
v

V v
v V v V v

R av
s

R
T

T
R T R

,

[ ]
[ ( ) (

= ⋅
⋅ ⋅

− ⋅
+ ⋅

⋅ ⋅ + ⋅ + ⋅ +
2 2

2

3
3

3 2
dc

dc dc ⋅⋅

+ ⋅ + ⋅
+ ⋅







⋅ + −





















v

V
v v
V v V v v

T

R T

T S R

)]

dc
dc dc

2
3

2
2

		
		  (13.11)

Currents on the other two phases are herein given without demonstration, but they 
can be calculated as an exercise.
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These expressions are analogous with the results presented in the work of Kolar 
et al. [8,9], but with an explicit dependence on the circuit voltages and are very suit-
able for computer implementation and solving.

The goal for computer optimization is to determine the modulation function f(t), 
which reduces the input current harmonics. In this respect, the optimization condi-
tion is written as the cumulative error from a set of input currents with sinusoidal 
waveforms and synchronized with the grid voltages. In a real implementation, the 
root mean square value of these reference currents is calculated from the power 
transfer condition through the power converter.

	
min , , ,I i I i I iR av R S av S T av T−( ) + −( ) + −( )
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

2 2 2

	
(13.14)

The first possibility to solve this optimal problem consists of using a mathematical 
program like MathCad. One should solve the constraint (13.14) for each phase angle of 
the input voltage within a sector of 30° before the peak of the voltage on phase R. Results 
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FIGURE 13.12  Results for the duty cycle modulation for the same phase as in Equation 
11.3. (From Neacsu, D.O., Yao, Z., and Rajagopalan, V. IEEE PESC Conference, June 1996, 
Baveno, Italy, 24–27, pp. 727–732, IEEE Paper 0-7803-3500-7/96. © (1986) Printed with 
permission from IEEE.)
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for different duty cycles are shown on Figure 13.12. As the preliminary understanding 
of the problem indicated that a sixth order harmonic may be the optimal injected sig-
nal, the appropriate modulation signal for a cosine approximation is also shown. This 
approximation is very important for the actual implementation of the controller.

Notice a linear dependence of the amplitude of the cosine modulation waveform 
on the switch duty cycle. The amplitude is given by this linear dependence, whereas 
the phase variation is achieved with a phase locked-loop (PLL)-based circuit for 
synchronization with input line voltages. The modulation wave thus obtained is used 
with a classical PWM integrated circuit (IC) to control the switch.

Taking into account the power conservation principle can help demonstrate that 
each 2nth harmonic in the power converter’s output voltage is related to the input 
current harmonics of orders 2n + 1 and 2n − 1 (output constant load, input symmetri-
cal system). For instance, an action against the 6th harmonic in the output would also 
minimize the effect of both 5th and 7th harmonics in the input current.

Injection of a harmonic signal within the reference for the PWM control is able to 
correct the ideal low-frequency shape of the input current. Figure 13.13 presents theo-
retical low-frequency components for the cases with and without harmonic injection.

The actual input current harmonics are also influenced by the input filter. One of 
the negative effects of the input filter that adds up to delays in the control system and 
the effect of the sampling interval is the phase shift between the input voltage and 
current. To compensate for this phase delay, a small phase shift should be considered 
within the harmonic injection reference.

Figures 13.14 and 13.15 show harmonic results when this solution is considered 
within a power converter-based grid interface. The THD of the input current is still 
above 5%, but Figure 13.14 does not include the effect of the input filter. The remain-
ing harmonics are at higher frequencies, and they can be removed with a conventional 
low-pass filter. As the optimal PWM reduces the content in the low frequencies, 5th 
and 7th harmonics of the input current for the case without harmonic injection and 
for the case with harmonic injection are shown in Figure 13.15. It can be seen that 
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FIGURE 13.13  Input current theoretical waveform: solid line, without modulation; dashed 
line, with modulation. (From Neacsu, D.O., Yao, Z., and Rajagopalan, V. IEEE PESC 
Conference, June 1996, Baveno, Italy, 24–27, pp. 727–732, IEEE Paper 0-7803-3500-7/96. 
© (1986) Printed with permission from IEEE.)
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the cumulative effect of both 5th and 7th harmonics is reduced by this approach: 
( ( ))min 5

2
7

2V V+ . For a switching frequency of 5 kHz, the content in low harmonics for 
the case without optimal modulation is I5 = 6.77% and I7 = 1.01%, whereas the case 
with optimal PWM leads to I5 = 3.84% and I7 = 3.83%. However, both harmonics 
are inside the limits imposed by IEC 555-2 (I(5)  =  1.14A and I(7)  =  0.77A) for the 
output powers in the kW region. For D > 0.5, the content in both harmonics is less 
than 4% as required by IEEE 519-1992.

The harmonic injection in the PWM reference signal of a single-switch three 
phase PWM boost converter has the following advantages:

•	 Reduced instability risk due to discontinuous conduction mode;
•	 Applicable to the single-switch three-phase boost converter topologies 

(including the modern resonant ones) with minimal and low-cost modifica-
tions of the command circuit;

•	 Implementation with any conventional PWM IC owing to the operation 
with constant switching frequency;

•	 Reduced requirements for the mains filter and enlarged domain of having 
input THD current less than 5% and input power factor greater than 95%.

13.2.2  Six-Switch Converters

Many applications require a bidirectional power transfer to the grid, and this implies 
moving the boost power converter stage closer to the grid without the intermediate 
stage of diode rectification. Figure 13.16 shows the three-phase six-switch power 
converter. Chapter 3 introduced this power stage with applications to DC/AC conver-
sion and AC motor drives. The same power converter with a different control is the 
most important three-phase electronic grid interface [14–16].
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FIGURE 13.14  THD for input current over the switch duty cycle computed with the first 
500 harmonics. (From Neacsu, D.O., Yao, Z., and Rajagopalan, V. IEEE PESC Conference, 
June 1996, Baveno, Italy, 24–27, pp. 727–732, IEEE Paper 0-7803-3500-7/96. © (1986) 
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This topology allows a bidirectional power flow with the control of both the DC 
bus voltage and the input power factor, although the input currents have low har-
monics [17–23]. This ensures a very high performance interface to the grid for dif-
ferent industrial equipment, such as electrical drives or DC load supply. Electrical 
drives with AC/DC boost bridge converters also benefit from energy savings dur-
ing braking or acceleration during drive dynamics. Controlling the DC bus volt-
age allows capacitor discharge into the grid instead of on a dummy brake resistor 
(Figure 13.16).

Let us develop a mathematical model for the analysis of this power converter 
starting from the grid electrical circuit. The grid voltages are defined as:
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FIGURE 13.15  Low harmonics content of the input currents. (From Neacsu, D.O., 
Yao, Z., and Rajagopalan, V. IEEE PESC Conference, June 1996, Baveno, Italy, 24–27, 
pp. 727–732, IEEE Paper 0-7803-3500-7/96. © (1986) Printed with permission from IEEE.)
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The voltage equations for each phase can be expressed in dependence with the 
each pole voltage from the power converter.
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The first approach to the analysis of this converter was developed with a scalar 
control of the DC voltage through the modulation index of the PWM references 
synchronized with the AC grid voltage [24]. The difference between the fundamen-
tal of the voltage generated by PWM and the grid voltage is applied to the boost 
inductance, defining the input currents. Given the inherent phase shift produced by 
an inductor, the control references should be appropriately shifted and synchronized.

A second approach consisted of the so-called delta control of the power convert-
ers [25], which is an equivalent of the hysteresis control method.

Later on, vectorial methods [9–13] were preferred for control of this power con-
verter [13,26,27]. The vectorial methods for three-phase systems have been presented 
in Chapter 5 for DC/AC converters and they can be extended to AC/DC conver-
sion. They provide high performance current control in the d–q frame and have the 
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FIGURE 13.16  Three-phase grid interface with six switches.
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particular advantage of separating the active and reactive power components. As one 
of the most important requirements for the grid interfaces is the unity or controllable 
power factor, this features become very important.

The three-phase system of equations from Equation 13.16 can be transformed in 
an equivalent two-phase system expressed by:
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The transformation of these equations into the synchronous reference frame
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yields the input voltage equations in the synchronous d–q reference frame
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The grid voltages are expressed by two constant components:
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Equations 13.19 and 13.20 demonstrate that the grid current can be decomposed 
into two components:

•	 iq allows the control of the input reactive power.
•	 id allows the control of the input active power.

Working with unity power factor means to keep iq = 0. The id current reference is 
many times provided by the output of a proportional-integral (PI) controller for the 
DC bus voltage control (Figure 13.17), as this component has the role of active power 
transfer to the DC bus.

The module Compensation, Voltage limit, and Transform will be explained later 
in this chapter. The PWM module has to transform the reference voltage orthogonal 
coordinates into six gating signals for the power devices. A previous chapter for 
PWM algorithms showed several solutions for the DC/AC conversion. All of them 
can be redesigned for the grid interface application as they can be reduced to a set of 
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reference voltages to be transformed into gate pulses. A group of methods are based 
on a conversion from the orthogonal system in phase reference voltages followed up 
by a comparison with a carrier waveform.

The space vector PWM concept allows better utilization of the DC bus voltage 
compared to carrier-based PWM methods and it represents, hence, a most conve-
nient selection. The maximum voltage achievable at the power converter input is:

	 V Va1 0 61max .= ⋅ dc 	 (13.21)

It is important to be able to have a large input voltage for the dynamic range of 
the system. The more the voltage is available to be applied to the boost inductors, 
the faster the transients can be achieved. Full analysis of the closed loop options is 
later included.

According to this SVM method, any set of instantaneous three-phase voltages 
can be obtained by switching the inverter between six active states defining the six-
step operation and the null states in order to approximate a uniform rotation of the 
space vector corresponding to the three-phase input voltage system. Any desired 
position of the space vector in the complex plane is calculated by weighed addition 
of the neighboring switching vectors.

After the time intervals have been defined, there are several possibilities to dis-
tribute the active states over the sampling period. An interesting alternative does not 
switch each device for 60° on each fundamental cycle. This has also been discussed 
in Chapter 4 for generic PWM algorithms. As the input-phase current should be in 
phase with the input-phase voltage, the 60° no-switching interval should be chosen 
around the inverter-switching vectors (Figure 13.18). The main waveforms corre-
sponding to this operation are presented in Figure 13.19.

13.2.3 T opologies with Current Injection Devices

Power electronics technologies are nowadays used for higher and higher power level 
applications. Higher power delivery is achieved on three-phase systems rather than 
single-phase systems. The design engineer faces thus an important trade-off between 
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FIGURE 13.17  Base control structure.
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the standard requirements for harmonic reduction in three-phase systems and the 
cost reduction with keeping low the power installed in electronics. A compromise 
solution relies in using a combination of a high power diode rectifier and low-power 
compensation equipment [28]. The simplified idea of an active filter is shown in 
Figure 13.20.

The idea of adding up a compensation current to the diode rectifier’s input cur-
rent has been further exploited with the proposal of simplified passive injection 
circuits. It is worthwhile to mention here the work of Mohan et al. in early 1990s 
[29,30]. The core idea was to detect a 3rd harmonic current from the load side and to 
inject this current into all the input currents as a zero sequence component (Figure 
13.21). They used a specially constructed magnetic device able to create the three 
identical third harmonic currents to be added to the input currents. Other similar 
principle solutions were reported in [31] and they consisted of a pure R-L-C network 
tuned on the third harmonic and able to depict this harmonic component for injec-
tion into the rectifier’s input currents. The injection network sent a third harmonic 
current of 0.50*I into each phase, that circulated through the conducting diodes as 
a 0.75*I current, to add up from both DC+ and DC− into a 1.50*I current at node 
N. The phase without conducting rectifier diode had the 0.50*I current projected 
directly into the grid, while the phases with conducting diodes had seen the load 
current plus the 0.25*I. Improvements to these waveforms became possible with 
optimized control.

Later on, the advances in power semiconductor technology and the control 
(Figures 13.22 and 13.23) circuitry allowed the efficiency improvement with the use 
of active injection circuits [32] (Figure 13.24). Their operation is similar to the origi-
nal principle of active filtering (Figure 13.25).

There is a large variety of other passive and active injection circuits, and the 
above circuits are shown for illustration only.
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+
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FIGURE 13.20  Principle of an active filter.
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13.3  CLOSED-LOOP CURRENT CONTROL METHODS

13.3.1 I ntroduction

As shown in Figure 13.17, the most important module of the control system con-
sists of the closed-loop current controllers. The model of the system is expressed by 
Equation 13.19 and PI controllers are considered on each axis. As Equation 13.19 is 
different for each axis, different approaches to compensate the cross-coupling terms 
are considered. Such terms are considered within the following module at the output 
of the PI current controller.

13.3.2 PI  Current Loop

The PI current loop should be mainly designed to compensate the load voltage pro-
duced by the boost inductance term of Equation 13.19. A schematic representation is 
given in Figure 13.26.

There are many methods to define the gains for the PI control and they are 
reviewed in Chapter 9. A simplified approximation is given here based on the boost 
circuitry parameters. The condition of unity gain of the closed-loop transfer function 
leads, after some calculation, to the values of the PI gains:

•	 Gain of the integrative term
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•	 Gain of the proportional term
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FIGURE 13.26  Schematics of the PI control system.
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The concept of the vectorial control of three-phase power converters has already 
been discussed in Chapter 5. The application to grid interface systems encounters 
some limitations in the transient response performance due to limited voltage avail-
able across the boost inductance. A derivative of a direct application of the PI control 
without any special compensation is that the transient response time for input current 
step-up is shorter than the transient response time for the current step-down and the 
latter can be bothersome in many cases.

13.3.3 T ransient Response Times

On the basis of PI gains, one can calculate the minimum response time for step-up or 
step-down transitions. As the resistive component is very small, the term Rri can be 
even neglected. Owing to the largely inductive character of the load, a fast transient 
of the active current can be achieved with a large voltage applied across the boost 
inductance.

As the first equation in Equation 13.19 contains the E term, there are two different 
cases for analysis depending on the sign of the current change:

•	 Step-up: In order to increase the active current (id), it is necessary to provide 
the minimum available voltage across Lr (Figure 13.27). The response time 
will be small and it yields:

	
∆

∆
T L

i

E Vrup ≈ ⋅
+ max 	

(13.24)

•	 Step-down: In order to decrease the active current (id), it is necessary to 
provide the maximum available across Lr. The response time yields:

	
∆

∆
T L

i

V Erdown ≈ ⋅
−max 	

(13.25)
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FIGURE 13.27  Equivalent circuits for d and q axis.
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13.3.4 L imitation of the (vd,vq) Voltages

It is easy to notice that different step-up and step-down time intervals are achieved 
with a smaller value for the step-up transient time. The step reference to the PI control-
ler will have the tendency to force the output of the controller at a higher than possible 
value. Usually, a software limitation block is included as presented in Figure 13.28. 
This figure also illustrates the PI implementation in the context of Equation 13.19. The 
cross-coupling terms and the E term are also included. The cross-coupling terms are 
taken from the current feedback, but an alternative would be the reference currents.

It is important to note that many implementation solutions of the PI control of the 
grid interface converter use control systems similar to the motor control ones, without 
the term E. The problem with such an approach is that the dynamic range at the output 
of the PI controller is limited further by working with the voltage vd component always 
close to the E value. The digital range for voltage may also be close to the value of E 
and the output of the PI controller may saturate digitally by reaching the end of its 
range. Figure 13.29 shows results for the control structure defined with Figure 13.28.

A multitude of solutions is reported in the technical literature to overcome this 
problem by artificially augmenting the voltage available to be applied across the 
input boost inductor [33,34]. Observing Figure 13.27 and Equation 13.19 defines two 
easy approaches to increase the maximum available voltage at the converter input:

•	 Using the cross-coupling terms.
•	 Overlooking the PI outputs and applying all the maximum available voltage 

during transients.

13.3.5 M inimum Time Current Control

The minimum time current controller leads to excellent performance by finding the 
optimal control voltage to track the reference current with minimum time based on 
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the optimal control theory. However, the applicability of this method is jeopardized 
by the large computational burden. The minimum time current controller is very 
similar to the following solution that will be discussed in more detail.

13.3.6 C ross-Coupling Terms

The cross-coupling term (ω·Lr·iq) [34] of Equation 11.19 is used to increase the volt-
age capability by increasing the iq-axis current during a step in the active current id. 
In this case, the iq current is used to maximize the applied voltage on the inductance 
Lr. Pushing a high iq current while respecting i i iq d d

2 2+ ≤
max

 can increase the term 
(ω·Lr·iq) and improve the voltage capability on the active current (id) axis. The unity 
power factor is given up during transients.

The increase in voltage can be expressed as:

	

∆v
V

L i

V
r q

dclim

=
⋅ ⋅

⋅
ω
0 61. 	

(13.26)

Results for step-up and step-down transients of the active current while applying the 
method shown in Figure 13.30 are shown in Figure 13.31.

Changing the iq current reference or working with current on the q axis requires 
voltage to be applied on this axis (vq). As the maximum available voltage is at any 
moment limited by the maximum radius of the space vector trajectory in the complex 
plane, a voltage applied on the q-axis may reduce the maximum voltage available on 
the d-axis, and this jeopardizes somewhat the merits of this method. For this reason, 
an alternative is next analyzed by applying all voltage on the d-axis and suspending 
temporarily the effect of the PI control at large current errors.
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13.3.7  Application of the Whole Available Voltage on the d-Axis

The limit of the maximum available voltage is generally expressed as

	
v v V Ud q

2 2 2 20 61+ = = ⋅lim dc( . )
	 (13.27)

When applying all the voltage on the d-axis, vd = Vlim, vq = 0 and the q-axis 
current is negative from Equation 13.19, will further help increasing the d-axis 
voltage.

Re-writing Equation 13.19 for the case presented in Figure 13.32 and neglecting 
the voltage drop across the resistance in the boost circuitry yields:
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Solving this system yields the solutions:
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The response time for a step-down transient from Id to 2Id can be calculated by 
imposing the condition id (ΔT) = −Id. Figure 11.27 presents a theoretical response 
without taking into consideration the sampling effect.
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It is very interesting to note that a step-down current modification from Id to 2Id 
brings iq back to zero, and this will not jeopardize the behavior of the iq current con-
troller when this is again engaged (Figure 13.33) [27].

Figure 13.34 shows results for the application of the entire voltage on d-axis dur-
ing a transient. A comparison can be made with Figures 13.29 and 13.31. At larger 
values of the id current, applying the whole available voltage on the active current 
axis leads to better results. As discussed before, the solution involving the cross-
coupling terms requires some voltage on the q-axis to form the current iq and the 
remaining voltage on the d-axis is reduced. Furthermore, asking for step modifica-
tions in both axes can produce instabilities during and following a transient.

13.3.8  Switch Table and Hysteresis Control

Fast current transients can be achieved with hysteresis control instead of PI control. 
Accounting for the symmetries within the three-phase systems, hysteresis control is 
considered for the two orthogonal (x, y) components of the grid current.

A novel hysteresis method in the synchronous reference (d, q) is introduced in 
Figure 13.35 and Table 13.2. The major advantage of this method, in comparison 
with the conventional stationary reference for the hysteresis control, consists in its 
simplified implementation in vector-control systems. Current double-level hysteresis 
control in (d, q) axes produces logic signals (yd, yq) that can uniquely be converted in 
(vd, vq) components of the voltage at the converter input. The sampling frequency can 
also be limited. The switch table is employed to select the switching vector closest to 
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−150 A) for Lr = 2.5 mH, Rr = 0, Vdc = 570 V, Vlim = 0.61 * Vdc, E = 220 V. (From Neacsu, D.O. 
IEEE International Symposium on Industrial Electronics, Bled, Slovenia, July 1996, 12–14, 
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the coordinates (vd, vq) resulting from this algorithm (Figures 13.36 and 13.37). As an 
alternative, this method can be applied with or without employing the cross-coupling 
terms. In a sense, this method is the equivalent of direct torque control used for the 
AC machine drives.

13.3.9 P hase Current Tracking Methods

13.3.9.1  P-I-S controller
Single- and three-phase grid connected power converters can also be controlled in 
a stationary reference frame directly employing phase or sinusoidal currents. The 
current control system reduces to a PI controller with a sinusoidal reference (Figure 
13.38). Unfortunately, this type of system has been proven to introduce a nonzero 
steady-state error. To mitigate this issue, a solution based on an internal model prin-
ciple [35] is discussed.

Let us consider a sinusoidal reference

	 i I tR R= ⋅ cos( )ω 	 (13.30)

with the Laplace transform
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(13.31)

TABLE 13.2
Switching Table (θ Represents the Angle of the Grid Voltages)

yd yq vd vq Choose Closest Vector to the Angle =

−1 −1 + + θ + π/4

−1 0 + 0 θ
−1 1 + − θ − π/4

0 −1 0 + θ + π/2

0 0 0 0 Zero vector

0 1 0 − θ − π/2

1 −1 − + θ + 3π/4

1 0 − 0 θ − π
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FIGURE 13.35  Schematics of the hysteresis control in synchronous frame. 
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The Laplace transform for the error signal can be expressed as:
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(13.32)

where G0(s) represents the open-loop transfer function of the control system.
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FIGURE 13.37  Switch table and hysteresis control using cross-coupling terms for the 
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IEEE International Symposium on Industrial Electronics, Bled, Slovenia, July 1996, 12–14, 
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We would like to find the optimal form of the open-loop transfer function able to 
cancel the effect of the two imaginary poles (+/ − jω0) introduced by the sinusoidal 
reference term. In this respect, the open-loop transfer function is written as a ratio of 
polynomials with real number coefficients.
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N s
D s G s

D s
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0

1
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D(s) = 0 should have the same solutions (+ / − jω0) in order to cancel the effect of the 
sinusoidal reference. Moreover (+ / − jω0) should not be at the same time solutions of 
N(s) = 0. This guarantees the elimination of the complex number solutions and the 
reduction of the steady-state error to zero.

The implementation of this control method is shown in Figure 13.39. The con-
ventional PI regulator is enhanced by a term corresponding to the two imaginary 
solutions (+ / − jω0).

The equivalent transfer function of the regulator becomes:
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The open-loop transfer function is calculated as:
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and
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E(s) has no imaginary poles introduced by the sinusoidal reference. It can be 
observed that (+ / − jω0) are imaginary poles of G0(s) as proposed by the new control 
algorithm.

13.3.9.2  Feed-Forward Controller
The control method previously named as Proportional-Integrative-Sinusoidal is 
currently very much used in controlling currents of both grid interactive and active 
filtering applications. Improved forms are proposed in [36,37], as well as a H∞ appli-
cation. We can also mention a variation of these controllers used for higher harmonic 
cancelation [38]. The main drawback of this method consists in its dependency on 
the accurate knowledge of the grid frequency as this is part of the control law. If 
the grid frequency slightly changes, it yields in a steady-state error of the tracking 
system (Figure 13.40).

Observing that the current controller acts upon an inverter leg that is composed 
of two IGBT devices, one can separate the operation on the positive and negative 
polarities of the current with independent control of each power device. This yields 
into the control system shown schematically in Figure 13.41.

The control problem changes from tracking a sinusoidal waveform (harmonic, peri-
odic) waveform, into tracking [occasionally] a varying waveform [39]. The intervals 
with a null reference would reset the steady-state error if any. We can thus consider 
the reference as approximating a piece-wise waveform, and following up a control 
system design similar to the case of a ramp input (also called “velocity” input) [40].

The reference input is equivalent to

	 i I t tR R= ⋅ ⋅ ⋅ω0 1( ) 	 (13.38)

with the Laplace transform
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In order to achieve one additional degree of freedom on the zero assignment 
within the control law, a feed-forward component is added to compensate nonideal 
behavior of the control loop under varying input waveform (Figure 13.42).

The controller output yields:
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It yields:
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FIGURE 13.40  Results for different control methods: (a) Conventional PI controller, (b) 
PI + Resonant, (c) PI + Resonant out of synchronism (grid at 56 Hz instead of 60 Hz). Top 
waveform = Phase current reference and measurement. Bottom waveform = Inverter pole 
voltage and grid voltage.
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And finally
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The Final Value Theorem is applicable since there is no right-half pole and the 
steady-state error yields:

	

e e

INV LOAD

ss
t s

s

n

t s E s

s
K G s G s

= = ⋅ =

= ⋅ − ⋅ ⋅

→∞ →

→

lim ( ) lim ( )

lim
( ) ( )

0

0

1

11
2

+ +





⋅ ⋅



















⋅













K

K
s

G s G s

I
s

p
i

R

INV LOAD( ) ( )







= − ⋅ +






⋅ +






⋅








=
→

lim
s

n
RK

K
s K

s
s GK

I
s0

1

2 0

1 0
	

(13.43)

iRef

Load

2
1 +

sTs

KPWM

PWM

sTRL

KRL
1 +

s
Ki

Kp

Kn

FIGURE 13.42  Feed-forward controller.
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Sample results are shown in Figure 13.43. It shows the improvement from Figure 
13.40 when the grid frequency varies. It is also important to note the role of proper 
synchronization of the operation with the grid.

More experimental results are shown in [40]. The performance of the feed-forward 
controller is comparable with the performance of the proportional-integral-sinusoidal 
controller (also called resonant controller). In certain implementations like the analog 
power management ICs, the system is simpler than the resonant controller. This is 
especially evident for compensation of currents with multiple harmonic components.

Advantages in improved power efficiency and faster transient response are 
achieved with the split of the control action on the two IGBT composing an inverter 
leg and the operation of the power switches for 180° only. This means reduction of 
the power loss, especially in the control and driver circuits.

13.4  GRID SYNCHRONIZATION

Grid-connected power converters are seen as a current source by the grid while the 
input voltages are defined by the grid. This implies a synchronization of the PWM 
pattern with the phase of the grid in order to control the power factor. There are dif-
ferent methods based on a PLL circuit that are used to achieve grid synchronization.

The simplest solution used to synchronize the control of a single-phase grid con-
nected power converter consists in a zero-crossing detector followed by a counter 
circuit (Figure 13.44).

The grid voltage is sensed before any filter associated with the power converter 
and reduced to a lower level with a signal transformer or resistive divider. The result-
ing signal is compared against a threshold device, such as the base-emitter junction 
of a bipolar transistor or an IC comparator. This provides a logic signal correspond-
ing to the alternating of the grid voltage. There are several sources of errors in this 
detection, including the noise in the line voltage due to unfiltered switching, disper-
sion and temperature variations of the threshold level, or delay in detecting the exact 
zero-crossing moment. However, these errors are generally smaller than the quanti-
zation step of the digital system.

ωt

ωt

ωt

ωt

FIGURE 13.44  Principle of a simple synchronization circuit.
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The edges of the detected logic signal reset a digital counter that accounts for the 
phase coordinate of the PWM pattern. Improved systems include a phase-locked 
loop configuration able to filter unwanted small variations in the detecting process. 
This helps eliminating the jitter around the zero-crossing moments.

Let us consider a synchronization scheme based on a PLL circuit. A generic PLL 
circuit schematic is shown in Figure 13.45 and it is composed of a voltage-controlled 
oscillator (VCO) working at a frequency multiple of N times the detected frequency. 
In power converters, it makes sense to select the VCO frequency equal to the sam-
pling frequency of the PWM pattern (Figure 13.46). The resulting train of pulses is 
divided by N resulting in a logic signal with a frequency comparable with the sensed 
voltage. A phase detector compares the phase of the sensed and feedback voltages 
and it increases or decreases the control voltage accordingly. This control voltage is 
used as a reference for the VCO that modifies its frequency based on the phase dif-
ference. The goal of this closed-loop approach is to align the sensed signal with the 
generated one. If the frequency or phase of the sensed signal varies for any reason, 
this control loop acts as a filter and the feedback signal does not jitter. The feedback 
signal can further be used as a reference for the generation of the PWM pattern. 
Usually, the same counter is used both for closing the PLL loop and for counting the 
angular coordinate of the PWM pattern.

Phase detector
and

comparator

Loop
filter

Voltage
controlled oscillator

Divide
By N

Feedback signal

Sensed signal
N * fgrid

FIGURE 13.45  Principle of a PLL circuit.
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FIGURE 13.46  Principle of a simple synchronization circuit.
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The major problem people face when implementing this PLL control in single 
phase systems relates to the limited number of PWM cycles within one grid period. 
The discrete nature of the PWM-generation process limits the possibility of adjust-
ing properly the controller phase. For instance, a converter with a 9 kHz switching 
frequency allows for 150 steps in the phase coordinate. The decision of the feedback 
loop can only be to adjust the phase by ±1 PWM pulse at a time. The effect is a pos-
sible step in the filtered voltage at each zero crossing when the phase is abruptly reset 
to zero. An alternative consists in using asynchronous PWM generators, but they do 
not guarantee the best harmonic content of the grid current. However, evolved sys-
tems can afford to work with asynchronous PWM that allows a noninteger ratio of 
switching and grid frequencies.

The PLL function can be implemented with dedicated analog or digital ICs or 
a proper software routine in the microcontroller or digital signal processor (DSP) 
control system. The frequency of the main signal is 50 or 60 Hz, which is very low 
compared to the performance of modern digital controllers. Therefore, a micro-
controller implementation requires a zero crossing detector with direct interface 
to the digital hardware, a timer/counter counting with the clock frequency of the 
PWM sampling frequency, and a software routine running at the same sampling 
frequency.

Grid synchronization for three-phase converters benefit from multiple zero cross-
ings and the symmetry of a grid generated three-phase system. The detection module 
includes zero-crossing detection for all three phases, and this results in a signal with 
a frequency six times larger than the grid frequency. The PLL circuit can therefore 
provide more resolution with a much finer tuning of the detected frequency.

Again the implementation can be achieved with analog or digital PLL ICs or with 
a software routine in the digital controller system.

PROBLEMS

	P13.1	 Calculate the average and RMS values for the output voltage of rectifier 
systems shown in Table 13.1.

	P13.2	 What is the effect of a line or grid inductance in the commutation pro-
cess of the converter shown in Figure 13.2.

	P13.3	 Draw the switching pattern of the GTO devices of Figure 13.3c to obtain 
the output voltage waveforms shown for both cases. How would you 
define the semiconductor loss for both control methods?

	P13.4	 Consider the two topologies shown in Figure 13.7. What happens if the 
intermediate DC capacitor is missing? What should be the minimum 
value of this capacitor to maintain the operation as desired?

	P13.5	 Compare the rating of the rectifier diodes in both solutions of Figure 
13.8.

	P13.6	 Compare the input filter-capacitor rating for the two solutions shown in 
Figure 13.10.

	P13.7	 Following the example provided by Equations 13.3 through 13.13, calcu-
late the shapes of the current in the much simpler case of a single phase 
converter and justify the second harmonic injection.
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	P13.8	 Compare the ratings of the IGBT devices used in building the power 
converters shown in Figure 13.11 and Figure 13.16, respectively, for the 
same grid-and-load conditions (say, 2 kW with a 120 V/60 Hz grid).

	P13.9	 What are the drawbacks of neglecting the term E in the control system 
shown in Figure 13.22? Many people adapt their DSP control software 
from a motor drive application to a grid-connected converter without 
adding up this term. The system apparently works, but at what risk? 
Can you complete this response with an imaginary example?

	P13.10	 Determine the reasoning behind the switching sequence shown in 
Table 13.2 by using a vector diagram for both current and voltage.

	P13.11	 Usually, practical systems of single-phase tracking control do not com-
pensate for the sinusoidal reference. The system apparently works, 
but at what risk? Can you complete this response with an imaginary 
example?

	P13.12	 Consider a single-phase grid-connected converter switched at 3.6 kHz, 
that is, a frequency ratio of 30. If the PWM generator maintains the 
synchronization between the generated PWM pattern and zero cross-
ing, how big can be the steps in filtered voltage (or in the voltage refer-
ence for the PWM) at each zero crossing reset?
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Parallel and Interleaved 
Power Converters

14.1 � COMPARISON BETWEEN CONVERTERS BUILT OF HIGH-
POWER DEVICES AND SOLUTIONS BASED ON MULTIPLE 
PARALLEL LOWER-POWER DEVICES

Chapter 1 showed the current interest in parallel or interleaved converters used for 
grid interfaces or motor drives. This interest has risen due to the continuous develop-
ment in power semiconductor technologies leading to high-power single-die insu-
lated gate bipolar transistors (IGBTs).

The first step toward parallel converters was hybrid (custom) IGBTs. These modules 
parallel IGBTs at silicon level and have many advantages. First, these chips and gate 
resistors are placed very close together, reducing parasitic inductance between chips. 
This ensures uniform temperature distribution across the chips inside the package.

A layer of thick copper directly bonded on a ceramic substrate forms the conduc-
tion path for the emitter current and the thermal spreading layer for the heat from 
the IGBT chips. The IGBT chips are mounted via solder on this copper layer. The 
ceramic substrate can be alumina, aluminum nitrite, or beryllium oxide, materials 
with good thermal conductivity and voltage isolation up to 6000 V. Both thermal 
conductivity and voltage isolation are better than the thermal pads used for isolation 
in parallel discrete devices.

During the design of a new power stage, a practicing engineer has to decide 
whether to use hybrid (custom) IGBT modules or equivalent discrete devices. Here 
are some points to consider:

•	 Hybrid (custom) IGBT modules are advantageous when more than five 
chips are considered. Their advantages lie in size, electrical isolation, ther-
mal management, cost of the whole system, and the lack of noise owing to 
switching. The last advantage saves the need for extra bus capacitance.

•	 Discrete devices are advantageous when two or three chips in parallel are 
required to develop a design. They ensure that the smallest footprint with 
both electrical isolation and parasitics is manageable.

The next possibility consists of paralleling IGBTs for high-current applications, 
as shown in Figure 14.1. There is an obvious engineering question whether it is better 
to realize a high-current switch by paralleling discrete devices or by a single higher 
rated device.

14
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Which solution is better to carry out a 1200 A, 1200 V switch: A high-power 1200 
A IGBT or four low-power, parallel-connected 300 A IGBTs? To respond, we use 
a numerical example and datasheet comparison, using datasheet information from 
Powerex IGBTs. Further, ripple differences and different snubber requirements for 
both devices will be ignored.

Thermal features:

•	 IGBT/Diode thermal resistances of 0.13/0.18 [C/W] (300 A) versus 
0.022/0.050 [C/W] (1200 A).

•	 Heatsink touch areas of 163.67 sq. in (300 A) versus 133.01 sq. in (1200 A).

Diode recovery loss:

•	 300 A device: Trr = 250 ns, Qrr = 17.6 µF
•	 1200 A device: Trr = 300 ns, Qrr = 9.0 µF

Switching loss and conduction loss: From the datasheet information regarding 
switching and conduction losses, one can conclude that paralleling power semicon-
ductor switches represents a competitive solution for building three phase power 
converters (Figures 14.2 and 14.3).
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VGate

…

ZeN

…

…

…

FIGURE 14.1  Parallel IGBTs.
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FIGURE 14.2  Switching loss at turn-on and turn-off.
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14.2  HARDWARE CONSTRAINTS IN PARALLELING IGBTs

Having demonstrated the suitability of parallel connection of IGBTs, ask for under-
standing the limits of the practical implementation. The idea of paralleling IGBT 
devices is based on using low-power devices that share currents equally. When the 
sharing is not equal, one of the currents may go beyond the rated value for that par-
ticular IGBT. Special care should be taken to avoid current mis-sharing so that the 
IGBT can be protected.

Differences in the current level can occur in steady state or in dynamic operation. 
The steady-state current imbalance is produced by different Vce(Ic) characteristics as 
well as by the differences in the circuit parasitic resistances. Differences in the turn-
on and turn-off imbalances are produced by the distribution of the module transcon-
ductance characteristics as well as by the differences in parasitic inductances. The 
operation is influenced by temperature imbalance and thermal instability. Each of 
these sources of instability is discussed next.

Two IGBTs cannot have identical characteristics due to technological disper-
sion. The ON-time Vce (Ic) characteristics are shown in Figure 14.4 and they can be 
approximated for each of the two parallel IGBTs by:

	 Vce = V01 + r1IC1

Ic

VCEsat

Ic2 Ic1

V02

V01

Vce

IGBT2

IGBT1

FIGURE 14.4  Sketch of the Vce(Ic) characteristics for two parallel IGBTs.
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FIGURE 14.3  Conduction loss for both solutions: (left) 1200 A device, (right) 4 × 300 A device.
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	 Vce = V02 + r2IC2	 (14.1)

Reporting each individual current to the total current of the parallel IGBTs yields
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1 2
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1 2

= − +
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+ 	

(14.2)

Observing these two equations shows that the device with the lower Vce carries 
most of the current. Moreover, the total current is lower than Np * Ir due to the char-
acteristic dispersion of a number of Np IGBT devices. Higher temperature allows bet-
ter current sharing. For instance, imbalance in static characteristic represents 15% at 
25°C and 5% at 125°C.

To measure and match sets of IGBTs with close Vce (Ic) characteristics, semicon-
ductor manufacturers like Powerex came up with a special marking for different 
levels of the saturation voltages.

Example: . . . C: 1.70–1.95 V D: 1.90–2.15 V

After the design has been matched to IGBTs within the same ratings, a derating 
coefficient should be used to select design and device. The value of this coefficient 
depends on the semiconductor family as shown in Table 14.1.

A static derating factor can be defined as

	
δ = −1

I
N Ip M

Total

	
(14.3)

and it can be estimated with an empirical relationship:

	
δ = −

− − + +
1

1 1 1 1(( )( ) ( ))N x x

N p

p /

	 (14.4)

where Np is the number of parallel devices and x is the mis-sharing factor, which is 
equal to 0.10 for 250 and 600 V devices, 0.15 for 1200 V devices, and 0.20 for 1700 V 
devices (Figure 14.5).

TABLE 14.1
Derating of Different IGBT Families
250 V Trench Gate 10%

600 V 10%

1200 V and 1400 V 15%

1700 V 20%
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Parasitic resistances within the circuit are the second factor that can influence 
current sharing during IGBT’s ON-time. Mounting, busbar, and terminal connection 
of IGBT devices introduce parasitic resistances in both emitter and collector. The 
emitter resistance has a greater effect on current sharing as it influences the gate 
circuitry too. Depending on the emitter resistance, there will be a voltage drop on 
the emitter that decreases the actual gate control voltage (VGE = Vcontrol – VRE). This 
changes the IGBT output characteristics and modifies the appropriate collector cur-
rent. Different IGBT characteristics define different currents for the same collector–
emitter voltage. To reduce this imbalance, it is necessary to make the wiring on the 
emitter as short and uniform as possible. This reduces parasitic resistances.

It is also important to analyze current sharing during turn-on or turn-off tran-
sients. The output IGBT characteristic (Vce-Ic) does not have any direct influence on 
the transient turn-off voltage imbalance. In contrast, the transconductance character-
istic (Figure 14.6) determines the current sharing during transient.

If the same gate conditions are ensured for both IGBTs, the device with the largest 
value of transconductance (steeper characteristic) carries a larger current and incurs 
the highest switching loss. A dynamic derating factor analogous to a static derating 
factor can be defined, and the comparison is shown in Figure 14.7.

Dynamic current sharing is better than static current sharing. However, dynamic 
sharing is more sensitive to external circuit factors, such as the stray inductance in 

Example: Dynex semiconductor
DIM800DDM17 (800 A-IGBT)
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FIGURE 14.5  Dependence of the static derating factor on the number of IGBTs.

Ic

VG

g (min)g (max)

Ic1

Ic2

0 VGE0
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the gate-emitter circuit loop. The transient current passes through parasitic induc-
tances in the emitter and decreases the effective gate voltage. Different values of the 
emitter inductance lead to different voltage drops in the gate circuitry, producing 
different lengths of delay of the transition and different shapes of the current. To 
reduce this imbalance, it is necessary to make the wiring on the emitter as short and 
uniform as possible (Figure 14.8).

Another improvement is related to the way the gate driver should be connected. It 
is better to use the same gate driver with separate gate resistors to eliminate the risk 
of parasitic oscillations. Further, the gate resistors should be tied closely through the 
gate control terminal with a separate emitter pin for gate control.

Finally, there is the effect of temperature imbalance. All IGBT characteristics 
depend on temperature and the current sharing between two or more parallel IGBTs 
is influenced by their individual temperature at the junction. Examples of tempera-
ture dependence of each characteristic can be seen in any IGBT datasheet.

Temperature has some influence on current sharing in steady-state conditions. 
An immediate solution is to use a common heatsink for all parallel IGBTs to keep 
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FIGURE 14.7  Dynamic derating factor in comparison with the static derating factor.
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FIGURE 14.8  Emitter connection for reduced parasitics.

 



415Parallel and Interleaved Power Converters

temperature spread within 10°C. The common heatsink introduces a thermal feed-
back between junctions. The IGBT with a higher power dissipation has a higher 
temperature and influences the temperature of the other through the common 
heatsink. The operation point of the second IGBT changes and current sharing is 
modified. Even if the temperature coefficient is negative for all devices, the IGBT 
with the lower voltage drop has a lower temperature coefficient. Lower voltage 
drop also implies larger current share. Both current and temperature are increasing 
and this is producing the decrease of the voltage drop and current compensation 
(Figure 14.9).

Figure 14.10 presents this idea schematically.

14.3  GATE CONTROL DESIGNS FOR EQUAL CURRENT SHARING

Modern solutions using active gate control for static or dynamic current balancing 
are shown in Figure 14.11. They require high bandwidth analog processing of the 
sense current feedback. The levels of the gate voltage and current are controlled 
during the ON-time of each individual IGBT, whereas the delay of the transient is 
controlled in a dynamic manner.
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FIGURE 14.9  IGBT characteristics.
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14.4 � ADVANTAGES AND DISADVANTAGES OF PARALLELING 
INVERTER LEGS WITH RESPECT TO USING PARALLEL DEVICES

The manufacturing volume in high-power applications is not very large and many 
projects end up with a unique prototype or a very short product series. As high-power 
devices require a special or individual design, many engineers are tempted by parallel 
low-power hardware. Paralleling IGBTs or MOSFETs has already been discussed ear-
lier in this chapter, but this is not always a convenient option as the power stage needs 
a new design and package anyway. However, paralleling power stages is a very easy 
and cheap approach. The effort lies in adapting the existing control system to paral-
leling [3]. This is mainly done through software and the physical effort is thus limited.

Whilst there are many engineering teams which have tried parallel operation in 
their R&D laboratories, only a few manufacturers tried to have a systematical analy-
sis of this new solution and to review its use in larger scale volume products. The 
idea is to use power converter modules from an existing series production and to 
add especially manufactured hardware that can support parallel connection of these 
modules, while using revised or additional software.

There are two possible paralleling approaches: through galvanic isolation and by 
direct connection on the DC side. All solutions with isolation use separate power 
supplies for each power converter and transformers for adding up the paralleling 
effects. Such a system becomes expensive and bulky, with a decreased efficiency and 
seriously limiting the number of parallel devices.
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FIGURE 14.11  Gate driver control for current sharing. (a) Static current balancing. (b) 
Dynamic current balancing by delaying turn-on and turn-off moments.
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The second approach is based on direct connection on the DC side with inter-
phase reactors on the load side. The control system must ensure equal current shar-
ing [4,5,11]. The instantaneous output voltages are not equal even if their average 
value is. This implies different voltage levels on each side of the inter-phase reactors. 
This voltage drop produces circulation currents between modules that increase the 
required rating for the power semiconductor devices.

14.4.1  Inter-Phase Reactors

What are the major challenges to direct connection of power converters? Design of 
inter-phase reactors is limited by constraints of steady-state or transient operation. 
Steady-state ripples require a large inductance to limit them and reduce the IGBT 
conduction losses and filter losses. A smaller value of the inductance is preferred 
to provide a large current slew rate. The selected inductance should support the 
whole DC bus voltage over the sampling interval while producing a maximum ripple 
variation of less than a specified amount. Moreover, this inductance should limit 
the circulation currents on fundamental frequency owing to difference in the refer-
ence waveform of the paralleled/interleaved power converters [6,9,10,12]. Finally, a 
some-what smaller value is usually selected from these constraints to favor dynamic 
performance and to allow a reasonable circulating current.

There are different possible connections between power stages. The way the inter-
phase reactor becomes part of the circuit is shown in Figure 14.12.

Separate inductors or mid-point inductors are often used. New solutions employ 
coupled inductors with direct or inverse coupling. Analysis of directly coupled or 
inversely coupled inductors reveals the value of the equivalent inductance at its 
terminals.

	

Leq L for direct coupling Increases steady stateripple

Leq L if

< ⇒ −
> (MM L for inversecoupling Decreases steady staterippl/ d /d) ( )< ⇒ −1 2 ee 		

		  (14.5)

Another alternative is to spread the reactor inductance between the AC and DC 
sides to improve the harmonic filtering on the AC side. This idea is adapted from the 
conventional diode rectifiers where power structures above 15 kW have inductors on 
both AC and DC sides.

Converter

Converter

Converter

Converter

Converter

Converter

Converter

Converter

FIGURE 14.12  Different connections of the inter-phase reactor.
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14.4.2 C ontrol System

The major tasks of the control system are [4,5,11]:

•	 To equalize current sharing
•	 To limit circulating currents

As always, design of the control system is based on the load character. An induc-
tive load (Figure 14.13a) suggests an open-loop control based on the switching-
pattern selection, as the voltage on the load-side node is not well defined and it forms 
a section of inductances. In contrast, capacitive or strong voltage source character of 
the load (Figure 14.13b) implies a firm closed-loop control as the voltage across the 
load is well defined.

14.4.3 C onverter Control Solutions

The selection of the sequence within the pulse width modulation (PWM) of all par-
allel converters is important. First, a single PWM circuit can be built and the same 
switching sequence can be used to control all parallel converters. The drawback of 
this solution is the difficulty of defining separate protection circuits for each power 
stage. Moreover, any difference in the inter-phase inductors can create zero-sequence 
circulating currents.

A second solution uses different control hardware on each power converter lead-
ing to almost identical PWM patterns while retaining the individual protection 
circuitry of each power converter. The drawback consists of not having too much 
improvement in the ripple during operation.

The third solution implies the control of the parallel structure by considering all 
possible switching states. Such an approach is limited to a small number of paral-
lel converters to retain the number of states to a minimum. Let us herein consider 
the case of only two power converters. Different switching patterns in the two con-
verters produce different circulation currents through inductors. Each difference in 
the PWM pattern results in a voltage drop across the inter-phase inductances and 
a change in current owing to the inductive nature of the load. In contrast, identi-
cal patterns in both converters maintain the same current error. These circulation 
currents can be produced by the difference in the reference waveforms due to the 
control loops, difference in the active vectors used at a given moment, or differences 
between the zero states used by each individual converter. Importantly, the effect 
of the difference in the active vectors used at a given moment can be corrected by 
conventional (d, q) control.

Load
L2

L1

Load
L2

L1

FIGURE 14.13  Different load types.
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The voltage vectors derived from all switching states can be seen in Figure 14.14. 
Generation of any PWM uses a combination of these vectors very similar to the 
Space Vector Modulation (SVM) presented with the conventional three-phase six-
switch converter. Each state of the system exposes different inverter legs to circula-
tion currents. The rate of change of these circulation currents leads to changes in the 
zero sequence current. The rate of change of the zero sequence current is presented 
in Table 14.2. Table 14.3 shows changes in the cross-currents.

Once this converter analysis has been accomplished, goal is to suppress cur-
rent harmonics while providing small dΔi/dt variation. The switching pattern is 
selected to minimize both cross-currents and zero-sequence currents with the data 
from previous tables. First, the cross-current vector is defined in one of the seven 
regions formed as complex plane sectors and a small region near zero while the zero 
sequence current is compared with a small window comparator to detect values from 
Table 14.2. The currents should remain within some tolerance margins throughout 
the operation (Table 14.4).
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FIGURE 14.14  Switching states.

TABLE 14.2
Switching Table

000 001 010 011 100 101 110 111

000 0 17 15 16 13 18 14 0

001 12 5 16 10 18 11 0 17

010 15 16 3 9 14 0 8 15

011 16 10 9 4 0 17 15 16

100 13 18 8 15 1 12 7 13

101 18 11 0 17 12 6 13 18

110 14 0 8 15 7 13 2 14

111 0 17 15 16 13 18 14 0
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14.4.4 C urrent Control

Each inductor current on each power converter can be controlled individually or on 
the three-phase concept of (d, q, 0) control (Figure 14.15). Generally, a system of 
N identical subsystems can be transformed into a set of state equations described 
by a vector that is the average of the N subsystems. This creates a common-mode 
system that describes the dynamics of the average vector and it is used to define the 
control of the output voltage. Deviations from the average vector of all subsystems 
form another set of N – 1 state vectors adding up to zero. The system dynamics are 
therefore described by the deviation from the average vector through this set of N – 1 
state vectors.

The proportional-integral (PI) controller can have any internal structure as dis-
cussed in the relevant chapter. The gains and limits of each current controller can be 
defined with the equivalent circuits on (d, q) coordinates. Understanding these gains 
and limits is very important as the paralleling modifies the structure of the plant 
model and the closed-loop transfer function. Depending on the direction of the power 
transfer, these equivalent circuits correspond to buck or boost DC/DC converters.

TABLE 14.3
Zero Sequence Currents Function of the Switching Table

000 001 010 011 100 101 110 111

000 0 −1 −1 −2 −1 −2 −2 −3

001 1 −1 0 −1 0 0 −1 −2

010 1 0 0 −1 0 −1 −1 −2

011 2 1 1 0 1 0 0 −1

100 1 0 0 −1 0 −1 −1 −2

101 2 1 1 0 1 0 0 −1

110 2 1 1 0 1 0 0 −1

111 3 2 2 1 2 1 1 0

TABLE 14.4
Cross-Currents i1 – i2

000 001 010 011 100 101 110 111

000 0 −ic −ib +ia −ia +ib +ic 0

001 +ic 0 +√3ix −ib −√3ix −ia −2c +ic

010 +ib −√3iz 0 −ic +√3iy +2ib −ia +ib

011 −ia +ib +ic 0 −2ia +√3iy +√3ix −ia

100 +ia +√3ix +√3iy +2ia 0 −ic −ib +ia

101 −ib +ia −2ib +√3iy +ic 0 +√3iz −ib

110 −ic +√3ix +ia +√3ix +ib −√3iz 0 −ic

111 0 −ic −ib +ia −ia +ib +ic 0

“+” = Increase on axis; “−” = Decrease on axis.
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14.4.5 �S mall-Signal Modeling for (d, q) Control in a Parallel 
Converter System

Separate equivalent circuits in quasi-DC variables are considered on the (d, q)-axes 
(Figure 14.16). They help in deriving a small-signal model with a control variable D 
(duty cycle) on each axis (Figure 14.17). Dd and Dq are duty cycles on (d, q)-axes and 
m is the converter modulation index so that D D md q

2 2 2+ = . The small-signal model is 
derived from the state variable equations that have all inductor currents and the capaci-
tive output voltage as state variables (all measured in the power transfer direction).
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Simplified control functions are presented next. A more detailed analysis 
including all the instabilities due to nonlinearity and nonminimum phase system 
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FIGURE 14.15  Structure of the control system.
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characteristics are provided on [1,2]. The big difference between current control of 
a single converter and current control of parallel-connected converters is seen in a 
different model of the plant (Figures 14.18 and 14.19).

Let us first analyze each (d, q) equivalent circuit when it behaves as a DC/DC 
buck converter and the small signal model of the equivalent load that results from 
Figure 14.20. Transfer function from duty cycle to the inductor current:
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The inductances of the other converters introduce a dumping effect. The modu-
lation index to inductor current transfer function is different for each interleaved 
stage. The huge difference from the single-stage case is the integrative character in 
low frequency [7,8].

The (d, q) modeling for the power transfer through a boost DC/DC converter is 
shown in Figure 14.19 and the small signal model is accordingly derived. Transfer 
function from duty cycle to the inductor current is also shown in the figure.

Figure 14.19 shows that a change in the first converter duty cycle determines a 
change in the inductor L1 current, followed by a change of the load voltage across 
the capacitor CL. The voltage on the load changes currents through the other induc-
tors and a feedback change in the output capacitor voltage occurs. The duty cycle 

vd
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FIGURE 14.17  Equivalent circuits on (d, q)-axis.
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FIGURE 14.18  Bode plots for the buck converter model.
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to inductor current transfer function can be calculated based on the small signal 
equivalent circuit:
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In short, inductances on the other converters have a dumping effect on the con-
verter transfer function and the modulation index to inductor current transfer func-
tion depends on the number of interleaved stages [6,9,10,12]. The biggest difference 
in small-signal model from the case of a single converter consists in the integrative 
character at low frequency.

14.4.6  (d, q) versus (d, q, 0) Control

Many versions of vector control implemented by the industry within standard 
three-phase power converters have considered only the (d, q) control, without any 
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FIGURE 14.19  Equivalent circuit for parallel connection of boost converters.
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controller for the zero sequence. Using parallel hardware in interleaved power con-
verter applications has raised the question whether conventional (d, q) control is 
enough or should it be improved with a zero-sequence controller.

Circulation currents between power converters can appear if the switching pat-
tern in one or more converter legs is different from one power stage to another. 
Assuming that only one phase shows a circulation current, the power converter’s 
three currents can be written as

	 Ia = x + sin(ωt), Ib = sin(ωt + 120), Ic = sin(ωt + 240)

After (a, b, c) transforms to (d, q), (0.66x) adds up to (d, q) components and (0.33x) 
adds up to the zero-sequence component.

It is important to note the integrative action of the zero sequence components. When 
a voltage is applied across the inter-phase inductors, owing to the different switching 
patterns in different power stages, the zero-sequence current increases or decreases 
depending on the polarity of the voltage. When a zero voltage is applied, the zero-
sequence current is kept constant. Repetitive voltage across the inter-phase inductor 
can increase the zero-sequence component at values dangerous for the power stage.

In current control, the use of PI control on each of the (d, q) axes ideally with-
draws the additional component (0.66x) on these axes and does not affect the com-
ponent on the zero-sequence axis. All three phase currents are subjected to an equal 
amount of error. If this is too large, we need a zero-sequence controller.

The zero-sequence current is not seen in the common-mode model, as it is a part 
of the differential mode model. This means that a power system with N parallel con-
verters needs only N – 1 controllers, as there are N – 1 independent currents. Each 
zero-sequence current controller is designed from the inter-phase inductances that 
appear on the zero sequence equivalent circuitry.

14.5  INTERLEAVED OPERATION OF POWER CONVERTERS

The same parallel-connected hardware can be operated in multiple ways leading 
to reduced ripple in the aggregate input and output waveforms (Figure 14.17). The 
simplest solution is to use the same PWM clock for all converters. The switching 
pattern results are identical and the whole power stage behaves like a single high-
power converter.

Different power converters can use different clock signals producing IN/OUT 
current waveforms with a ripple reduced by √N owing to passive (stochastic) ripple 
cancelation. This is definitely not a practical solution. The existing hardware can 
be controlled with equal phase displacement (2π/N) producing the so-called inter-
leaving (Figure 14.21). The ripple magnitude is reduced by N times and the ripple 
frequency is increased by N times, simplifying filtering. This solution was first used 
for DC/DC converters and it is increasingly used in AC applications. Buck or boost 
topologies have been interleaved for a long time to improve harmonics and to share 
power between several power devices. Advanced methods send the current sharing 
information through the harmonic content of these converters. This is mainly possi-
ble due to the large ratio between the switching frequency and the control bandwidth. 
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In contrast, AC applications use lower switching frequency and the control band-
width is limited.

Interleaving has been used for other classes of three-phase converters such as the 
buck-derived three-phase converters (in reference 7 of Chapter 3) (Figure 14.22a) or 
the B4 inverter modules (in reference 8 of Chapter 3) (Figure 14.22b). All these have 
given an extensive analysis of interleaved six-switch three-phase converters [6,9,10,12].

There are numerous advantages in using interleaving control of parallel hardware. 
The most important advantage is in using prior knowledge to build, control and 
protect the single-unit three-phase inverters and converters. Other advantages are 
discussed next (Figure 14.23).

The ripple of the sinusoidal phase current is maximum when the area under 
the curve of inductor voltage (volt seconds) or the phase voltage is maximum. 
Accordingly, the ripple of the current that results from interleaving is reduced. Both 
conduction losses and filter losses are minimized by interleaved operation of parallel 
hardware. Reliability is improved by parallel hardware and a good level of redun-
dancy is ensured. Finally, parallel hardware ensures electronic gearing.

14.6  CIRCULATING CURRENTS

It has been shown that the circulating currents are the result of differences between 
the switching patterns within different power stages. The amount of the circulating 
current is influenced by the selection of the PWM algorithm in multiple modes.

First, the circulation currents depend on the difference between the reference 
waveforms (or ON-times) used on each power converter, as shown in Figure 14.24. 
In short, the sinusoidal PWM leads to the smaller difference between references and 
the smaller circulating current between power stages.

Another type of circulating current results from different active vectors used on 
each power stage. As a result of the use of different active vectors at the same time, 

FIGURE 14.21  Ripple composition by interleaving.
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one leg of the inverter is connected to the +DC bus, while the same leg on another 
inverter is connected at –DC bus. Such circulation current gets decomposed on (d, 
q, 0) components and can be partly corrected through the (d, q) current controllers.

Finally, pure zero-sequence currents are produced when all three switches con-
nected to one terminal of the DC bus are ON, while the three inverter poles on the 
other inverters are connected at the other terminal of the DC bus. This happens 

FIGURE 14.22  Different topologies used within interleaved configurations: (a) buck-
derived three-phase cenverters. (b) B4-Inverters modules.

FIGURE 14.23  Circulating currents from differences in the PWM references.
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when one converter uses a zero vector and another converter uses the other possible 
zero vector. Special PWM methods can be employed to avoid using any zero vector 
(Figure 14.25).

An alternative solution is to select the same zero state in all power converters 
whenever a zero state is necessary. The selected common zero state can be changed 
in a few seconds to avoid temperature run-up. Using always the same zero vector, no 
matter what active vectors are employed during the PWM sampling interval elimi-
nates the possibility of circulating currents associated to identical zero states.

14.7  SELECTION OF THE PWM ALGORITHM [1,2]

Previous chapters have presented different PWM algorithms to control a three-
phase inverter. Interleaved control of parallel hardware can be based on any of these 

Conventional sine modulation
reference wave

Discontinuous PWM
reference waveform

Discontinuous PWM
reference waveform

Space vector modulation
reference waveform

Voltage difference to produce
circulation  current

Voltage difference to produce
circulation  current

Voltage difference to produce
circulation  current

Voltage difference to
produce circulation  current

FIGURE 14.24  Different interleaving possibilities for an even number of converters. (From 
Neacsu, D.O., Wagner, E., Borowy, B. 2002. 37th IAS Annual Meeting. Conference Record of 
the Volume 3, 13–18 October, pp. 1958–1965. With permission.)

t01 ta tb

Opposite active vectors

Original

t02

FIGURE 14.25  Generation of the PWM sequence without any zero vector.
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algorithms. We limit our analysis to carrier-based PWM (asymmetrical or symmet-
rical), SVM, discontinuous PWM implemented on the SVM support to minimize 
loss, or special PWM with the same zero state. Any of these methods can be gener-
ated by symmetrical (center-aligned) PWM or asymmetrical PWM depending on the 
state sequence at the switching interval. The type of PWM employed influences the 
harmonic content and waveform shapes of the phase currents, circulation currents, 
neutral voltage, and DC side currents.

When using symmetrical PWM on an even number of interleaved converters, 
there are two possibilities for selecting the most suitable switching sequence, and 
these are shown in Figure 14.26.

Extensive analysis has established comparative results that can be grouped into 
the following conclusions:

•	 General Remarks
•	 The first high-frequency components of the phase currents are always 

at Nfsw, where N is the number of interleaved power stages.
•	 The first high-frequency component of the zero-sequence current is 

always at fsw. The DC bus and the neutral voltages show the first compo-
nent at Nfsw frequency, except for possible components owing to system 
asymmetries.

•	 Using PWM with an optimal sequence to reduce the load current har-
monics produces more harmonics on the individual inverter currents.

•	 When circulating currents are reduced, the peak-to-peak neutral volt-
age bounces across a larger interval.

•	 Carrier PWM
•	 Symmetrical PWM produces less harmonics in the inverter currents 

than does asymmetrical PWM.
•	 Interleaving of symmetrical PWM can be implemented by pulse or by 

period (Figure 14.26).
•	 The zero-sequence currents in symmetrical methods are larger due to 

greater superposition of different states.
•	 Peak-to-peak neutral voltages are also lower for the symmetrical PWM 

methods.

Ts

Ts/2 Ts/4

Ts

FIGURE 14.26  Different interleaving possibilities for an even number of converters.
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•	 Reduced Loss PWM
•	 Reduced-loss PWM shows a very large zero-sequence current at a low 

frequency if no zero-sequence current controller is used.
•	 Zero-sequence controller becomes mandatory with SVM or reduced 

loss PWM algorithms.

The most important conclusion of this study is that using sinusoidal PWM algo-
rithms in interleaved applications is more advantageous than SVM or Reduced-Loss 
PWM algorithms.

14.8  SYSTEM CONTROLLER

Each individual three-phase inverter is controlled by the same controller as in a 
single-unit application. PWM, power stage protection, and current control are imple-
mented locally within each inverter’s control module (Figure 14.27).

References for these controllers are provided from a system controller. The main 
tasks for the system controller are the proper current distribution among inverters, 
tight output regulation, hierarchical protection, and user interface or control through 
a reference.

The most important task is to distribute current equally between power con-
verters. This can be achieved with master-slave control, central-limit control, or 
circular-chain control [4,5,11] (Figures 14.28 and 14.29).

Ultimately, each of these methods has to have an effective communication proto-
col or interface. As local control is ensured with hardware controllers located at each 
power converter, each system controller must be equipped with at least two com-
munication ports. The first communication port is needed to communicate between 
power stages to ensure current sharing and fault management [13]. The informa-
tion sent over this communication channel depends on the selection of the system 
controller structure such as the master-slave control, central-limit control, and the 
circular-chain control.

The second channel is used for PC interfacing for online monitoring and develop-
ment and it can be considered local.

Master

Slave 2

Slave 1

I_Ref

Converter

Converter

Converter

FIGURE 14.27  Parallel connection of six-switch three-phase converters.
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Both required communication channels are bidirectional and a serial support is 
preferred owing to system complexity. Possible communication links for multicon-
verter applications are CAN, RS232, or RS485. The converter control S/H is strongly 
affected by the communication baudrate or bandwidth. To achieve a control S/H at 
each PWM cycle, the communication link should ensure a full exchange of infor-
mation at the PWM frequency rate. This is a very serious constraint and limitation.

The last issue to be solved by the system controller is related to protection at a 
higher hierarchical level. It has been already shown that the local controller should 
ensure a fast protection of the power semiconductor devices, and shutdown quickly 
in case of overcurrent, IGBT desaturation, overvoltage, or overtemperature. These 
are faults that can occur quickly and require immediate attention. After a shutdown 
decision has been taken, the shutdown event information is processed by each con-
verter controller and the software enters a special routine for shutdown and fault 
debouncing. The inter-converter network baudrate is limited and instant global deci-
sion is not possible. The solution considered often is to distribute faults depending 
on the required response time. Some faults are sent over the regular communica-
tion link and some are transmitted over an emergency hardware wire for a quick 
shutdown of all power converters. System monitoring is ensured through periodical 
status reports for the faults that do not require quick response action. A special soft-
ware routine appraises the system and corrects existing faults on the basis of these 

Converter
Conv 1

Average
current

calculator

Ref 1
Ref 2

Ref 3

Ref 1

Converter
Conv 2

Ref 2

Converter
Conv 3

Ref 3

FIGURE 14.28  Master-slave structure.

Converter

Converter

Converter

Conv 1

Conv 2

Conv 3

FIGURE 14.29  Circular chain control.
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reports. Definition of this software routine for start-up and/or coming back from the 
shutdown state is very important.

Another fault that could happen during operation is the loss of the communica-
tion link even temporarily. The most common solution uses a special communi-
cation protocol that has parity checking and security features for surveillance of 
the communication channel. This further reduces the communication baudrate. The 
special communication protocol sets a flag for the appropriate fault and the software 
algorithm initiates a shutdown procedure, otherwise uncontrollable circulating cur-
rents can occur within each converter. Local software can detect these faults and 
shutdown independently. Simplified solutions are often used instead of the special 
communication channel, by settling a fault bit within the regular fault message sent 
through the communication channel.

14.9  CONCLUSION

This chapter presents the details of the parallel and interleaved operation of paral-
lel three-phase hardware. It is, therefore, demonstrated that interleaved operation 
of three-phase systems is a viable solution for medium and high power converters, 
especially in applications with low voltage and high current [14,15]. Design aspects 
and selection of the inter-phase reactors or PWM algorithms are also shown.

PROBLEMS

P14.1	 A power electronic converter needs to parallel three F-series 600 V 
Powerex IGBTs to constitute each switch. What is the static derating fac-
tor that we should consider?

P14.2	 For the same power converter, if the IGBTs are 200 A devices, what is the 
maximum current this structure will allow through all three IGBTs?

P14.3	 Consider an interleaved power converter with two inverter power stages, 
each controlled with sinusoidal PWM at 10 kHz and operated at grid fre-
quency of 60 Hz and delivering 120 V RMS in open loop. Calculate the 
low-frequency component applied permanently on the inter-phase induc-
tors. What is the low-frequency circulation current if each inductor has 
100 mH.

P14.4	 Consider the time constant equations of the SVM algorithm as given by 
Equation 5.30. Define the new time intervals corresponding to Figure 
14.27. Draw the switching pattern within one sampling interval to gen-
erate a vector in the first sector. Is there any way by which this can be 
implemented in a center-aligned PWM-support hardware?
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AC/DC and DC/AC 
Current Source 
Converters

15.1  INTRODUCTION

Most of the other Chapters of the book dealt with the Voltage Source Converter, a 
power converter structure built of 6 bi-directional switches and supplied from a volt-
age source. An alternative topology consists of a Current Source Converter [1–3] 
(Figure 15.1). Such converter structure is built of 6 unidirectional switches and it 
is supplied from a current source. This means the converter must always ensure 
a current circulation and a path for this current. Furthermore, the current circula-
tion is unidirectional from the DC current source to the load (for a Current Source 
Inverter), or from the AC grid to the DC current load (for an AC/DC Current Source 
Converter). The possible states are shown in Figure 15.2.

The oldest form of a Current Source Converter was the AC/DC SCR-Based Rectifier 
without the DC-side capacitive filter, where thyristors are controlled to adjust the load 
current that is flowing from grid to the load. The advent of IGBT devices shifted the 
focus more and more on voltage source type topologies since the current source topol-
ogies required additional blocking diodes to transform the IGBT-diode copack into 
a true unidirectional device. The recent appearance of IGBT-RB (reverse blocking) 
devices encourages a new look into the Current Source Converter topologies.

The DC/AC Current Source topology is mostly used for motor control and these 
motors are three-phase. Hence, only the three-phase converters will be analyzed in 
this chapter.

The advantages of the Current Source Converter/Inverter when compared to the 
counterpart Voltage Source structure are:

•	 Operation with reduced power loss [4,5].
•	 Operation with reduced noise.
•	 The lack of free-wheeling diodes improves the size and weight of the 

converter.
•	 The reliability yields improved due to less count of components.

The disadvantages of the Current Source Converter topologies are:

•	 Slower transient response of the current (considering the topology of 
converter + filter).

15
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The sampling/switching frequency is usually chosen within the range 1–10 kHz 
in order to reduce the reactive energy generated in the AC-side leakage reactance 
during commutation and hence the devices’ stress. Other contemporary concerns 
refer to mitigation of the common-mode voltage [6].

The current control is achieved with an appropriate PWM algorithm able to adjust 
the current level through the modulation index m. Most of the PWM algorithms are 
similar to those for the Voltage Source Converters in terms of generating pulses by 
a comparison between a reference waveform and a carrier. Usually the reference 
waveform is trapezoidal [10,11] or sinusoidal [7].

15.2  CURRENT COMMUTATION

The control of the power stage needs to ensure the conduction of only two devices 
at any moment. The transition between the different conduction states needs to be 
done seamless, without loss of current circulation. This is achieved with a mecha-
nism similar yet opposite to the dead-time generator: a small interval is introduced 
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FIGURE 15.2  Switching states and currents for the un-modulated current source converter.
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FIGURE 15.1  Three-phase current source inverter.
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to superimpose the two adjacent states by allowing conduction of switches defining 
both the old state and the new state. This concept is true for any PWM algorithm and 
for either AC/DC or DC/AC conversion.

For instance, at the state change from conduction of Sw1 and Sw6 to the conduction of 
Sw3 and Sw6, a circulation path should be maintained for the current entering the con-
verter on the DC+ conductor (see Figure 15.2). Usually this is ensured with an interval 
when both Sw1 and Sw3 are controlled to be ON (Figure 15.3) [8]. This interval is called 
overlap and it must be long enough to turn ON the OFF switch before turning OFF the 
conducting switch. This overlap also provides a minimum ON time for the switches.

The actual current commutation between switches Sw1 and Sw3 depends on the 
polarity of the line voltage vAB (Figure 15.1). Both switches have gate signals for 
the conduction state and the polarity of the voltage drop across them dictates the 
conduction state. The exact commutation moment occurs either at the beginning or 
at the end of the overlap interval. This ambiguity in the exact commutation moment 
implies a loss of control and an uncertainty in the switch current, and further on the 
output line current during the overlap periods. Considering both edges of each PWM 
pulse of the AC-side current denotes three cases (similar to the analysis of effects of 
the dead-time interval):

•	 Pulse is shifted.
•	 Pulse is losing some current.
•	 Pulse is increased with certain length.

The overall effect of this change in the pulses’ shape yields in a slight distortion 
of the AC-side sinusoidal current waveform [9]. The waveforms are influenced as 
shown in Figure 15.4. Using fast switching devices allows operation with a short 
overlap time that will not distort or otherwise influence the current waveform.

Finally, it is important to note that the gate control cannot be achieved with con-
ventional dual-channel (converter leg) or six-channel (inverter) gate drivers since 
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vAB<0 => Sw1 stays ON during overlap

vAB>0 => Sw3 turns ON immediately

FIGURE 15.3  Control for current commutation.
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these have the shoot-through protection implemented. Individual gate drivers would 
allow the conduction of both switches on the same inverter leg.

15.3  USING SWITCHING FUNCTIONS TO DEFINE OPERATION

We have used switching functions to characterize the operation of a three-phase volt-
age source converter in Chapter 3, Section 3.8. The same theory is used herein for 
the Current Source Converter. Switching Functions are defined as periodical signals 
able to characterize analytically the change of states without entering the details of 
transitions between states. Let us consider the switching functions as being identical 
with the signals used for control of switches from Figure 15.1.

	 i i S SA = ⋅ −DC ( )1 4 	 (15.1)

	 i i S SB = ⋅ −DC ( )3 6 	 (15.2)
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FIGURE 15.4  Influence of the overlap on the switching states.
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	 i i S SC = ⋅ −DC ( )5 2 	 (15.3)

The DC-side voltage can be computed from instantaneous output voltages as:

	 ν ν ν νi S S S S S S= ⋅ − + ⋅ − + ⋅ −AN BN CN( ) ( ) ( )1 4 3 6 5 2 	 (15.4)

These will further be used for modeling of the power converter when simulated in 
MATLAB-SIMULINK or PSPICE, and also for development of the PWM algorithm.

System level waveforms are shown in the following figures for a generic PWM 
algorithm without any compensation for overlap time or canceling of the possible 
filter resonance. Different improved options for the generation of the gate control 
pulses will be shown in detail within Section 15.4. These waveforms are shown 
herein for illustration of purposes at different switching frequencies. It can be seen 
how important is the selection of the filter components and the avoidance of possible 
oscillations within the filter structure (Figures 15.5 through 15.8).

The AC/DC Current Source Converter (also known as Switched-Mode Rectifier) 
is represented in Figure 15.9. This time the PWM pulses are synchronized with the 
grid with a PLL-type circuitry. The same switching functions theory is employed for 
modeling of the operation.

The operation is very similar to the Current Source Inverter, but the energy 
flows now from the grid to the DC-side load. The proper operation is secured by the 
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FIGURE 15.6  Output phase voltages after L-C filter ( fPWM/fout = 24, L = 1 mH, C = 470 µF).
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presence of an input L-C filter, where the inductance L makes up for the grid induc-
tance and a possibly small added filter inductance. The switching functions are the 
same with Equations 15.1 through 15.4.

Simulation results are shown within the following figures. They are given for 
illustration purposes as the L-C filter components and the PWM control could be 
optimized further. It is important to mention the role of accurate synchronization 
between control and grid phase information (Figures 15.10 and 15.11).
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FIGURE 15.9  Switched mode PWM rectifier.
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FIGURE 15.10  System-level waveforms for the grid-connected current source converter 
( fPWM/fout = 24, L = 2 mH, C = 470 µF).
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FIGURE 15.11  Grid currents ( fPWM/fout = 24, L = 2 mH, C = 470 µF).
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The operation described within Figure 15.2 and Equations 15.1 through 15.4 can-
not allow the adjustment of the current in the circuit. This is achieved further with 
various PWM control algorithms. Moreover, optimization within these PWM algo-
rithms is also discussed.

15.4  PWM CONTROL

15.4.1  Trapezoidal Modulation

The biggest difference between the PWM algorithms for the CSI and VSI structures 
consists of operation of only two switches at any given moment within CSI instead 
of three for the VSI. The two conducting switches belong to two different legs of the 
inverter and current flows in two phases only. In certain situations the two switches 
on the same leg are conducting, creating a short-circuit path able to circulate the 
DC-side current without stressing the AC-side filter capacitors.

The simplest PWM algorithm is following the principles of the carrier-based 
modulators for Voltage Source Converters (Figure 15.12). The reference signal is a 
trapezoidal waveform with unity magnitude, and the PWM pulses are produced by 
comparison during the slopes of the reference waveform. This method is called upon 
as Trapezoidal PWM [10,11]. The middle segment of the waveform is flat for 60°. 
Similar waveforms are used for the other two phases.

Figure 15.13 shows an example of the phase currents derived after the AC fil-
ter when using such a PWM method, when the PWM has a low ratio between the 
pulse frequency (switching frequency) and the fundamental (reference) waveform’s 
frequency.

15.4.2  Harmonic Elimination Programmed Modulation

Observing the waveforms of Figure 15.12 suggests the PWM generation based on 
optimal algorithms like those described in Chapter 3, Section 3.7.1. Actually the 
mathematical results reported there can also be used for control of the Current 
Source Inverter when elimination of certain harmonics is imposed as design require-
ment. After the angular coordinates for the switching instants are determined by 

ωt

ωt

ωt

S1

S2

ωt

FIGURE 15.12  Carrier-based PWM method.
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calculus, the actual PWM sequence will be determined respecting the control logic 
for a CSI converter.

It is worthwhile to mention that any PWM control algorithm for a three-phase 
voltage source converter can be used for control of a current source type structure 
when the difference between two control signals on different phases (like a line-to-
line signal) is used for control of a single switch from the CSI structure. This is also 
apparent from comparison of the line-to-line voltage of a VSI converter that has the 
same shape with a phase current from the CSI operation.

Mathematical details and examples for this method are not repeated herein as 
they stand true from the previous explanation given in Chapter 3, Section 3.7.1.

15.4.3  Sinusoidal Modulation

Another PWM controller for the Current Source Inverter/Converter can be defined 
starting from a Sinusoidal reference like in the case of a controller for a Voltage 
Source Converter (Figure 15.14) [12]. First the signals pertaining to the converter 
states for the Current Source Converter are calculated with simple logic operators 
(Figure 15.15). This guarantees the generation of the 6 active states. Next the zero 
states derived by control of Figure 15.14 need to be identified as a safety measure. 
During such intervals, ON states need to be inserted in order to maintain the circula-
tion of the current. Various logic circuitry can ensure this.

This logic is unfortunately not enough as it is necessary to also be able to generate 
the zero states and to select the proper sequence of switches. This can be carried out 
with a combinatorial logic as shown in [15].

A different approach more closely related to microcontroller implementation 
works with the converter state coded as a switching state. The conventional PWM 
controller calculates first the time intervals to be spent in different switching states. 
Then, the actual states are identified and coded. Based on the switching state code, 
the actual switch is selected with a memory table (Figure 15.16). The memory look-
up table is shown as a “multiplexer + combinatorial logic” module in the simulation 
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FIGURE 15.13  Example of phase current after the L-C filter, for a low frequency ratio.
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FIGURE 15.14  PWM generator for a voltage source inverter.
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FIGURE 15.15  Determine the control signals from a conventional PWM generator for a 
VSI.
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FIGURE 15.16  Selection of the switching state with a memory look-up table, as depicted 
from a conventional MATLAB-SIMULINK simulation file.
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file, which actually can be another way to implementation. The fourth input to this 
table secures the generation of the zero state by continuation of the switch state. The 
gate control signals are shown in Figure 15.17.

15.4.4  Space Vector Modulation

The success of Space Vector Modulation algorithms for control of the voltage source 
converters has recommended this method in controlling current source converters.

In this respect, the states of the converter are analyzed and the appropriate cur-
rent vectors are set on the complex plane [13,14]. One and only one switch in the 
upper side and lower side must be turned-ON at a time. Each pairing of two switches 
determines a specific state of the converter. There are nine possible combinations 
for the ON-state converter switches. For each state, a space vector can be associated 
to represent the system of AC-side currents. The same theory applies to both the 
AC/DC and DC/AC converters.

For the ideal case when sinusoidal AC-side currents are expected, the curve fol-
lowing the tip of the space vector I has to be a circle in the complex plane and its 
track speed a constant. For the conventional phase controlled converters only seven 
distinct positions of the space vector in the complex plane can be obtained I1 – I6 and 
zero I0 (Figure 15.18, Table 15.1).

The high switching capability of the new devices appropriate for PWM control 
allows the synthesis of some different positions of the space vector I on a circular 
polygonal locus with an adequate switching of the converter. The possibility of turn-
ing-ON the switches of the same leg allows generation of zero states and so there is 
always a current path for the converter’s AC side inductive current.
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FIGURE 15.17  Control signals for the logic circuitry shown in Figure 15.16.
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The desired position of the space vector I is placed between two space vectors 
Ia and Ib, a,b = 1 − 6 (Figure 15.18) which represent the two states involved in the 
switching process. Writing the appropriate average relation provides

	
� � � �
I t I t I t I Ta a b b⋅ + ⋅ + ⋅ = ⋅0 0 	 (15.5)

where:
T = sampling period
ta = time assigned for the state Ia

tb = the time assigned for the state Ib

t0 = the time assigned for the state I0

For the peculiar case of AC/DC conversion, the proposed space vector PWM 
strategy takes into account both the prescription of the desired load current I and the 
input AC source unbalance or distortions through the instantaneous grid voltages. If 
we denote with E the measured AC-side converter input voltage, the relations for the 
time durations become:
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FIGURE 15.18  Possible positions of the current space vector in the complex plane.

TABLE 15.1
Converter States

Vectors Switches

I1 Sw1 + Sw6

I2 Sw3 + Sw6

I3 Sw3 + Sw2

I4 Sw5 + Sw2

I5 Sw5 + Sw4

I6 Sw1 + Sw4

I0 [1] Sw1 + Sw2

I0 [2] Sw3 + Sw4

I0 [3] Sw5 + Sw6
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where

	
k

R I
Ev = ⋅ ref

	
(15.7)

While these equations are presented herein for the general theory development, 
they will be again exploited in Chapter 18 within a real practical application.

The duration t0 must be split into two zero states so that the transition from zero 
states to active states always involve only one switching. For the sake of simplic-
ity and some generic optimization expectation, t0

+ = t0−. Figure 15.19 shows as an 
example the synthesis of a current pulse whose associated space vector is placed 
between I1 and I6.

15.5  OPTIMIZATION OF PWM ALGORITHMS

Once the basic details for the Space Vector Modulation have been introduced, the 
algorithm can be improved further by association with certain optimization crite-
ria [13–16]. Generally, the problems with PWM algorithms for the Current Source 
Inverter/Converter are related to the limited value of the switching frequency.

Since the AC-side of the Current Source Inverter/Converter is usually followed 
up with a LC filter, it is worth considering this filtering effect with a time-integral 
function of the inverter current. This function has the meaning of a voltage with gain 
depending to the values of capacitor C and grid line inductance (AC/DC case) or 
motor leakage inductance L (DC/AC case).

The representation of this time integral in the complex plane represents a polygo-
nal locus with a shape close to an exact circle. The difference between the polygonal 
locus and the ideal circular locus represents the error and causes torque fluctuation 
in the motor drive case.

I1 I6

T

Circulating
mode

Active statesZero states

t01

ta tb t02

Circulating
mode

FIGURE 15.19  Pulse generation within the space vector modulation.
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Several criteria can be considered to reduce the amount of harmonics generated 
by the noncircular locus of the time integral of switching currents. This is especially 
useful in the case of limited switching frequency. To help the understanding of these 
optimal methods, we will show herein results for the motor drive case. They can eas-
ily be expanded to the grid interface application.

15.5.1  Minimum Squared Error

The idea is to generate a regular polygonal locus that is to generate the space vec-
tor positions by a constant increment of the angular coordinate. Results from this 
method can only be improved further with a proper positioning of the active states 
over the sampling interval. However, the additional improvements are minimal.

15.5.2 C ircular Corona

Another optimization principle works close to the hysteresis control concept already 
known from switched mode converters. Maintaining the polygonal locus inside a 
circular corona is equivalent to reducing the output voltage ripple with effects in 
increasing the output power efficiency. Since the definition of this strategy is based 
on a geometrical analysis of the aforementioned constraint, it is worthwhile to use 
this criterion only for defining a polygonal locus with few sides, in the case of low 
carrier frequency. The resulting PWM pulse pattern is analogous to the case of delta 
or hysteresis modulation.

15.5.3 R educing the Low Harmonics from the Geometrical Locus

Since the AC-side low-pass filter is reducing the higher frequency harmonics of the 
current, it worth considering the possibility of choosing a locus able to eliminate 
the low harmonics. The degree of freedom comes from the relationship between the 
numbers of the edges from the polygonal locus that corresponds to the number of the 
low harmonics eliminated.

Previous research on the vectorial representation in the complex plane demon-
strated that the rotational speed of the vector can be regulated by introducing opera-
tion within the zero-vector states. Observing these results outlines the difference 
between the previous optimal methods (circular corona and optimized geometrical 
locus) and the conventional Space Vector Modulation algorithms. A compromise 
solution can be developed in order to obtain the desired trajectories in the complex 
plane with a frequency modulation or a zero-vector split modulation. Results in the 
next section will limit to the zero-vector split modulation.

15.5.4 C omparative Results

A comparison in between the harmonic performance for the methods described 
above is considered based on ideal PWM generation, without considering details of 
resonance between the filter components or gain loss within the inverter/converter.
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Similar to Chapter 3, Section 3.5.3, the Total Harmonic Distortion (THD) content 
of inverter output current defined as
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Figure 15.20 presents a direct comparison between the Space Vector Modulation and 
the trapezoidal modulation for a modulation index of 0.7, an output frequency of 20 Hz, 
and 24 pulses. It is demonstrated that the harmonics of the output current are lower than 
the classical trapezoidal modulation waveform and hence the efficiency of converter 
becomes better since the output current and voltage are nearly sinusoidal waves.

These results set the basis for understanding the benefits of the optimal methods 
mentioned above. To expand further the comparison while following the theory pre-
sented in Chapter 3, Section 3.5.3, a new harmonic performance coefficient is defined 
herein. The high order harmonics are attenuated by the AC-side filter and a more mean-
ingful comparison is made by taking into account the harmonic order. The distortion 
coefficient is therefore defined by multiplying each frequency component with 1/(kω).
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Other similar distortion factors can be defined [15] to illustrate the influence of 
the filter:
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FIGURE 15.20  THD of the AC-side current for (1) space vector modulation, (2) trapezoidal 
PWM.
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The following results are based on HCF coefficients only. If all symmetries in 
a three-phase system are considered, the harmonics used in the calculation of the 
HCF or DF coefficients can start from the 5th since there are no 2x or 3x harmonics. 
Otherwise, for a real case when symmetries cannot be considered, all harmonics, 
starting from the 2nd should be used in calculation.

The optimal methods can be compared with this HCF harmonic coefficient as 
well as content in the 5th and 7th harmonics of the output current (Figures 15.21 
through 15.24).

15.6 � RESONANCE IN THE AC-SIDE OF THE CSI CONVERTER–
FILTER ASSEMBLY

Since the waveforms of the AC-side currents are made of pulses of current, the 
Current Source Converter is usually followed up with an AC filter, able to retain the 
higher harmonics of the current and to deliver a sinusoidal current into the AC cir-
cuitry. Since either the grid connection or the motor drive connected to the AC-side 
of the Current Source Converter is characterized with an inductance, the filter’s 
capacitance and such inductance constitute a resonant circuit [17,18] (Figure 15.25).

There are possible both hardware and control software solutions to prevent or 
damp resonance. An additional trap filter can be added to the system to a specified 
frequency. Or, the PWM and the filter components can be optimally selected to 
avoid having the resonance frequency near frequencies in the spectrum of the cur-
rent coming into the filter from the Current Source Inverter. For instance, the 5th and 
7th harmonics can be cancelled by proper PWM selection, while the filter (Lf + Cf) 
resonance can be selected at around 4.6 times the fundamental frequency [5].

The most academically challenging solutions are coming from proper design of 
the control loops. Usually such solutions revolve around the idea of introducing by 
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FIGURE 15.21  HCF for (1) = circular corona PWM with 24 edges polygonal locus; 
(2) = circular corona PWM with 36 edges polygonal locus; (3) = optimized geometrical locus 
with 36 edges polygonal locus; (4) = minimum square error method.
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control a virtual resistor along the hardware of the resonant filter so that the resonance 
yields damped [17]. A simple control structure is shown in Figure 15.26 for the case 
without any compensation. Since the converter’s output is a current, the controlled 
measure is a voltage across the load circuitry, measured across the capacitor Cf.

If the AC-side is at the output of the converter and the load is a motor drive, the 
circuit equation for the load should contain the back-EMF voltage (e). Also the motor 
drive operation at different speed and load torque levels would imply change in the 
resonance frequency. This recommends further the use of a virtual resistance for 
damping of the resonance against other control methods.
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FIGURE 15.22  The 5th and 7th harmonics: (1) = circular corona PWM with 24 edges 
polygonal locus; (2) = minimum square error method with 24 edges polygonal locus.
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FIGURE 15.23  HCF for: (1) = circular corona with 48 edges polygonal locus; (2) = opti-
mized geometrical locus with 36 edges polygonal locus; (3) = conventional SVM with 48 
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The virtual resistor is set-up in software based on the feedback voltage Vc (Figure 
15.27). A High-Pass Filter is applied to this voltage to avoid interference with the 
fundamental waveforms, and the current through the virtual resistance is calculated 
and accounted for within the current reference Iref. The HPF will degrade the tran-
sient damping performance for the virtual harmonic damper, especially when there 
is a disturbance from the filter capacitor feedback voltage. This is caused by the 
tradeoff between a smaller cutoff frequency in an HPF giving a slow response, and a 
larger cutoff frequency leading to high frequency signal distortions. A multitude of 
versions to this approach are reported in literature.

A very similar approach to resonance damping consists in generating a virtual 
negative inductance along the virtual resistance (Figure 15.28) [19]. The advantage 
is reduced loss in the Current Source Converter.

Alternative methods to eliminate the LC resonance include feed-forward control 
compensation using the LC filter model and control shaping using harmonic com-
pensators. Such a compensator can be designed around the Posicast controller [17]. 
This is splitting any step input command into two intermediate steps. By considering 
the pause interval between the two steps as a parameter, the system response pro-
duced by the second step can cancel the resonant response excited by the first step, 
resulting in an oscillation-free step.
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V Vcntrl

FIGURE 15.25  Circuitry illustrating the resonance with CSI-filter assembly.
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FIGURE 15.24  The 5th and 7th harmonics: (1) = circular corona PWM with 48 edges 
polygonal locus; (2) = minimum square error method with 48 edges polygonal locus.
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15.7  CONCLUSIONS

Merits and drawbacks of the Current Source Converters have been explained and the 
basics of operation outlined. The current commutation between different switches 
needs attention for maintaining the current circulation. A large variety of PWM 
algorithms is available, many of them being derived from the implementation of 
PWM for voltage source inverters. Both passive and active approaches to damping 
the filter resonance are illustrated and their need shades the advantages of this class 
of converters.

More recent efforts consider multilevel current source converters where multiple 
stages are able to add the load current building up a current waveform with multiple 
steps. The optimization of the multilevel current waveforms can be achieved very 
similar to the optimization of voltage source converters at waveform level.
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FIGURE 15.27  Control with compensation.
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FIGURE 15.28  Circuitry illustrating the compensation with a virtual negative inductance.
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AC/AC Matrix Converters 
as a 9-Switch Topology

16.1  BACKGROUND

The three-phase AC/AC matrix converters have attracted lots of interest in the 1990s 
[1–7]. Methods for both the realization of bidirectional switch and the PWM control 
have been investigated and most of the initial limitations of the matrix converter are 
nowadays overcome. This continuous effort has been rewarded with system-level 
products like Yaskawa Matrix Converter or power modules from manufacturers like 
Infineon, Semelab, Dynex or IXYS.

The Yaskawa’s AC7 Matrix Converter [8] represents the world’s first low volt-
age (230 V/460 V) matrix converter to directly convert input AC voltage to output 
AC voltage without the need for a DC Bus. Using this configuration helps improve 
energy efficiency and it also overcomes many problems typically associated with 
conventional drives such as harmonic current distortion, line regeneration, installa-
tion space, or motor drive issues with very long cable lengths, bearing currents, and 
common mode currents. This product line is rated up to 7.5 HP, 15 HP, 30/40 HP, 
with possible extension to 125HP, and it is recommended for applications like centri-
fuges, elevators, escalators or various test stands. A second product line is offered by 
Yaskawa Corporation to the European market as Varispeed F7.

Despite the academic success concerning the implementation of the matrix con-
verters [9–11], it is worth noting that the Yaskawa Corporation changed the name 
of all its products in 2007 from names ending in the generation number like ...“G7,” 
and so on, into names with 1000s like A2000. They changed all these names except 
for the Varispeed AC Drive based on matrix converters. These are still shown in the 
product line-up but they do not show in the annual financial report for 2011–2012 as 
a separate sales line as it was in 2004–2006. It does not seem that this is a represen-
tative or sellable product anymore. Moreover, the Medium Voltage (1000s of Volts) 
version of the matrix converter made by Yaskawa Corporation was only a one-time 
success for a skin mill corporation [12].

Another Japanese manufacturer, Fuji brought up to production a matrix converter 
series called Frenic-MX in 2006. Most of the other manufacturers have designed 
matrix converters for demonstration purposes, without finding enough benefits and 
customer appreciation to really replace (or complete) conventional back-to-back 
topologies with matrix converters within their product line.

Merits are proven usually in space and volume challenged applications like avia-
tion systems [13–15]. Hence, a good opportunity for project development came along 
the All Electric Aircraft concept.

16
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The academic interest for matrix converter topologies has fuelled industrial 
research, and power semiconductor manufacturers came up with integrated modules 
for implementation of the power stage suitable to a matrix converter.

The conventional AC/AC matrix converter is a matrix of switches that allows 
an independent control of frequency, amplitude, and phase of the outputs while the 
operation is synchronized with the input AC waveforms for operation with control-
lable displacement power factor (Figure 16.1).

Since three-phase systems are most commonly used, the matrix dimension is 
herein limited to three. Given all connection possibilities, the three-phase AC–AC 
matrix converter consists of nine bidirectional switches which allow an output ter-
minal to be connected to any input terminal. Any symmetrical three-phase output 
voltages can be obtained from a set of input voltages by suitable switching of the 
matrix. The PWM operation of the switches requires that three voltage sources (or 
capacitors) are present on only one side to provide bypass paths for the inductive cur-
rents. Since the input AC source is conventionally an industrial or residential power 
grid, with a strong voltage source character, the output side will produce a voltage 
source character towards the load.

The load current is reflected towards the grid through switches into a pulsed cur-
rent. When the pulsations of this current poses a problem to the grid, an input LC 
filter is required. The matrix converter will act as a current-type load, extracting 
current from the filter’s capacitor. In most cases, this capacitor will have its voltage 
uncontrolled by a feedback loop, and this should be considered in the protection 
circuitry.

The three-phase AC load can be a motor drive or a power supply load. In either 
case, the load should present an inductive character towards the power converter. For 
instance, a three-phase AC power supply will have a three-phase LC filter on the out-
put side to provide the required inductive load character to the converter. Moreover, 
only one of the switches linked to the same output terminal can be in conduction 
at a given time. This means there are 27 possibilities of input-to-output connection 
(Figure 16.2):

S11 S12 S13

S21 S22 S23

S31 S32 S33

SVM
control AC

load

Input filter

AC grid

Output
filter

FIGURE 16.1  Basic matrix converter topology.
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•	 Six possibilities to connect each output terminal to a different input termi-
nal; these are equally 2π/3 out of phase, and each can be represented by a 
space vector rotating in the complex plane of the load reference frame (let 
us call them as “rotating vectors”).

•	 Eighteen possibilities to connect two output nodes to the same input termi-
nal while the third output is linked to a different input. The matrix converter 
could be seen as a functional superposition of three three-phase inverters 
supplied by rectified line voltages. The appropriate switching vectors are 
fixed in six directions equally π/3 out of phase over the complex plane of 
the load reference frame and their magnitudes are variables as the rectified 
voltages evolve (let us call these vectors “stationary vectors”).

Vs1

Vs2Vs3

Vm1

Vm6

Vs6Vm5Vs5

Vm4

Vs4

Vm3

Vm2

ω
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Im

Vs1
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Vs6Vm5Vs5

Vm4

Vs4

Vm3
ω

Re

Im

Vm6

Vm2
Vm1
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(b)

FIGURE 16.2  Possible space vector positions within the complex plane on the load-side 
reference frame when considering both stationary and rotating vectors: different moments 
captured in (a) and (b).
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•	 Three null-states when all three output nodes are connected to the same 
input terminal.

Designing a PWM algorithm means averaging in between the available states in 
order to emulate a rotating vector in the load reference frame. Various methods are 
hence available.

16.2  IMPLEMENTATION OF THE POWER SWITCH

The most important hardware challenge relates to the implementation of the bi-
directional power switch. The bi-directional switch must be able to conduct currents 
of both directions, and to block voltages of both polarities. Conventional solutions are 
presented in Figure 16.3, and they are carried out with bipolar transistors, MOSFETs, 
or IGBTs. The left-side assembly in (a) prevents a large voltage drop across the emit-
ter–collector circuitry, and therefore diodes need to provide good reverse recovery 
characteristics. Alternatively, diodes can be made on the SiC substrate.

The circuit shown in Figure 16.3a is offered by certain power semiconductor man-
ufacturers as copackaged in a single unit. For instance, Dynex Semiconductor offers 
hybrid bi-directional switches up to 400 A, 1700 V, mounted on a 140 × 73 mm 
metal baseplate (DIM400PBM17-A000, [16]). Alternatively, a group of three bidi-
rectional switches are offered in the same package as an output leg (phase) configura-
tion. Such configuration helps reducing the parasitic inductance between devices and 
improves the switching process when transferring the load current from one device 

(a)

(b)

FIGURE 16.3  Conventional implementation of the bi-directional power switch.
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to another. Products from Dynex Semiconductor and Semelab can be mentioned in 
this category. For instance, SML300MAT06 by Semelab is rated at 300 A, 600 V 
and intended for a matrix converter leg. Further on, more integration is proposed by 
Infineon/Eupec with a full matrix converter integrated on the same module rated at 
35 A, 1200 V (EUPEC FM35R12KE3, [17]).

The advent of SiC based devices has provided a chance for improvement of 
these configurations by replacement of diodes with SiC diodes or even prototypes 
for replacement of the power switches with SiC JFET devices [18]. This approach 
enabled power density levels in forced air cooled systems to 20 kW/dm3.

Given the success of the matrix converter topology as well as of other converter 
topologies with bi-directional switches, the RB-IGBT (reverse blocking IGBT) 
device has been developed recently [19,20]. This new device has advantages in 
reduction of the voltage drop during the conduction state since series diodes are no 
longer necessary for reverse blocking capability. An RB-IGBT has the same funda-
mental structure as a conventional IGBT. Therefore, the trade-off between switching 
loss and on-state voltage in a RB-IGBT does not differ from that of a conventional 
IGBT, except for the need for diodes in the conventional bi-directional switch. When 
reverse biased, the recovery characteristics are the same as for a conventional diode. 
Products are already available on the market for applications with currents less than 
100 A, in the low voltage range [20].

It is worth noting here that the conventional matrix converter equipped with the 
conventional implementation of the power switch shown in Figure 16.3a allows a 
reduction of losses in the entire system by 1/3 when compared to the back-to-back 
converter made of identical IGBT devices [21], or an efficiency change from 94% 
to 96% [11,21]. The use of RB-IGBT reduces further the system loss by 40% [21]. 
The power density is also improved by roughly 1/3 from back-to-back converter to 
the matrix converter [11,21]. Such ballpark numbers worth be remembered even if 
numerous other loss or efficiency measurements are accurately reported in literature 
for a multitude of PWM arrangements.

16.3  CURRENT COMMUTATION

The PWM control of the switches within the matrix converter topology must ensure 
always a path for the circulation of the load current (usually of inductive nature). On 
the other hand, two input nodes should never be short-circuited.

The current commutation within bidirectional switches built as shown in Figure 
16. 3a has been analyzed in [2,22,23]. Because of the unpredictable time delays at the 
switch commutation, open- or short-circuit hazards could happen. A multistepped 
switching procedure is considered in [22,23], which requires independent control of 
the current flow on the two possible directions of the bidirectional switch.

A possible modeling approach is based on identification of all possible states at 
current commutation and a local state machine able to secure the multistep procedure. 
In order to understand this approach, let us herein consider the simplified case of 
commutation of the load current from an input phase to another (Figure 16.4). Let us 
assume that we will start from the state with current circulating through leg A, when 
both switches A12 and A11 have gate signals for turning-on. Conversely, switches B11 
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and B12 have the gate signals corresponding to the turn-off state. When the current 
commutation sequence starts and the voltage in the second leg is larger than the grid 
phase voltage in the first leg, we can use the current direction information and change 
the gate control for turning-off the switch (A11 or A12) which is anyway off (states 
2 and 4 on the second column of Figure 16.5). Next, we can apply the gate signal for 
turning-on the switch which does not correspond to the current circulation among B11 
and B12. Finally, the other switch among B11 and B12 can be turned-on to carry the 
load current and to turn-off the conducting switch on the first leg.

This way, based on grid voltage relationship and load current direction, we can 
judge all possible state sequences. This yields in the diagram shown in Figure 16.5, 
which includes all possible cases and codes the migration from a state to another 
from the input voltage relationship and load current direction. For completeness of 
information, the case with zero current is also included. Since there are four switches 

A12

A11

VA

B12

B11

VB

Load

FIGURE 16.4  Sketch for understanding current commutation.
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FIGURE 16.5  Diagram of the state transition for proper current commutation.

 



461AC/AC Matrix Converters as a 9-Switch Topology

involved (two would have to turn-off and the other two to turn-on), four columns are 
shown as four intermediary stages of the current commutation process.

While Figure 16.5 shows the mathematical modeling of states, different practical 
solutions for physical implementation have been proposed over time. They all count 
on either sensing both the output current and input voltage, or at least one among the 
output current and input voltage. In certain situations, soft turn-on and soft turn-off 
instances can be achieved due to zero current switching.

16.4  CLAMPING THE REACTIVE ENERGY

Along the conventional IGBT protection circuitry, the matrix converter requires spe-
cial care in handling the recovery of the reactive energy from the load circuitry since 
there is no natural free-wheeling path. The common solution is illustrated in Figure 
16.6. The grid-side diode rectifier establishes the voltage to clamp to. The capaci-
tor is typically very small and its value depends on nature of load. For instance, a 
3 kW Matrix Converter Drive for an Aircraft Application [14,15] at a maximum 
output current of 30 A and a machine inductance of 1.15 mH requires a capacitor of 
2 µF. The capacitor is discharged across an additional resistor or used to power up 
the other auxiliary power supplies (sensing and measurement, microcontroller, gate 
drivers, and so on).

An alternative solution for lower power levels consists in the use of varistor 
devices for clamping voltages across the input and output lines [10].

16.5  PWM ALGORITHMS

16.5.1  Sinusoidal Carrier–Based PWM

Similar to the conventional PWM converter, a modulation function is attributed to 
each switch and a constant time interval is selected to correspond to the desired car-
rier frequency. The block diagram is shown in Figure 16.7. The implementation con-
sists of comparing each modulation function with the same carrier triangular signal 
as in the case of PWM for conventional six-switch converter. Since two input lines 
should never be short-circuited, the switches on the same row in Figure 16.1 should 

AC/AC matrix converter

Grid
voltages

Load

FIGURE 16.6  Clamping circuit for protection.
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never conduct at the same moment. Moreover, each output should be connected to an 
input for the current continuation. This yields:
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The output–input relationship is given by [24]
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2 2 	 (16.1)

It has been demonstrated that [M] can be decomposed into two matrices that are 
basically separating the frequency changer [Mf] and the static VAR compensator 
[Mϕ] components:
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FIGURE 16.7  Introducing the modulation functions.
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The [Mf] matrix is derived using the d–q to a–b–c transform and considers the 
power transfer through a fictitious intermediary DC link when the energy trans-
fer through zero-sequence components is not considered. All possible control cases 
share the same general expression for the direct transfer function [Mf],

	
[ ( )] ( ) ( )M t C P Cf

T= [ ] ⋅ [ ] ⋅ [ ]× × ×
ω ω1 3 2 2 2 2 3 2 	

(16.4)

Where

	
C b b bi i i i( ) ( ) ( ) ( )ω ω ω ω[ ] = [ ]1 2 3 	 (16.5)

represents a matrix composed of ortho-normal base vectors of the input or output 
three-phase systems and [P] represents a matrix of constant weights pij, with the 
meaning of transfer power.

Let us first consider three different cases:
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defines nonconjugated forms
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(C) Considering both the conjugated and nonconjugated forms leads to
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In all of these forms, Pf plays the same the role as the turns ratio of the primary to 

secondary windings of a magnetic transformer and x = −0
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The second term ([Mϕ]) is considered when a transfer through the zero sequence is 
possible to lead to a DC component on the output side. This can be used for instance 
to compensate the neutral node voltage. The generation of a DC component on the 
load side is generally not the case of a conventional matrix converter. However, the 
mathematical modeling is herein included for completeness of information.
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where
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Through [Mϕ], the zero sequence voltage V20 can be produced and regulated on out-
put side of the converter which projects an AC voltage at angular frequency ω1 on the 
input side whose magnitude and phase angle are controllable by Pm and ϕ, respectively.

Any of the above algorithms for [Mf] (the conjugated or nonconjugated forms) 
produces an output voltage with a limited maximum voltage. A general solution 
applied in PWM three-phase bridge converters consists of injecting the third har-
monic in the modulating waveform. Similar approach is considered for a matrix 
converter in [25,26] where the output voltage is considered as
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This leads to the following mij form of the modulating waveform to produce unity 
input power factor.
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Using these modulation signals improves the maximum available output voltage 
from 0.500 to 0.866 of the peak of the input voltage (Figure 16.8). As will be shown 
later on, similar results can be achieved with Space Vector Modulation [27].

The generation of the gate control pulses is achieved with a comparison between 
these reference signals and a triangular carrier waveform. The solution proposed 
in [25] considers a single-ended carrier (Figure 16.9). It can also be improved for 
reduction of the switching processes with a double-sided symmetrical pulse genera-
tion. Either case, the sequence is selected so that the input voltage with the largest 
instantaneous value corresponds to the state placed in the middle (like phase “2” in 
the figure).

16.5.2 � Space Vector Modulation Considering All Possible 
Switching Vectors

Almost all the previously reported Space Vector PWM algorithms are based on 
the stationary vectors and a clear and convincing, comparative analysis of the use 
of all the switching combinations has not been reported yet. Ref. [3] develops the 
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mathematical model and the appropriate control algorithm for the use of all the 
available switching combinations including the calculus of the time portions, simu-
lation results, and the steps for the implementation of an algorithm based on all the 
switching vectors.

Intuitively, the generation of the desired space vector by averaging in between two 
adjacent vectors closer to each other than in the case of a conventional six-switch 
inverter (that is 60°) would improve the quality of the output voltage waveform. This 

Modulation

Envelope of grid
voltages

(a)

(b) Envelope of grid
voltages

Modulation

FIGURE 16.8  Reference modulation waveforms for (a) conventional, (b) extended 
voltage range.

t11 t12 t13

t21 t22 t23

t21 t22 t23

T

FIGURE 16.9  Example of state sequence.
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principle was used successfully at multilevel power inverters. The difference here is 
the rotation of one of the vectors that suggests the use of a high enough switching 
frequency. Moreover, there is no obvious advantage in the input (grid side) currents 
as the PWM cannot easily be optimized for the input when both stationary and rotat-
ing vectors are used.

Applying the voltage space vector to a three-phase R–L load leads to a phase 
shift in between the voltage and current space vectors in the complex plane of the 
load reference frame. The input currents can be derived by reflecting these output 
currents through the matrix converter. They can be determined from the output cur-
rent space vector by analyzing the system of all switching vectors in the grid source 
reference frame. The input current space vectors that correspond to the main voltage 
switching vectors are fixed while those corresponding to the “stationary” vectors are 
rotating at a relative speed determined by the mains and output frequencies. It can be 
inferred that the phase angle in between the voltage and current space vectors at the 
fundamental frequency is preserved.

16.5.2.1  Selection of the Closest Rotating and Stationary Vectors
The desired vector position is defined with polar coordinates (V,α). The angular reso-
lution is ensured similarly at both small and large magnitudes of desired vector. The 
selection of the closest Rotating and Stationary vectors can be simplified in a digital 
implementation by defining all the angular coordinates as binary words with the 
three most significant bits set up for sector number, as a divide-by-six counter.

On the load reference frame, the rotating vector Vm1 is superimposed on the real 
axis when the vin1 voltage is maximum. In order to avoid the dependence of the angu-
lar coordinate of Vm1 on the supply frequency variations, synchronization is achieved 
by a PLL circuit from the vin2,3 input grid voltage. The absolute value of angular 
coordinate of the rotating vector Vm1 can be read from a counter placed in the loop of 
the PLL circuit. A fast selection of the line voltage that defines the Stationary vector 
magnitude is obtained with the three most significant bits of this counter.

Finally, the sequence of states can be selected as

	 Zero vector → stationary vector → rotating vector → zero vector

and this is applied on each sampling interval. Analogous to the harmonic reference 
generation from Section 5.7.1, a double-sided PWM can be generated.

16.5.2.2  Definition of Time Intervals
Any instantaneous position of the desired load-side voltage vector is always placed 
in between a rotating and a stationary vector. A generalized sector bounded by a 
rotating vector (denoted with index “m”) and a stationary vector (denoted with index 
“s”) is dynamically defined analogous with [6,7] (Figure 16.10). This simplifies the 
calculation of the time constants. Definition of the time portions allocated to the 
switching vectors yields from the averaging relationship:

	 V t V t V t V Tm m s s

� �� ��� ��� ��
⋅ + ⋅ + ⋅ = ⋅0 0 	 (16.15)
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where	 t t t Tm s+ + =0

The calculation is performed with the projection of both desired and switching 
vectors on Real and Imaginary axis, one of the stationary switching vectors having 
the same direction as the hypothetical Real axis of the load reference frame (Figure 
16.2). This yields:
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Solving the system for the situation of a high pulse rate—when the effects of 
the rotation of the reference system can be overlooked—and taking into consider-
ation the dependency of the secondary vector magnitude with αs and αm yields the 
solution:
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These time intervals are the same for both possible successions of the rotating 
and stationary vectors. The portions of time allocated to the null-states over the 
sampling period can be considered equal with each other and are calculated with

Re

Im Vm (rotating)

V (desired)

Vs (stationary)

αm

αs

FIGURE 16.10  Calculation of time intervals allocated to each state.
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The maximum attainable modulation index is defined as Vrms/Vin and it is calcu-
lated to be 0.866. This value equals the maximum achievable with the conventional 
back-to-back converter as well as with the improved carrier-based PWM for matrix 
converter [2].

An example of waveforms defining operation of the matrix converter with a PWM 
algorithm derived from vectorial analysis of the power stage with consideration of 
both the stationary and rotating vectors is shown in Figure 16.11.
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FIGURE 16.11  Waveforms at the matrix converter terminals for N = 72, f1 = 30 Hz, 
T = 0.001388 s, m = 0.7, load composed of R = 5 ohm, L = 50 mH.
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16.5.3  Space Vector Modulation Considering Stationary Vectors Only

Since the previous PWM algorithm is complex, very dependent on synchronization 
with the phase of the input grid voltages, and without proven major benefits, a Space 
Vector Modulation based on only the stationary vectors is generally considered [28]. 
All switching combinations are shown in Table 16.1 along with the values for the 
generated output voltage. The vectorial representation is shown in Figure 16.12 and 
we can see that each vectorial position for the output voltage space vector can be 
achieved with multiple combinations of switches.

The PWM algorithm is very intuitive as it can be seen as a superposition of a 
rectifier-inverter back-to-back system without an intermediary DC link.

The same Equation 5.30 as in the case of a three-phase inverter can be used here:
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(16.19)

where the DC voltage has been replaced with a variable signal Vrec corresponding to 
the instantaneous average of the three-phase PWM rectified voltage.

A simplified approach considers the “rectifier” as a three-phase diode rectifier, 
operating as a selector of the highest line-to-line voltage in the input, voltage that 
is applied to the “inverter” side [29,30] (consider Figure 1.2 without the intermedi-
ary DC link module). The “rectifier” side is therefore not modulated, with pairs of 
switches being commutated at each 60°. The DC link voltage Vrec follows the line-to-
line voltage, and so does its moving average, calculated at the sampling frequency. 
Compensation of this fluctuation can be achieved with a simple feed-forward use of 
the rectified voltage into Equation 16.19 (Figure 16.13). Sample results are shown in 
Figure 16.14. The 120° conduction intervals for each input current can be seen.

If this solution had its obvious merits when implemented with a real rectifier-
inverter structure without a DC link capacitor, it does not make use of all resources 
when implemented within a 9-switch matrix converter.

If the input phase currents are required to be controlled (displacement power fac-
tor), a PWM operation of the fictitious “rectifier” should be considered. The fictitious 
“rectifier” operates now as a Current Source Converter with two switches conduct-
ing the DC-side current at any moment. The intermediary DC link voltage and cur-
rent are now shown in Figure 16.15. The moving average calculated at each interval 
equal to the PWM sampling interval is also shown in the figure, and it looks like a 
reversed rectified voltage [11] (Figure 16.16).

The calculation of the time intervals allocated to each state can be expressed in 
dependence to the phase of the input voltage and current using the information about 
the averaged fictitious DC link voltage as depicted from Figure 16.16. In the most 
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general case, when the phase of the input current is required to be controllable, these 
equations yield:
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FIGURE 16.12  Possible switching vectors derived from stationary vectors shown in Table 16.1.
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FIGURE 16.13  Calculation of time intervals allocated to each state for the “inverter” opera-
tion when considering the DC link fluctuations in the case of fictitious rectifier-inverter mod-
eling, without any modulation on the grid-side.
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where ϕi represents the instantaneous angular coordinate of the input current in 
the complex plane with input-side reference frame, bounded within a 60° sector 
in between adjacent current vectors; and Φ= ϕu − ϕi represents the voltage-current 
phase shift for the input. For the operation with unity power factor, cos Φ = 1.

The theory presented so far does not guarantee the control of the displacement 
factor in the input. Since there is no rule for the selection of the state correspond-
ing to a desired active vector, we can use this degree of freedom for selecting the 
state which allows a control of the displacement factor. The idea is to generate each 
switching state with two vectors, or to use four active states over a sampling interval. 
For instance, the Vsw1 position can be achieved with any of the states ±1, ±2, ±3, and 
the Vsw2 position can be achieved with any of the states ±7, ±8, ±9 (Figure 16.12). 
For displacement factor control, Figure 16.17 shows the input current vectors cor-
responding to each state.

The same principle for generation of the desired vector position is used as in 
the case of a Current Source Converter. The free-wheeling states (zero vector) are 
reserved now for the “inverter” stage, and the PWM for the current vector is reduced 
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FIGURE 16.14  Characteristic waveforms for operation without modulation of the ficti-
tious rectifier. Operation with modulation index m = 0.7, output frequency fo = 12.5 Hz, 
switching frequency 5.4 kHz, with grid at 120 V and 60 Hz, and R–L load with L = 1 mH, 
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at splitting each of the states ta and tb from the “inverter” operation into two states for 
modulation of the input current. It yields:
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FIGURE 16.15  Generic DC link voltage and current for unity power factor (a) or 45° phase 
shift (b) on the grid side, and without any capacitor in the DC link ( fsw = 10 kHz).

 



475AC/AC Matrix Converters as a 9-Switch Topology

As mentioned, ϕι represents the instantaneous angular coordinate of the input 
current in the complex plane with input-side reference frame, measured from an 
active current vector into a 60° sector. This is equivalent with
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This helps producing a set of sinusoidal input currents with any desired phase shift. 
As the desired input current vector rotates within this complex plane representation, 
the most suitable states are selected for PWM generation. Starting from this prin-
ciple, multiple PWM switching sequences are yet possible and they were reported in 
literature. The most known method uses four active vector states over each sampling 
period (Figure 16.18) [1], and this is considered herein for the waveform examples.

Results for this method are shown in the following figures:

•	 High modulation index m = 0.7, output frequency fo = 12.5 Hz (Figure 16.19);
•	 Low modulation index m  = 0.15, output frequency fo  = 12.5 Hz (Figure 16.20);
•	 High modulation index m = 0.7, output frequency fo = 52.0 Hz (Figure 16.21);
•	 Low modulation index m = 0.15, output frequency fo = 52.0 Hz (Figure 16.22).
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FIGURE 16.16  Calculation of time intervals allocated to each state for the “inverter” opera-
tion when considering the DC link fluctuations produced by the PWM operation of the recti-
fier side within the fictitious rectifier-inverter modeling.
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The use of stationary vectors means that two input nodes (phases) are connected 
to the converter at a given moment, and also that two output nodes are connected 
to the same input node, while the third output node (phase) is connected to another 
input node (phase).

This form of the Space Vector Modulation can be found similar to the results 
from [9,11] for the Indirect Matrix Converter, also presented later on in this Chapter.

16.5.4 I ndirect Matrix Converter (Sparse Converter)

As suggested by the matrix form equations described in Section 16.5.1, the operation 
of the conventional matrix converter can be understood as a sequence of a rectifier 
operation followed with an inverter without any intermediary DC link capacitor bank. 
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FIGURE 16.17  Vectorial positions for the input current.
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FIGURE 16.18  Example of pulse generation for Direct Space Vector Modulation with four 
active states.
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This means the three-phase AC input voltages are rectified into a 6-pulse waveform 
before being applied to a conventional 6-switch three-phase inverter (Figure 16.23).

This PWM principle is also called Indirect PWM and it can also allow us to 
develop a new converter structure that actually does operate with the waveforms 
considered fictitiously for the description above. This is not identical with a back-
to-back converter since it requires bi-directional switches for the implementation 
of the front-end converter. It comes from the requirement for a full recovery of 
the reactive energy and a four-quadrant operation of the converter. The circuit is 
shown in Figure 16.24 and it is referred to as Indirect Matrix Converter (Sparse 
Converter).

16.5.5 I mplementation of PWM Control

There are a multitude of possibilities for implementation of any of the methods 
suggested above. The most important aspect relates to the necessity of a dedicated 
“glue logic” circuitry after the conventional counter/timer circuits. This logic cir-
cuit is used for selection of the proper switching sequence for the nine bidirectional 
switches as well as for implementing the logic for the current commutation.
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FIGURE 16.19  Operation waveforms for high modulation index m = 0.70, output frequency 
f0 = 12.5 Hz (40 ms), switching frequency 5.4 kHz, with grid at 120 V and 60 Hz, and R–L 
load with L = 1 mH, R = 1 Ohm.
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A possible architecture is herein described and it is useable for either direct or 
indirect PWM. The microcontroller software is supposed to manage the characteris-
tics of the desired output waveform depending on application requirements. A PLL 
type module is required to acquire synchronization with the grid and to sense the 
phase of the grid power system. The PWM software routine has as inputs:

•	 Required output phase and magnitude (modulation index);
•	 Grid instantaneous phase information.

This information is coded in two operation indices: K = number corresponding to 
the sector where the desired output vector belongs to in the complex plane of output 
reference frame; J = number corresponding to the sector where the input current vec-
tor belong to in the complex plane of input reference frame and which is determined 
by the external PLL information.

The software routine calculates the time intervals allocated to each state. This may 
be achieved with SVM type of formula, including compensation for fluctuation within 
the fictitious DC link voltage. The numerical values for the time intervals can be 
arranged as shown in Figure 16.25. A single counter with multiple compare features, 
or 5 separate counters can be used. Counter overflow signals are used along with two 
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FIGURE 16.20  Operation waveforms for low modulation index m = 0.15, output frequency 
f0 = 12.5 Hz (40 ms), switching frequency 5.4 kHz, with grid at 120 V and 60 Hz, and R–L 
load with L = 1 mH, R = 1 Ohm.
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operation indices to generate the actual gate control. A memory look-up table, an IF/
THEN software sequence, or a logic circuit can be used to synthesize the gate control 
of the 9 switches from these 7 signals (5 counter overflow and 2 operation indices).

Designing a PWM algorithm means averaging in between these available states 
in order to emulate a rotating vector in the load reference frame. Various methods are 
hence available (Figure 16.26).

16.6  CONCLUSION

Matrix converters are a very attractive subject for academic research and develop-
ment as it offers work with advanced concepts of PWM and filtering, or voltage 
and current source operation. The success of the conventional matrix converters is 
limited when trying to replace the conventional back-to-back converter solutions. 
Alternatively, other direct converter topologies seem more attractive for future 
exploration as they overcome issues with both the conventional matrix converter and 
the back-to-back converter. Such issues are:

•	 Limited output voltage (m = 0.866);
•	 Complex commutation process;
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FIGURE 16.21  Operation waveforms for high modulation index m = 0.70, output frequency 
f0 = 52.0 Hz (22 ms), switching frequency at 5.4 kHz, with grid at 120 V and 60 Hz, and R–L 
load with L = 1 mH, R = 1 Ohm.
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•	 Irregular topology for packaging and volume production;
•	 Restricted reactive power compensation capability;
•	 Limited operation at unbalanced input voltages.

These are overcome by solutions further described in Chapter 18.
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FIGURE 16.22  Operation waveforms for low modulation index m = 0.15, output frequency 
f0 = 52.0 Hz (22 ms), switching frequency 5.4 kHz, with grid at 120 V and 60 Hz, and R–L 
load with L = 1 mH, R = 1 Ohm.
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FIGURE 16.23  Conceptual back-to-back converter used for definition of a PWM algorithm.
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FIGURE 16.24  Indirect Matrix Converter.
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Multilevel Converters

17.1  PRINCIPLE AND HARDWARE TOPOLOGIES

We have seen in Chapter 3, Section 3.6.1, that we can approximate a sinusoidal wave-
form with a staircase waveform as shown in Figure 3.21. The angular intervals for 
changing the waveform from a step to another and the levels for each step can be 
optimized by harmonic constraints. However, such dual optimization may be diffi-
cult to implement in hardware. Alternatively, levels of equal height may be easier to 
construct and implement within a modular approach.

17.1.1  H-Bridge Modules

Let us first imagine that each level is created with a single-phase H-bridge converter, 
working completely independent of the others with the only purpose of creating 
stair-like levels in accordance to the control strategy from Figure 17.1 (that is an 
extension of Figure 3.21). The base topology is shown in Figure 17.2. The operation 
is very intuitive as each H-bridge inverter can output one polarity or the other of the 
DC-side voltage by operating IGBTs on the diagonal of the H-bridge [1]. The zero 
voltage drop can be achieved with a zero-state in control of each module. With the 
decomposition shown in Figure 3.21, the conduction intervals for each IGBT can be 
easily depicted.

Obviously, the number of levels can be higher than three. The operation of each 
converter needs also to secure a constant voltage source for supply. This is assumed 
here as being carried out with another converter or battery not shown for simplicity.

An alternative for the converter shown in Figure 17.2 is shown in Figure 17.3, 
where the conventional single-phase H-bridge has been split into two inverter legs, 
each one contributing eventually to a different alternance of the output voltage (all 
three inverter legs on the left side of the figure are contributing to the positive alter-
nance, and the three inverter legs on the right side form the negative alternance of 
the pole voltage). This concept is used by Siemens Corporation within High Voltage 
DC (HVDC) transmission lines, with multilevel converters rated up to 400 MW, and 
built with 200 Power Modules per Converter Arm [2].

Additional to the waveform optimization shown in Figure 17.1, another advan-
tage of using this topology in high voltage applications is related to the ratings of 
the power devices. The converter leg shown in Figure 17.2 features IGBT rated for 
the individual DC sources, and not for the entire staircase voltage applied to the 
load. For instance, 1200 V IGBTs can be used in 2400 V RMS load voltage appli-
cations with the 3-level converter. The same principle applies for higher level of 
voltage buses. A 30 kV transmission line can thus have active filtering or voltage 
control within an 18-level converter, while using medium voltage IGBTs rated at 
3000 V.

17
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Finally, let us note another advantage of using multilevel converters. As it will be 
shown later on this chapter, the PWM applied to the control of multilevel converters 
operates with two adjacent levels, which means that the slopes of the output voltage 
contain steps of smaller height. Having smaller changes in the output voltages means 
reduced EMI radiation produced by (dv/dt).

The modular structure of the H-Bridge multilevel converters is advantageous for 
manufacturing, service, and maintenance. Moreover, the high power applications 
allow a distributed power supply through multiple lower power DC energy sources, 
each being usually implemented with another power converter from a high voltage, 
high power AC line.

FIGURE 17.2  Three-Level converter built of three single-phase H-bridge modules.

ωt

FIGURE 17.1  Multilevel waveform.
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This approach of building multilevel converters with H-bridge modules is not 
very economic for multilevel converters when the power rating is relatively low. In 
this respect, other topologies with reduced number of components are sometimes 
considered.

17.1.2  Flying Capacitor Multilevel Converter

The principle underlining this topology has been introduced in [3], and it is based 
on a layering structure of capacitors (Figure 17.4). Three identical legs can con-
stitute a 3-Phase Multilevel Converter with a load connected in star. The voltage 
across each capacitor needs to be maintained at equal values and a capacitor volt-
age coincides with the voltage ratings for the power devices in converter. Moreover, 
the m-level flying-capacitor multilevel inverter will require m capacitors for build-
ing the m-levels in the output voltage and (m − 1)  ×  (m − 2)/2 auxiliary capacitors 
per phase when the voltage rating of the capacitors is identical to that of the main 
switches. For instance, the particular case shown in Figure 17.4 for the 4-level 

Output pole voltage
(to be connected

within a three-phase system)

DC
high voltage
power supply

FIGURE 17.3  Another 3-level converter topology built of modules.
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converter will require 3 level-building capacitors and (4  −  1)*(4  −  2)/2 = 3 aux-
iliary capacitors.

An important advantage of the Flying Capacitor Topology consists in its inherent 
redundancy. Same levels of voltage can be made up with different capacitor connec-
tion. This is illustrated within Table 17.1 true for the 4-level converter shown in Figure 

SW1

SW2

SW3

SW4

SW5

SW6

Pole voltage
within a 3-phase converter

FIGURE 17.4  Flying capacitor multilevel (4-level) converter.

TABLE 17.1
Possible Generation of Voltage Levels in a 4-Level Flying Capacitor 
Converter

Sw1 Sw2 Sw3 Sw4 Sw5 Sw6

3*Vdc X X X

2*Vdc = 3*Vdc − VDC X X X

2*dcC X X X

Vdc = 3*Vdc − 2*VDC X X X

Vdc = 2*Vdc − Vdc X X X

Vdc X X X
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17.4. This degree of freedom represents an important advantage as the voltage across 
the flying capacitors can be controlled by the proper selection of the switching states.

Let us also note that there are always 3 devices turned-ON for each inverter leg 
(phase). This can be generalized: an m-level multilevel converter has m − 1 devices 
(usually IGBTs) turned-ON at a given moment, on each converter leg.

The large number of capacitors amount to a large enough capacitance able to ride 
through short duration outages and deep voltage sags.

On the downside, the control algorithm is fairly complicated. The importance of 
capacitors in the proper operation of the converter is jeopardizing performance with 
ageing and the large capacitor value variation with temperature and ambient.

17.1.3 D iode-Clamped Multilevel Converter

The most known and most used multilevel converter structure is shown in Figure 
17.5 [4,5].

The intermediary voltage levels to be applied to the load are set-up on a capacitor 
divider across the high voltage DC supply voltage. The pole voltage is clamped to 
these intermediary voltage levels with diodes. For the case shown in Figure 17.5, the 
number of intermediary levels is one, and we need two capacitors to achieve this.

Similar to the previous topologies, each active switching device is required to 
block only a voltage level of Vdc. The multilevel converters of higher order require 
the clamping diodes to be chosen for different ratings, for reverse voltage blocking 
depending on what capacitor divider point are they connected to. Alternatively, the 

FIGURE 17.5  Diode-clamped 3-level converter.
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inverter can be designed such that each blocking diode has the same voltage rating 
as the active switches with n diodes in series for the diodes that need to block n × Vdc. 
The total number of diodes required for each pole voltage under such design yields 
(m − 1) × (m − 2). For instance, a 3-level converter requires 2 diodes for each pole 
voltage (phase).

The required amount of capacitance is lower than that of the previous topology.
The IGBTs that are turned-ON on the same inverter leg, at a given moment, are 

connected in series and located adjacent to each other. Moreover, the number of 
devices turned-ON is related to the number of levels within the inverter’s structure. 
For instance, a 3-level IGBT has two devices ON, a 4-level inverter has always three 
devices ON, and a 5-level inverter has four devices on the same leg turned ON.

The drawbacks relate to the large number of required diodes, and the somewhat 
difficult control algorithm for maintaining the voltage constant on the capacitors. For 
this reason, the use of this topology is limited to 3-level, 4-level, or 5-level convert-
ers, in a range of limited power. They were very successful in medium voltage motor 
drives.

A topology similar to the diode-clamped multilevel converter was presented in 
[6], with benefits in increasing the apparent switching frequency.

Finally, let us note that the diode-clamped inverter has redundancy in line-line 
voltage generation and no redundancy in phase voltage. Denoting as above the num-
ber of levels with “n,” and the instantaneous voltages on the three output waveforms 
as (i, j, k), the number of redundancies at a given moment yields

	
N n i j k i j k= − − ( ) − ( ) 1 max( , , min , ,

	
(17.1)

As discussed for the H-bridge multilevel converters, these redundancies can be 
used for adjusting the voltages on the DC side capacitors, adjusting the neutral volt-
age in the output, or adjusting the sharing of the switching events between switches 
on the same leg.

17.1.4  Combination Converters

Another design direction has been around the idea of series-connection of vari-
ous converter topologies and their operation so that multilevel voltages yield on 
the load. This principle ranges from simple connection of two conventional bridge 
converters with phase shift control, to combination of any multilevel converters in 
order to obtain even more levels of voltages. The roots of this idea reside in multi-
phase transformers used with controlled rectifiers in early times of semiconductor 
based processing of electrical energy. We will refer to this class of converters as 
Combination Converters as they can emerge from a combination of any two pre-
viously shown topologies. Several examples are shown in Figure 17.6 with their 
appropriate waveforms [7 − 9], and this principle can be extended to a combination 
of any of the previously shown topologies. Note that the two DC-side power sup-
plies do not have any common point, or—in other words—the neutral point is not 
connected.
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17.2  DESIGN AND RATING CONSIDERATIONS

17.2.1 S emiconductor Ratings

The success of multilevel converter topologies comes from the reduction of voltage 
seen across each power semiconductor device during operation. This means we can 
use these topologies in Medium and High Voltage applications with power semicon-
ductor devices rated in a lower class. First, the medium voltage IGBTs (up to 6 kV) 
are the highest rated monolithic devices and the use of multilevel converters opens 
up the active filtering possibilities in High Voltage applications (13 kV...50 kV). On 
another line of thought, the switching performance, voltage drop during conduc-
tion, and cost of low voltage IGBTs (rated 1200 V) are better when compared to the 
medium voltage IGBTs (up to 6 kV). Hence, the use of multilevel converters benefits 
from lower rating IGBTs to boost the overall system level performance.

Control phase-shifted
with 30 degrees from
the first inverter.

Inverter #1

(a)

(b)

Inverter #2

FIGURE 17.6  Simple combination multilevel converter: (a) topology; (b) principle.
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17.2.2 P assive Filters

This Chapter has introduced the multilevel converters through their advantages in 
better approximating a sinusoidal waveform for an un-modulated operation. This 
helps reducing the requirements for the passive filters in AC power supplies or in 
grid-tied applications. This generic advantage is even more significant when PWM 
is used to control the power stage. Figure 17.7 shows the simplest filter structure 
possible. Alternatively, the trap filters can be associated to this L-C-L structure for 
trapping certain frequencies on the filter resonance.

It is also important to note that the operation of these filters in high-voltage applica-
tions implies the use of multiple series-connected (split) capacitors. Optimization of 
the way the capacitors are used within this type of connection becomes very important.

17.3  PWM ALGORITHMS

17.3.1 P rinciple

The advantages of multilevel converters are not enough exploited when PWM 
operation is not utilized. This can be adjusted by synthesizing intermediary voltage 
level in average terms (as a moving average) by spending short intervals of time in 
between two adjacent voltage levels. This operation mode with pulse-width modula-
tion is well-known from the conventional bridge-like 6-switch converters.

Since we need to work with adjacent voltage levels only, the PWM algorithms are 
simplified and easy to understand.

Figure 17.8 explains the PWM operation of a multilevel converter with the help 
of conventional PWM used for varying a voltage within the DC/DC converters. The 
goal of an inverter is to generate a sinusoidal like voltage, and this can be achieved 
with multilevel converters by depicting the portion of sinusoidal waveform that 
belongs in between two adjacent voltage levels (level k, level k + 1), followed by the 
adjustment of the average pulse value in accordance to that portion of sinusoidal 
waveform. Furthermore, generation of PWM within a three-phase system suggests 

FIGURE 17.7  AC filter.
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using the symmetries of a three-phase system within the PWM generation. There is 
a multitude of PWM algorithms reported in literature for multilevel converters and 
the most used methods are herein explained in detail.

17.3.2 S inusoidal PWM

Let us first consider the generic multilevel converter shown in Figure 17.9. This 
structure makes abstraction of the actual converter schematic, allowing us to focus 
on the PWM generation algorithm without spending effort with the actual topology. 
Later on, we will define the particular aspects of PWM generation for each of the 
previously shown topologies.

Level k

Level k +1

40% 60% 70% 80% 90% 100%

30%20%10%0%

FIGURE 17.8  Principle of PWM applied to multilevel converters.

V4…

…

V3

V2

V1

0

A

B

C

FIGURE 17.9  Schematic of an m-level 3-phase converter.
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Generation of PWM voltage on each phase is illustrated in Figure 17.10 for a 
4-level converter. The generic state switch from Figure 17.9 connects to the state 
depicted from Figure 17.10, based on the actual instantaneous position of the sinu-
soidal waveforms in respect to the triangular waveforms. The same algorithm is 
used for the other two phases with the conventional 120° phase shift. Figures 17.11–
17.13 show the harmonic spectra when implementing this sinusoidal modulation to a 
3-level converter with 10 kHz carrier modulation.

Despite the advantages of this topology with lower rating IGBT devices for a 
higher output voltage, the Sinusoidal PWM provides a somewhat limited output volt-
age. To increase the output voltage in a star-connected three-phase load, a third 
harmonic is injected in the reference signal.
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where m is the modulation index, now up to 2/sqrt(3)  =  1.15.
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FIGURE 17.10  Sine-triangle PWM explained for a 5-level converter.
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An alternative solution for the third harmonic injection, very well suited for ana-
log implementation, is explained in [10]. The added signal is calculated from the 
three sinusoidal reference signals with

	
v

v v v v v va b c a b c
inj

ref ref ref ref ref ref=
+max( , , ) min( , , ), , , , , ,

2 	
(17.3)

and it can be seen as half of the distance between positive and negative envelopes of 
the three-phase waveforms.

If the calculation of the time intervals associated with each state is easy to be 
understood from Figure 17.10, the actual switching sequence is determined by prop-
erly selecting each state to provide the required voltage level.

The most common digital solution is to count the number of triangular waveforms 
below the reference waveform, and to enable turning-on switches on the same leg as 
the voltage is increasing.

At operation with a large modulation index of the diode-clamped inverter (Figure 
17.12 g,h), the inner switches are switched less often than the outer switches. This 
shortcoming can be avoided with a proper PWM when using variable switching fre-
quencies [11].

Advanced methods propose to improve the efficiency with

•	 Different frequencies for some of the carrier triangle waveforms [12];
•	 Shifting the boundary of the carrier triangle waveforms in order to balance 

the capacitor voltages [13].
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17.3.3 S pace Vector Modulation

The advent in the early 1990 s of the Space Vector Modulation for conventional 
six-switch inverter has encouraged the use of this method to the analysis and PWM 
control of multilevel converters [14].

First, the possible vectorial positions within the complex plane have been identified. 
The multilevel converters are able to produce output voltage similar to conventional 
6-switch inverters, at multiple voltage levels. For instance, the diode-clamped 3-level 
converter of Figure 17.5, can be operated as a conventional 2-level inverter with one 
capacitor voltage applied to the load through the inner IGBTs or can take advantage of 
switching both IGBTs on the same DC rail voltage as a series composed switch pro-
ducing two times capacitor voltage on the load. This means the diagram of all available 
voltage space vectors will include two hexagons at 1× and 2× capacitor voltage as half 
of the diagonal (like radius). Moreover, the presence of all 12 switches in circuit allows 
some other combinations leading to other intermediary vectorial positions. A complete 
view on several multilevel converters is provided in Figure 17.14.

Design of a SVM method for a multilevel converter consists in identifying sev-
eral vectorial locations in the neighborhood of the desired vector position, followed 
up by a vectorial decomposition of the desired vector into the adjacent vectorial 
positions. It can be observed from Figure 17.14, that any desired vectorial position 
will be inside a triangle formed in between three nodes. The calculation of the time 
intervals associated with each state is made by volt-second averaging similar to the 
conventional 2-level inverter.

	 t v t v t v T Va a b b c c⋅ + ⋅ + ⋅ = ⋅� � � �
	 (17.4)

and

	 ta + tb + tc = T

Decomposing the vectorial equation on the two orthogonal axes of the complex 
plane leads to:
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FIGURE 17.14  Vectorial positions in the complex plane of output voltage.
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This system has three equations and three unknown variables, with an unique 
solution [ta0, tb0, tc0]. This mathematical property is very important to defining the 
PWM control since it also says that there is no need for zero states when control-
ling a multilevel converter. Since the voltage steps (fast transitions in the wave-
form) are smaller, it guarantees a better waveform in terms of EMI and harmonic 
generation.

17.3.4  Harmonic Elimination

Similar to the problem exposed in Chapter 3, Section 3.6.1, the angular intervals 
for changing the waveform can be calculated by optimization criteria for any of the 
multilevel power converters described herein (Figure 17.15). Similar to Figure 3.20, 
the following is explaining the principle of waveform decomposition for computer 
optimization. The Fourier series development helps in the calculation of harmonics 
through simple addition of the component waveforms.

Considering equal voltage levels, the staircase waveform of Figure 17.15(a) is 
decomposed in the harmonic series:
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FIGURE 17.15  Decomposition in quasi-rectangular waveforms: (a) conventional staircase 
waveform; (b) multilevel PWM waveform.

 



499Multilevel Converters

The PWM waveform of Figure 17.15(b) is decomposed in the harmonic series:
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1
1 2sin sin sinα α α�

	
(17.7)

Since the calculation is very similar, we will not replicate it here [15]. Different 
analytical methods can be applied to solving the set of nonlinear equations derived 
from imposing different harmonic constraints for harmonic elimination and THD/
HCF reduction. They can be implemented in mathematical programs like MathCAD.

A very interesting optimization is proposed in [16,17], where different voltage 
levels are considered as steps in the waveform. This allows for more degrees of free-
dom in harmonic optimization.

17.4  APPLICATION SPECIFICS

17.4.1  HVDC Lines

Transmission of energy on High Voltage DC lines was adopted for transmission of 
large amounts of energy at long distances. Examples include lines in between the 
United States and Quebec, or within Russia. The “classic” HVDC link works at 
500 kV, under an installed power of 4000 MW [18]. Modern solutions are imple-
mented for 800 kV lines, and a transmission power of 5000 − 7200 MW. The con-
ventional solution consists in line-commutated power converters built of thyristors. 
These converters are slow in nature, yet reliable, and with a well-known operation. 
Recent efforts have encouraged the use of IGBT-like devices and power converters 
switching in the kHz range, with improved performance in the fast control of energy 
(more dynamics for better power quality). The drawback of this modern solution 
consists of additional loss in the range of 2–4% [2].

17.4.2  FACTS

The role of a Flexible AC Transmission System is to support the proper transmission 
of energy. There are multiple functions implemented with power converters under 
this name. The most known is the Static Synchronous Compensator (STATCOM), 
usually implemented with Voltage Source Inverters [18]. All of these functions are 
used to improve the quality of the power transfer.

17.4.3  Motor Drives

High voltage motor drives benefit from the multilevel converter technology with the 
benefits already mentioned:

•	 Lower ratings of the power semiconductors;
•	 Improved EMI radiation due to the lower steps in voltage waveform;
•	 Lower expectations for the input/output passive filters due to the more 

advantageous harmonic content when compared to conventional 6-switch 
bridge-like converters.
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Considering these, several products have emerged on the market based on the 
multilevel converter technology, and are incorporating control software for motor 
drives applications. These target especially medium voltage, multimega-watt appli-
cations, like wind turbines, aviation power systems, and naval propulsion systems.
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Use of IPM within a 
“Network of Switches” 
Concept

Apart from the conventional use of IPM devices shown in Chapter 10, there are 
other topologies that also benefit from using these devices. The main idea behind 
the topologies presented in this chapter is to split the switched mode control into 
multiple power switches instead of using a higher power rated device. This was also 
analyzed in Chapter 14. Multiple switches allow us to introduce more control of the 
output waveform with benefits in reducing loss and improve reliability. Eventually 
this would emerge into a new set of high-performance topologies assembling a “net-
work of switches.”

18.1  GRID INTERFACE FOR EXTENDED POWER RANGE

The first chapter of this book has presented standards for harmonics within the grid 
current that stand true independent of the power electronics topology used for energy 
conversion. The desire to reduce the packaging complexity of the power electronics 
equipment with the use of Intelligent Power Modules applies also to grid interfaces. 
Whilst the advent of IPM devices is noteworthy, their power levels tend to be lim-
ited. A novel power conversion principle is proposed in [1] to augment the power 
capability of an IPM device with a diode rectifier, or reversing the logic, to correct 
the harmonics of the input current within a diode rectifier by using an IPM device.

The conventional topology of an active power filter is considered as a starting 
point (Figure 18.1), and instead of dwelling into advanced control of current and 
power, the IPM hardware available on the market is herein used.

The power diodes within a diode rectifier conduct for 120° only, and there are 
2 intervals of 60° on each phase without any current conduction. A current control 
algorithm is used to drive current into the grid from the three-phase power converter 
during such intervals only. The power to supply the three-phase power converter is 
taken from the load-side of the diode rectifier as a pure rectified voltage (Figure 18.2) 
and the references for the three phase currents follow Figure 18.3.

The current generated by the 6-switch power converter closes through the two con-
ducting diodes and back to the power converter. This circulation will overload a little the 
diode rectifier. The current circulation though diodes improves the input (grid) current 
even if this is somewhat in an uncontrolled way, based on the offline current reference.

The current controller follows a feed-forward algorithm previously discussed in 
Sections 9.4 and 13.3.9.2 as well as in reference [2]. Synchronization with the grid 

18
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voltage of the control system is very important herein for both the definition of the 
six operation modes, and the dead-time intervals shown in Figure 18.3. Each one of 
the six individual current controllers needs to achieve a fast locking to its triangular 
reference and to work after and/or before the others have started. Yet, their opera-
tion must start and finish after and respectively before the diodes have finished their 
switching of the current. Depending on the peculiar hardware, this may produce 
glitches in the resulting input current (see later on, Figure 18.6).

–+

–

+

Active filter
(tentatively with IPM)

Nonlinear load
A

FIGURE 18.1  Conventional topology for an active filter.

A

–

+

FIGURE 18.2  Novel hardware.
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Figure 18.4 is showing individual current waveforms without passive filtering.
The two 60°-wide intervals when the 6-switch power converter influences the 

operation with the injection of triangular currents can be seen. During the remain-
ing four 60°-wide intervals, the correction of the grid current yields from the circu-
lation of the compensation current through the rectifier’s conducting diode, and a 
pulsed current superimposes to the traditional square-wave current. The waveforms 
of Figure 18.4 have a high content in fundamental, hence satisfying the grid har-
monic standards.

Using a triangular current reference induces a light third harmonic (Figure 18.6).
The compensation power converter is rated in respect to the load power. The 

maximum peak current for the compensation converter is at 0.5578 of the load 
current (Figure 18.3). The power loss and thermal requirements are extremely ben-
eficial since each IGBT works in switched mode for 1/6 of the period, under the 
line-to-line voltage, at a current ranging from –0.5578 to 0.5578 of the load current.

Let us calculate the power loss distribution for each IPM package in different cir-
cuit configurations (Figure 18.5). For comparison we will use data provided by manu-
facturer along its own loss calculation formulas, for the example of a back-to-back 
motor drive.

	 A.	Conventional back-to-back motor drive (similar to data from manufactur-
er’s example)

		  System Data:
•	 Motor power rating 1 HP = 745 W A/C
•	 DC bus voltage Vdc = 400 V
•	 Modulation index of 0.8

IA [compensation]

IA [nonlinear]

IB [nonlinear]

IC [nonlinear]

1 2 3 4 5 6

IB [compensation]

IC [compensation]

FIGURE 18.3  Theoretical current references for the novel method.
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FIGURE 18.4  Grid phase currents (data samples printed with Excel).
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•	 Line to line voltage VLL = 113 Vrms

•	 Power factor PF = 0.6
•	 Phase current Iph = 4 Arms

•	 Switching frequency fsw = 4 kHz
		  Power Loss Calculation:

•	 Pswitching (I + D) = 0.48 W
•	 Pcond, switch = 2.46 W
•	 Pcond, diode = 0.64 W
•	 Total Ploss per IPM module = 21.48 W

IRAMS IRAMS

Diode
rectifier

FIGURE 18.5  Implementation with IPM/IRAMS modules.
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FIGURE 18.6  Currents calculated with moving average at 160 µs from samples in Excel.
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	 B.	New converter in active filter role (Figure 18.2), used along 25 A rectifier 
load

		  System Data:
		  Converter phase current Iph = 10 Arms

		  Load current in rectifier Irectifier = 25 Adc

		  Switching frequency fsw = 12.5 kHz
		  Power cycle = 0.33
		  Power Loss Calculation:
		  Pswitching (I + D) = 1.16 W
		  Pcond, switch = 1.11 W
		  Pcond, diode = 0.53 W
		  Total Ploss per IPM module	 = 16.80 W
	 C.	New converter in active filter role (Figure 18.2), used along 50 A rectifier 

load
		  System Data:
		  Converter phase current Iph = 20 Arms

		  Load current in rectifier Irectifier = 50 Adc

		  Switching frequency fsw = 12.5 kHz
		  Power cycle = 0.33
		  Power Loss Calculation:
		  Pswitching (I + D) = 2.42 W
		  Pcond, switch = 1.46 W
		  Pcond, diode = 1.06 W
		  Total Ploss per IPM module = 29.64 W

Another demonstration of capabilities for this new converter topology and its 
afferent control is made for a direct comparison of power losses when a certain recti-
fier load current (DC) is produced. Basically, we are seeking the method able to gen-
erate the DC current with lower amount of losses overall. The following examples 
are using numeric data especially selected to produce around 30W power loss for 
different converter designs.

	 A.	Direct three-phase IGBT 6-switch bridge producing a DC current of 
Irectifier = 6.5 Adc

		  System Data:
		  Iph = 5.0 Arms,
		  m = 0.8
		  Unity Power Factor:
		  fsw = 6.00 kHz
		  Power Loss Calculation
		  Pswitching (I + D) = 0.87 W
		  Pcond, switch = 3.42 W
		  Pcond, diode = 0.80 W
		  Total power loss Ploss per IPM module = 30.54 W
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	 B.	Conventional active filter for a rectifier load current of Irectifier = 20 Adc

		  System Data:
		  Iph = 22 Arms

		  Waveform = harmonic difference, conventional active filter definition
		  fsw = 12.5 kHz
		  Power Loss Calculation:
		  Pswitching (I + D) = 1.68 W
		  Pcond, switch = 2.99 W
		  Pcond, diode = 0.35 W
		  Total power loss Ploss per IPM module = 30.12 W
	 C.	New method used for a rectifier load current of Irectifier = 50 Adc

		  System Data:
		  Iph = 20 Arms

		  Waveform = Figure 18.3
		  Power cycle = 0.33
		  fsw = 12.5 kHz
		  Power Loss Calculation:
		  Pswitching (I + D) = 2.42 W
		  Pcond, switch = 1.46 W
		  Pcond, diode = 1.06 W
		  Total power loss Ploss per IPM module = 29.64 W

In conclusion, this new control concept benefits from the intervals when diodes 
are not conducting current to inject a triangular waveform current that closes through 
the rectifying diodes, producing a natural compensation of the grid current. The 
results prove this method as an alternative to conventional grid interfaces as previ-
ously shown in Chapter 14. Using IPM devices allows a paradigm shift from con-
ventional reasoning of saving or reducing the number of semiconductor components 
(Figure 18.5). Using IPM reduces the count of passive components, with advantages 
in size, weight, efficiency, and reliability.

Overall, one achieves a very low-cost solution, with a component minimized 
power stage, without additional power supplies or DC link capacitors, and a fully 
integrated electronics.

18.2  MATRIX CONVERTER MADE UP OF VSI POWER MODULES

18.2.1  Conventional Matrix Converter Packaged with VSI Modules

Considerable research effort has been dedicated to the three-phase AC/AC matrix 
converters [3–12] concerning both the realization of bidirectional switches and 
improving the PWM control. The operation and control of the conventional matrix 
converters was presented in Chapter 18.

One of the problems with AC/AC matrix converter relies in the realization of 
the bidirectional switches. Since the bi-directional switches are not available and 
they need special packaging, another possible approach for the hardware packaging 

 



508 Switching Power Converters

considers three three-phase current source converter modules connected as in Figure 
18.7. Realization of the matrix converter yields therefore based on the previous exper-
tise and know-how on this topology and appropriate packaging.

Due to the symmetry of the power stage, there are two ways possible for the 
connection of the unidirectional switches. It is important to group the unidirec-
tional switches as shown in Figure 18.7 with the DC side towards input. In this 
way, we avoid the need to short-circuit one converter leg when two output phases 
are connected to the same input. The generic SVM algorithm for matrix convert-
ers can be applied here. Figure 18.8 shows the actual implementation with IPM/
IRAMS.

18.2.2 D yadic Matrix Converter with VSI Modules

Given some hardware limitations of the conventional matrix converter, novel 
topologies employing unidirectional switches have been proposed in [13–16] with 
very promising results. The scheme proposed in [17,18] consists of three power 

FIGURE 18.7  AC/AC matrix converter built of three 3-phase current source inverter 
modules.
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modules working as Unity Power Factor SPWM Rectifiers that are employed 
to form the three-phase output voltage system. These topologies are reviewed 
here with respect to their implementation with IPM modules. Each power mod-
ule ensures near sinusoidal, unity power factor current on the input side, while a 
reduced value of the output capacitor allows us to control the converter output to 
track a sinusoidal waveform.

The dyadic matrix converter theory was developed in [18] and it constitutes a 
possible base for the further development of PWM algorithms for any kind of direct 
AC-AC matrix converter. The output-input relationship is given by

	 [ ] [ ] [ ] [ ] [ ] [ ]e e= ⋅ ⇒ = ⋅H v v H T
2 2 	 (18.1)

It has demonstrated that [H] can be decomposed into two matrices that are basi-
cally separating the frequency changer [Hf] and the static VAR compensator [Hφ] 
components:

	
[ ] [ ( )] [ ( )]H H t H tf= + ϕ 	 (18.2)
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FIGURE 18.8  Realization of each CSI converter phase with conventional power modules.
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Different forms for the above cell functions are considered in [19].
The schematic diagram of the matrix converter topology consisting of three 

3-phase voltage-source converter modules is presented in Figure 18.9. Each con-
verter module is controlled to produce, on its “DC-side,” an AC voltage superim-
posed on a DC voltage. The load does not see the DC components due to the 3-wire 
connection. The possibility to use three-phase voltage source converters packaged as 
power modules is the main advantage of this topology.

What concerns the control system, there are two possible ways of defining the 
control algorithm for a conventional matrix converter:

•	 Based on a scalar Sinusoidal PWM approach;
•	 Using a vector model of the AC/DC power converter.

While the original approach suggests the reference as being a sinusoidal wave-
form superimposed on a DC component (Figure 18.10a), a waveform with a higher 

v1d

v2d

v3d

i1d

i3d

i2d

va0

vc0

vb0

FIGURE 18.9  Schematic diagram of the power stage of the proposed three-phase voltage 
source matrix converter.
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content in third harmonic was proposed (Figure 18.10b). In this way, efficiency is 
improved as at any moment one converter does not work at all.

The converters behave as current sources pumping current into capacitors used on 
the output side for the required voltage source character. For this reason, the actual 
waveforms of the output voltages are strongly influenced by the passive components 
of the system, including the output filter. This is true for both the sinusoidal reference 
and the waveform with a third-harmonic injection reference [19]. Closed loop PWM 
control improves further the system performance.

The major advantage of the control method proposed in Figure 18.10b consists in a 
larger available output voltage. Reversing the design requirement: the power converter 
works with 15.4% less voltage across the output capacitor bank (filter) for a desired 
maximum output (phase) voltage. Moreover, the maximum dv/dt across the capaci-
tor is less by 50%. This permits a lower switching frequency of the converter for the 
same harmonic performance in the phase voltage. In some cases, the power switches 
can be chosen at a lower maximum direct voltage for the same desired output voltage.

Additional harmonic aspects are discussed in [19].

18.3 � MULTILEVEL CONVERTER MADE UP OF MULTIPLE 
POWER MODULES

Multilevel converters are used for higher voltages in the DC bus and consist of a 
network of switches able to produce more voltage levels in the output (AC) volt-
age. Some examples for the use of IPM devices to the definition of novel topologies 
worth be mentioned here for the completeness of information. The scheme is shown 
in Figure 18.11.

A second approach for using IPM modules to building multilevel converters has 
been recently the subject of a PhD thesis at University of Bologna [21]. The base 
scheme is shown in Figure 18.12.

18.4 � NEW TOPOLOGY BUILT OF POWER MODULES 
AND ITS APPLICATIONS

18.4.1  Cyclo-Converters

Given the inherent circuit loss and reliability issues with passive components, engi-
neers have explored power conversion topologies able to alleviate the need for passive 

(a) (b)

FIGURE 18.10  Load voltage: (a) sinusoidal reference; (b) novel reference.
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IM

FIGURE 18.11  Novel multilevel topology built of Fuji IPM modules [20].

(a)

(b)

FIGURE 18.12  Series (a) and parallel (b) dual-IPM based multilevel converters (IRAMS).
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components. The resulted converters are often named direct converters. Among such 
alternatives, the cyclo-converters are a very old solution [22–24].

Despite the advent of IGBTs, cyclo-converters are still used in high power appli-
cations, especially in applications such as cement mill drives, ship propulsion drives, 
rolling mill drives, Scherbius drives, grinding mills, mine winders, dynamometer 
equipment. The operation of a cyclo-converter is based on continuously changing the 
control angle of a SCR device in order to derive a waveform with a high content in 
fundamental at the desired load frequency. Figure 18.13 presents the operation prin-
ciple for a three-phase to three-phase half-wave cyclo-converter. Each conventional 
rectifier can be controlled to vary its average output voltage between a positive maxi-
mum and a negative minimum, while the load current can have one direction only.

In order to achieve a full four-quadrant operation necessary for motor drives 
applications, two identical cyclo-converter systems of Figure 18.13 are connected in 
anti-parallel to form circulation paths for both negative and positive currents. Figure 
18.14 shows the three-phase to three-phase full-wave cyclo-converter.

A modern and updated approach to the realization of direct conversion would 
build the four-quadrant cyclo-converter with IGBTs. Such converters can be seen 
as being similar to the matrix converters [25,26]. The topology is drawn in Figure 
18.15 and the principle of operation is shown in Figure 18.16. The control method 
was changed from control of the firing angle to synchronized PWM algorithm, while 
the structure and operation of the system remains the same as for a cyclo-converter 
[27–30]. The advantage consists in achieving larger available voltages on the load 
with a simpler packaging strategy. These new converters are good competitors of the 

Load/
Motor

Input/
Grid

FIGURE 18.13  Principle of operation for a two-quadrant cyclo-converter.

Load/
Motor

Input/
Grid

FIGURE 18.14  Full-wave four-quadrant cyclo-converters.
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well-known multilevel converters, matrix converters, or power electronics systems 
series-connected through the open-winding loads.

The AC/AC direct converter previously described was first reported in 1976 
[31,45[1]] with the devices and control specific to that time. Details of operation were 
reported in [15–19] along with a Space Vector Modulation controller derived from 
the knowledge about Current Source Converters. Parallel efforts defined the control 
based on matrix representation of the modulating waveforms [20,21].

Each phase current is derived by controlling the DC side of the conventional 
grid-interface CSI. Later on, we have proved that the grid-side currents can be 
controlled with unity power factor and low harmonic content, and this control can 

va0

vc0 v1d

v2d

v3d

3 × Cs

i1d

i3d

i2d

e2a

vb0

FIGURE 18.15  Implementation of the two-quadrant direct power converter.

3-Phase load

Unidirectional
current

converter 

Unidirectional
current

converter 

Unidirectional
current

converter 

FIGURE 18.16  Two-quadrant IGBT-based cyclo-converter principle.
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be extended even for unbalanced operation [27] or grid induced harmonics. The 
load-side current can be considered as a sinusoidal wave superimposed with a DC 
component. A special waveform (Figure 18.16b) has been considered in order to 
decrease the DC component to 82.8% and the current peak to 86.6% of the sinusoi-
dal based solution.

A possible performance comparison can be achieved with a current source con-
verter used commonly for medium and high power drives. If the rotor winding is 
built with large bars or in the double-cage configuration in order to repress the cur-
rent (for direct start at nominal frequency with lower starting current and larger 
torque), the dependency on frequency: K fs = + ⋅0 4 0 97. .  and can go up to 10. 
The proposed converter will dissipate less power inside the machine than the simple 
Current Source Inverter. Despite the harmonics reduction with PWM operation of 
the CSI, the machine loss is larger than that of the IGBT cyclo-converter and, more 
importantly, a large part of them are within the machine rotor.

The following waveforms explain the operation of the two-quadrant power con-
verter, employing the control system described in the next section (Figure 18.17).

Figure 18.18 introduces the four quadrant direct AC/AC converter able to get 
closer to the industrial drives’ case. Using open-winding load is more realistic in 
high-power applications where the load is typically with both terminals of each 
phase available, but similar operations can be achieved with star-connected load. 
This power electronics system is composed of 6 conventional CSI converters oper-
ated with a variable DC-side current. The control of each individual CSI is described 
in the next section. It includes a compensation for unbalance or grid harmonics while 
the DC-side currents are controlled in closed loop.

Figure 18.19 shows the complete schematic of the power stage for the 4-quad-
rant converter built up of Current Source Inverter modules. Each module can be 
implemented independent of the system and its control requirements can easily be 
depicted from the system requirements. Designing and building individual current 
source converters is the only design task for this system.

Table 18.1 provides a comparison with the back-to-back multilevel converter and 
with the series-connected converters following a rectification with power factor 
correction. One can observe the ability to obtain sqrt(3) times more voltage than a 
matrix converter or other topology without any special over-modulation algorithm 
[32], and with less passive components.

18.4.2  Control System

Let us review the operation of each individual CSI converter. As shown in Chapter 
16, there are many control algorithms previously reported in literature [33–37].

It is important to understand that the converter used in the application from 
Figure 18.20 behaves as a voltage source on the output side. At any moment, there 
are two switches turned-on and the converter output (conventional DC voltage 
of the AC/DC converter) equals the difference of the voltages across two input 
filter capacitors. The voltage pulses obtained as output voltages will be filtered 
by the machine inductance to produce the desired currents. Observing this pro-
vides an analogy between the outputs of the proposed converter and the outputs 
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FIGURE 18.17  Waveforms for the first converter plus the command signals ( fout = 10 Hz, 
Im = 30 A, fsw = 3.6 kHz, RL = 2 V, LL = 4 mH). (a) Input phase currents for one of the con-
verters; (b) output phase current and output voltage for one converter; (c) output phase cur-
rents for all three converters. (From Neacsu, D.O. 1999. IEEE IECON 1999, San Jose, CA, 
USA, November 29–December 3. With permission.)
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FIGURE 18.19  4-Q converter circuit diagram.
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FIGURE 18.18  Four-quadrant direct AC/AC converter based on CSI modules.

 



518 Switching Power Converters

of a three-phase voltage source inverter. The control system uses a Space Vector 
Modulation based algorithm, and we are seeing the converter as a voltage source 
on the DC side. Hence, we can work with voltage vectors instead of the conven-
tional current vectors (Figure 18.20).

Figure 18.20 shows a low power diode rectifier for the sensing of the input grid 
voltage. The circuitry also contains an input filter, current control, and the PWM gen-
erator. Designing the PWM circuitry based on voltage vectors allows us to neglect the 
load character and more importantly to define closed loop current control with the out-
put (actuating measure) as voltage reference. Finally, a PLL loop is used as frequency 
multiplier locked to the supply frequency in order to produce the desired sampling 
frequency. The influence of the supply frequency variations can be reduced further.

18.4.3  PWM Generator

The theory of PWM control of a Current Source Converter is briefly revisited herein. 
More details are available in Chapter 15. The load current Id is considered as being 
constant during a PWM sampling interval, and it should be controlled to follow a 
variable reference over a fundamental frequency cycle.

Since one and only one switch in the upper and lower half bridge must be turned-
on at a time, there are nine possible combinations for the “ON”-switches. Each pair 
of two switches turned-on determines a specific state of the converter and a Space 
Vector can be associated to each state. The output voltage can therefore coincide 

TABLE 18.1
Comparison Results for Four Quadrant IGBT Cyclo-converter

Hardware components (cost, size, weight)

4Q Cyclo-conv. Multilevel 2-Series

IGBT/diodes 36 24 24

Input filter 3× LC 3× 
LCL

3× 
LCL

Waveform characteristics

4Q Cycloconv. Multilevel 2-Series

Max. output voltage (RMS) versus input 
Vph (RMS)

0.866*sqrt(3)*Vph 0.866*Vph 2*Vph

Peak of the output current at the same 
fundamental of phase current

Sqrt(6)*Iph Sqrt(2)*Iph Sqrt(2)*Iph

Operational and control characteristics

4Q Cyclo-conv. Multilevel 2-Series

Homopolar component in output current NO No No

Smooth torque production YES Yes Yes

Field-oriented vector control YES Yes Yes

Input PF correction YES Yes Yes

 



519Use of IPM within a “Network of Switches” Concept

with any of the line-to-line voltages or can be zero. Only seven distinct positions of 
the Space Vector can be obtained: I1 − I6 and zero I0, and they are shown in Figure 
18.21. The synthesis of any virtual position of the current vector in the complex 
plane can be achieved with different active states being combined over a sampling 
interval.

As shown in Chapter 16, any desired position of the space vector I is always 
placed between two space vectors Ia and Ib, (a,b = 1. . .6) which represent the two 
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FIGURE 18.20  Grid interface with current source converter seen as voltage source on the 
DC side.
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FIGURE 18.21  (a) Current space vector locations; (b) synthesis of a desired location of the 
space vector.
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active states involved in the switching process. Writing the appropriate average rela-
tionship yields:

	 I t I t I t I Ta a b b⋅ + ⋅ + ⋅ = ⋅0 0 	 (18.5)

where T is the sampling period; ta is the time assigned for the state Ia; tb is the 
time assigned for the state Ib; t0 - is the time assigned for the state I0. The sam-
pling interval is completed with a zero state that can be obtained by turning-on 
the switches on the same leg so that there is always a current path for the output 
inductive current.

Observing the circuitry from Figure 18.20 allows us to transform the current vec-
tor control into a voltage vector control. In this respect we need to consider the output 
voltage measured right after the power stage and before the load. This approach 
would further allow us to use the grid voltage as a feed-forward component able to 
compensate for harmonics or other grid distortion. Considering Em the envelope of 
the rectified input voltage [36, 37] and V the desired voltage vector at the output of 
the converter, the space vector theory can be re-written in voltage terms:
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(18.6)

where V is one of the desired references for the three-phases (v1d, v2d, v3d). The dura-
tion t0 is shared by two zero states.

Any unbalance of the grid voltage is reflected in the real-time envelope of the grid 
voltage Em, and hence it is compensated within the Space Vector Modulation algo-
rithm (Figure 18.22). This compensation method benefits from the research results 
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IdR
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FIGURE 18.22  SVM for each power converter unit.
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presented in [36]. This method has the drawback of limiting the maximum available 
voltage to the minimum value of Em. The design of the controller follows the descrip-
tion from Section 13.3.9.2 [38,39].

18.5  GENERALIZED VECTOR TRANSFORM

Some of the previous converters have used a special shape of the phase currents or 
voltages. This shape of the converter waveform has the interesting property that the 
difference from one phase to another is always a pure sinusoidal waveform. However, 
a link between vector control methods and the proposed waveforms is necessary. 
Conventional vector control methods have orthogonal (d, q) or (x, y) coordinates as 
outputs.

Let us consider a general set of three voltages [40]:
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that needs to be transformed in another set of voltages
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(18.8)

Usual vector control theory uses the time-invariant environment of d − q − 0 
frame. We would like now to generalize this transform from a system with frequency 
ω1 to a system with frequency ω2 through an intermediary fixed gain DC controller. 
All possible control cases share the same general expression for the direct transfer 
function [Hf] [15],

	
[ ( )] ( ) ( )H t C P Cf

T= [ ] ⋅ [ ] ⋅ [ ]× × ×
ω ω1 3 2 2 2 2 3 2 	

(18.9)

where

	
C b b bi i i i( ) ( ) ( ) ( )ω ω ω ω[ ] = [ ]1 2 3 	 (18.10)

represents a matrix composed of orthonormal base vectors of the input or output 
three-phase systems and [P] represents a matrix of constant weights pij. For a three-
phase system, the vector space has a dimension of three and only three terms will 
always be seen in the matrix defined with base vectors.
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Symmetries within a three phase system contribute to a generalized form of 
Equation 18.09:
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A base within a vector space consists in a system of vectors B that provides a 
unique representation of any member V of that Vector Space as a linear combination 
of vectors from B. For our 3-dimensional vector space, it yields:
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(18.12)

or
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(18.13)

where vd, vq, v0 are also called coordinates. If the vector space has a finite dimension, 
then all possible bases have the same number of elements. A base is orthonormalized 
if all its vectors have unitary magnitude and any two different vectors are orthogonals.

Generally, analysis of three-phase power converters is considering the orthonor-
malized base vectors as
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When the zero-sequence is omitted, b3(ωi) does not appear in the frequency 
changer term.

The intermediary factor, Pf plays the same role as the turn ratio of the primary to 
secondary windings of a magnetic transformer. For example, we provide three pos-
sible cases herein:
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	 A.	Choosing
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yields
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	 B.	Choosing
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yields
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	 C.	A general dependency including both type of terms yields

  
C x P t x t xC

f12 1 2 1 2
1
3

1
3

( ) cos ( ) cos ( )= ⋅ ⋅ − +[ ] + ⋅ + +[ ]







ω ω ω ω
	

(18.21)

Due to the definition of a base in a vector space, a base is not unique and new vec-
tor bases can be defined. This demonstrates that selection of Equations 18.17 through 
18.19 is not the unique choice for a three-phase system. It opens up a new math-
ematical tool for working with references not sinusoidal but characterizing uniquely 
a three-phase system. The resulting waveforms have been also used in discontinuous 
PWM algorithms.

Figure 18.23 presents two possible waveforms considered as examples for this 
approach. Furthermore, to simplify the mathematics, the third term corresponding 
to the homopolar component is neglected in this analysis.

(a) (b)

FIGURE 18.23  Different choices of output-side references functions.
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Mathematical form of Figure 18.23a yields the following two functions that can 
be chosen as a base in a vector space.
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Considering the same vector base from Equations 18.06 and 18.07 for C(ω1) and 
the new base functions (Equations 18.15 and 18.16) on C(ω2) yield the next form of 
the modulating signals.
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where
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Analogously, we can consider the base vectors
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where f(ω2t) represents the waveform presented in Figure 18.23b and g(ω2t) repre-
sents the same waveform with 90° out of phase. It yields:
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where u(x) represents the Heaviside function (= 0, for x < 0 and = 1 for x > 0).
Finally, denoting:
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yields
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18.6 � IPM IN IGBT-BASED AC/AC DIRECT CONVERTERS BUILT 
OF CURRENT SOURCE INVERTER MODULES

18.6.1 H ardware Development

The previous sections have laid down the theoretical background for several direct 
AC/AC power converters, with reduced count of passive components, that can be 
implemented with circuitry based on conventional Current Source Inverters (CSI). 
Unfortunately, there is no CSI inverter packaged unitary for this purpose. Attentive 
to the developments on the market of power semiconductor devices, voltage source 
inverters (intelligent power modules) can be used for building CSI converters. Figure 
18.24 illustrates this hardware implementation.

The PWM algorithms previously defined for current source converters cannot 
work with the hardware from Figure 18.24 since they assume shorting the DC bus 
during the zero-states. Such operation is prevented by the internal operation of the 
intelligent power module and a short dead-time is generally introduced by such mod-
ule to prevent shoot-through. Additional requirements for the bootstrap power supply 
should be met, that is frequently enough operation of the low-side switch.

A new PWM algorithm is needed to use opposite active vectors during the zero-
states in order to avoid shoot-through. The two opposite vectors are used to compen-
sate each other within the average vector equation used for Space Vector Modulation 
generation. The details of this PWM algorithm are explained with Figure 18.25.
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The vector applied during the first zero-state is selected to be the same as the 
nearby active vector, and the vector applied during the second zero-state is selected 
as the opposite of the vector applied during the first zero-state. Thus, the two vectors 
cancel each other over the average equation applied over the length of a sampling 
interval. Results for the current control over a single-phase are shown in Figure 18.26 

(a)

(b)

FIGURE 18.24  Conventional (a) and modified (b) CSI converters.
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FIGURE 18.25  Conventional CSI algorithm (left) and VSI PWM algorithm (right).
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for switching at 3 kHz. The overall number of switching processes remains the same. 
The same design of the current control and PWM generator is applied for all six 
power modules.

Figure 18.27 illustrates the implementation with Intelligent Power Modules (IPM). 
A small LC input filter may still be used on the grid side and it can be omitted if the 
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FIGURE 18.26  Converter operation with constant DC current at 3 kHz switching: (a) 
switching signals for top and bottom IGBTs, (b) phase current, (c) harmonic spectrum.
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grid is really stiff, satisfying the ideal voltage source requirement. On the grid side, 
each current is a summation of six currents, yielding a high content in fundamental.

18.6.2  Product Requirements

The appliance market has recently seen a revolutionary change with the introduction 
of inverter-based motor drives. The appliance power system has the development 
structured into several levels:

•	 Conventional component level architecture
•	 Multiconverter subsystem level architecture
•	 Multiaxis and multiconverter system level architecture

The innovation of the appliance electronics is expected within the following 
subsystems:

•	 Semiconductors and packaging
•	 Circuit topology

IRAMS

IRAMS

IRAMS

IRAMS

IRAMS

IRAMS

FIGURE 18.27  IPM/IRAMS implementation of the new converter.
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•	 Communication and user interface
•	 Control algorithms

An important trend within the appliance power electronics relates to creation 
of integrated power modules based upon the merger of the device development 
with new circuit prototyping. The design criteria taken over from the system level 
design are Cost (product and maintenance), Energy Efficiency, Product lifetime 
and reliability, Influence on ambient medium (noise, temperature, grid harmonics, 
and so on).

The most important requirement for the appliance consumer market relates to 
system reliability. Different manufacturers show different customer expectations, 
with a high MTBF of 20 years lifetime with 90% reliability prevailing.

As discussed in Chapter 7, the electrolytic capacitor represents a critical compo-
nent for the system lifetime since it has the lowest lifetime of all power conversion 
components. Capacitor lifetime is limited by the electrochemical degradation and 
accelerated by temperature and voltage stress. The lifetime of electrolytic capaci-
tors has progressed from 1000 h at 65°C, 40 years ago, to up to 15,000 h at 105°C 
today. The lifetime is predicted by the capacitor vendors with the Arrhenius law 
equations. For instance, a capacitor rated with 10,000 at 105°C, could survive 
160,000 at 65°C [39].

Hence, any solution that can eliminate passive components and/or reduce 
their importance in the calculation of the overall reliability is highly desirable. The 
AC/AC power converter subscribes to this concept, and the reliability is expected to 
be increased by the withdrawal of electrolytic capacitors.

It can be further proven that a power semiconductor module could contribute 
better performance to the system reliability than individual components. The IPM 
modules provide better thermal design and an excellent layout, both with effects 
on the system reliability. Using a power module supplied from the manufacturer 
rather than individual components is generally a better choice for the inverter 
application.

18.6.3  Performance

The previous sections have shown a series of novel direct AC/AC power converters 
derived from cyclo-converter concept, and intended to be implemented with stan-
dardized power modules. It is therefore attracting the use of this concept to the appli-
ance market [39]. Since the most important advantage of using electronic control of 
motor drives consists of energy savings, the focus remains on cooling and thermal 
aspects of using this converter in the appliance application.

The thermal performance is presented herein in comparison with the conventional 
back-to-back solution. Thermal data is considered the same as in the manufacturer’s 
example for IPM utilization. The intelligent power module is IRAMS10UP60, with a 
junction-case thermal resistance of 4.7°C/W. The thermal compound was Wakefield 
#120 characterized by a thermal resistance of 0.1°C/W. The suggested heat-sink is 
an off-the-shelves component, Aavid Thermalloy #66365, with a heat sinking area 
of 0.63 × 1.50 in, and a thermal resistance of 5.4°C/W.
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Section 2.4 has presented the loss calculation for the IGBT based medium power 
converters [41,42]. Given the peculiar construction of the IPM module, an empirical 
calculation of the loss is presented in [43] and adopted herein. The results of this 
method used for a conventional motor drive application show 2.3 W power loss per 
switch, and 14.1 W per entire package, when operated in ambient temperature and 
trying to prevent a junction temperature close to 125°C.

This empirical model considers each switch individually and calculates the power 
loss with the following set of equations already presented in Chapter 2.4 as Equations 
2.22 through 2.24 valid for International Rectifier’s IRAMS devices.

    E h h I I e e I Ix k
ON = + ⋅ ⋅ = − + − ⋅ ⋅−( ) [( . ) ( . ) ].

1 2
1 159 27 69 4 2 99 2 	 (18.30)

    E m m I I e e I Iy n
OFF = + ⋅ ⋅ = − + − ⋅ ⋅−( ) [( . ) ( . ) ].

1 2
0 492 11 76 2 4 34 2 	 (18.31)

	 V V a I IT
b

CEON = + ⋅ = + ⋅0 51 0 46 0 649. . .
	 (18.32)

The number of switching processes during each switching period is necessary 
in order to use these equations for the loss calculation of the entire system (Figures 
18.28 and 18.29).

	 A.	Conventional back-to-back converter
		  Switching Loss—IGBT = Switching processes are shown in the next 

figure.
		  Conduction Loss—IGBT = 180° total.
		  Switching Loss—Diode = Diodes are switched during the negative half 

waveform (reference), with a partial conduction.

Vgrid 

1 1 1 11 1 1 1 1 1 1 1
Number of switching processes (per switch, per switching period)

Switched current waveform = IGBT/Grid  current (different phase, same  frequency)  

FIGURE 18.28  Distribution of switching processes used for switching loss calculation 
(conventional).
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	 B.	New topology based on multiple-IPM modules
		  Switching Loss—IGBT = Switching processes are shown in the next 

figure.
		  Conduction Loss—IGBT = 120° total.
		  Switching Loss—Diode = Diodes are moved outside of the IPM mod-

ule, with same conduction, and no switching loss.

The number of switching processes is very similar with the back-to-back con-
verter. In any direct AC/AC converter, the switching loss cannot be expressed very 
easily since the switched current depends on both the load and grid frequencies.

Reference [43] discusses a practical case: a 1HP = 745W A/C compressor oper-
ated from Vdc = 400 V, modulation index of 0.8, VLL = 113 Vrms, PF = 0.6, Iph = 6.35 
Arms, fsw = 3 kHz. Table 18.2 shows comparison of results between the conventional 
back-to-back converter and the IPM-based cyclo-converter. The load current is 
assumed to be at the same frequency. The power dissipated per module reduces at 
least 56% and this reduction can be even more important for certain combinations of 
input and output waveforms.

It is worthwhile to reverse the design reasoning and to observe that the new topol-
ogy can deal with a load of P = 2 kW (Iph = 9.25 Arms, motor PF = 0.6, nominal fre-
quency and voltage conditions of 120 Vac/phase, 50 Hz, switching at 3 kHz), at the 
maximum thermal capacity of the setup. The system shown can therefore drive a 
2 kW motor, in similar operation and thermal conditions as a back-to-back dual IPM 
module would drive a 1HP = 745 W motor.

The results are very impressive for the system power density and packaging: the 
entire power stage (with straight-pin mounting, six individual heat-sinks, passive LC 
filtering and power connectors) accounts for (2 × 2 × 7.5 in =) 0.49l for 2 kW deliv-
ered power (that is 4.1 kW/l) [39]. This should compare to current industry goals of 
4 kW/l, for this class of converters [44].

Vgrid

1 1 2 10 1 0 1 1 2 1 1
Number of switching processes (per switch, per switching period)

Switched current = Load phase current (different phase, different frequency) →  Phase case 1

Switched current = Load phase current (different phase, different frequency) →   Phase case 2

FIGURE 18.29  Distribution of switching processes used for switching loss calculation 
(IPM).
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18.7 � USING MATLAB-BASED MULTIMILLION FFT FOR ANALYSIS 
OF DIRECT AC/AC CONVERTERS

18.7.1 �I ntroduction to Harmonic Analysis of Direct 
or Matrix Converters

The previous sections have presented several direct converter topologies [45], each 
with different control methods. It is well-known that the PWM operation of power 
converters produces harmonics at both input and output [46,47]. In the conventional 
bridge-like topologies, we have to deal with two frequencies: the modulating wave-
form’s fundamental frequency and the carrier/switching frequency. The challenges 
associated with the harmonic analysis of direct converters are multiple:

•	 The modulation signal contains both the input and output frequencies, typi-
cally independent from each other and without forming an integer ratio.

•	 The switching/carrier frequency is not a rational multiple of either the input 
frequency or the output frequency.

For a long time, the complex, vast, and time-consuming calculation required 
by the harmonic analysis of power switching converters encouraged the engineers 
to develop their own algorithms for a fast development in Fourier series [48–52]. 
The most used procedure consists of a double Fourier series expansion in two 
variables [48,52]. Later efforts presented the development for multiples frequen-
cies [49,51]. Alternate results are given in [50,52]. All these solutions are provid-
ing a fast calculation of harmonics independent of the accuracy of the simulation 
model. However, they have a strong content in advanced mathematics and are each 

TABLE 18.2
(a) Power Loss Distribution Per IPM Package, for 1HP 
Load, with Voltage and Current Dictated by Operation 
of the Back-to-Back Converter

Back-to-back converter New converter
Psw, per switch 0.32 W Up to 0.32 W

Pcond, per switch 1.49 W 1.00 W

Pdiode 0.53 W 0

Ploss, Entire IPM module 14.1 W 7.92 W

(b) Power Loss Distribution Per IPM Package, for 
2 kW Load

New converter
Psw, per switch 0.75 W (variable)

Pcond, per switch 1.80 W

Pdiode 0

Ploss Entire IPM module 15.30 W
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dedicated to a specific application. Hence, they are not very friendly for the prac-
tice engineers.

During this time, the Moore’s law acted upon the computing hardware and today 
we have computers based on dual-, or quad-core processors, with 64-bits bus, huge 
Terra-Bytes memory capacities, and high clock frequencies. Figure 18.30 [53] pro-
vides a quick update on the development of computers. It says that the same simula-
tion model we ran in 1 h 10 years ago can be run in under 30s now.

Another illustration of the contemporary computing power makes 2012 the 
year when the power electronics simulation waveforms could be achieved in 
real-time for the first time. OPAL Corporation reported at Industry Forum of 
IECON2012 [54] the implementation of a complete motor-converter drive model 
on an advanced Altera FPGA with running at the system time scale. We consider 
this as one of the most important historic milestones for the simulations of power 
electronic systems.

These results should imply the advantages of using straightforward computer 
calculations for the analysis of power electronics waveforms. This is in par with 
technology development and it may diminish the academic struggle for harmonic 
calculation algorithms that unfortunately do not have too much practice value since 
the major manufacturers have settled already for their own algorithm.

The engineering practice of either multiconverter or multifrequency PWM con-
verters provides signals not described with mathematical functions. Instead, these 
signals come from measurement acquired at a selected sampling interval from 
hardware or from simulation models (like in Matlab-Simulink, PSIM, Plexim, or 
alike), and hence they are not continuous but discrete signals. The duration of a 
signal is finite and in most cases it will not be the same as the period required by 
the Fourier Theorem or the signal may not be periodic at all. Due to these limita-
tions, the frequency analysis devises a method to extract an estimate of frequency 
components which are not known a priori. The process is known as the Discrete 
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FIGURE 18.30  Evolution of processing power.
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Fourier Transform (DFT). Section 3.5 in Chapter 3 have introduced us to harmonic 
analysis of PWM converters. The following are reconsidering this information for 
revealing other computer related aspects necessary to analysis of direct (matrix) 
converters.

The Euler-Fourier integral can be calculated by approximation when the ana-
lyzed time interval is sampled at a fixed rate leading to 2 ⋅ m samples (Figure 18.31). 
Considering the Shannon Theorem confirms m different spectral lines.

It yields for each sample:
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This represents an approximation of the Fourier series and also a discrete cal-
culation of the Fourier integral. When we know all the samples yq, each harmonic 
component can further be calculated with
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FIGURE 18.31  Sampling of the acquired time signal.
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As shown in Section 3.5, the computer program yields very simple as structure:

•	 Calculate the argument β = π⋅q⋅n/m and the harmonic functions for each 
sample yq (q = 1,. . ., 2 m − 1);

•	 Calculate the individual products from An and Bn;
•	 Calculate An and Bn;
•	 Calculate the magnitude and phase for each harmonic.

For a reduced number of samples, performance can be improved when m is cho-
sen as a multiple of 6 to speculate from the symmetries of the grid related wave-
forms. For an increased number of samples, the computer run time yields very large 
and some computer programs provide just calculation for the low frequency content. 
For instance, the instruction “FOUR” from SPICE provided a quick calculation for 
the first 9 harmonics only. SPICE after Version 5 allows us to specify the number of 
desired low frequency harmonics. The computer run time can also be reduced within 
the Fast Fourier Transform that represents a peculiar case of DFT.

DFT is a discrete equivalent for the Fourier Transform and the sampling of the 
latter may hide some properties. This means we need to be careful with the selec-
tion of the resolution for the DFT calculation. Usual source of errors in calculation 
of DFT comes from the smoothing effect given by the interpolation of results. This 
acts as a low-pass filter with attenuation of the harmonic magnitudes as frequency 
increases. For better results we need increased number of samples which are equiva-
lent to a higher bandwidth low-pass filter.

18.7.2  Parameter Selection

Once the data is acquired from the experimental setup or from simulation, a postpro-
cessing tool is employed for harmonic analysis. It is vital to understand very well the 
settings of the parameters involved in the FFT/DFT analysis.

	 A.	Resolution
The more the number of points in the transform, the better the frequency 

resolution.
Other than speed, resolution is the only other difference between a 29 = 512-point 

transform and a 220 = 1,048,576-point transform. A power spectrum always ranges 
from the DC level (0 Hz) to one-half the sample rate being used. The number of 
points in the transform defines the power spectrum resolution (a 512-point Fourier 
transform would have 256 points in its power spectrum, while a 1,048,576-point 
Fourier transform would have 524,288 points in its power spectrum).

For example, if we want to see separate 20 and 21 Hz frequency components in 
the power spectrum of a power converter waveform, a 512-point Fourier transform 
might not show these individual components clearly since its entire power spectrum 
is only divided into 256 equally spaced points and the desired frequencies are so 
close together. For samples acquired at 1 MHz (1 µs sampling), the frequency bins 
would be spaced at 1 MHz/512 = 1.94 kHz = 1940 Hz.
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However, if the transform contains more points, it would be able to devote more 
points to the definition of closely spaced frequency components. In our example, a 
1,048,576-point Fourier transform applied to a set of discrete signals depicted at a 
sampling rate of 1 µs, would space the frequency bins at 1 MHz/1,048,576 = 0.95 Hz. 
Re-arranging this selection yields Fs = 1,048,576 Hz = 1.048 MHz, and the fre-
quency step 1 Hz. Thus, we are now able to see the difference between 20 and 21 Hz 
components (Figure 18.32b).

It is worthwhile here to make two comments:

•	 Most laboratory equipment sold as Spectral Analyzers offer a DFT with at 
most 32,768-points. In most cases they are not very suitable for analysis of 
power converters operated with both 50/60/400 Hz fundamental frequency 
and a carrier at 10−30 kHz. You can either benefit from the 0.1 Hz resolution 
through a windowing technique OR plot the entire range of DC-100 kHz 
with way lesser resolution.

•	 With the advent of computers, one can ask about the maximum number of 
DFT points we will ever need for analysis of power converters. Considering 
a maximum switching frequency of 50 kHz, a 1000-point PWM resolution 
(210 counter, 50 ns acquisition rate), and a 0.1 Hz resolution in frequency 
definition yields: 20 MHz/0.1 = 200,000,000–134,217,728 = 227.
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FIGURE 18.32  (a) A single 60 Hz grid voltage with 1Hz frequency step in FFT representa-
tion; (b) a good selection of parameters allows to clearly distinguish between 100 V/20 Hz 
and 25V/21 Hz components.
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	 B.	Accuracy
Figure 18.33 shows the spectrum of a signal composed of unity sine-wave com-

ponents of 60 Hz and 1000 Hz, acquired over different time intervals. The spectrum 
appears somewhat spread out when we have a fractional number of periods (false 
harmonics in adjacent points) [51]. The spreading out (leakage) is due to energy 
being generated by the discontinuity at the end points of the waveform.

Solutions able to minimize this leakage effect consist of

•	 Use of conventional DFT instead of the optimized FFT;
•	 Multiplying the time series by a window weighting function before the FFT 

is performed.

Most window weighting functions attenuate the discontinuity by tapering the 
signal to zero at both ends of the window. With the window approach, the periodi-
cally incorrect signal will have a smooth transition at the end points which results 
in a more accurate power spectrum representation. However, if the waveform has 
important information appearing at the ends of the acquired time interval, it will be 
destroyed by this.
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FIGURE 18.33  Spectral results when considering different time windows.
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Some popular windows are Hamming, Bartlett, Hanning, and Blackman. Each 
has different characteristics:

•	 The Hamming window offers the familiar bell-shaped weighting function, 
and produces a very good spectral peak with fair spectral leakage reduction 
only.

•	 The Bartlett window offers a triangular shaped weighting function and it pro-
duces a good, sharp spectral peak, good at reducing spectral leakage as well.

•	 The Hanning window offers a similar bell-shaped window and produces 
good spectral peak sharpness (as good as the Bartlett window), but the 
Hanning offers very good spectral leakage reduction (better than the 
Bartlett).

•	 The Blackman window offers a weighting function similar to the Hanning 
but narrower in shape. Because of the narrow shape, the Blackman window 
is the best at reducing spectral leakage, but the trade-off is only fair spectral 
peak sharpness.

4.4 4.6 4.8 5 5.2 5.4 5.6 5.8 6 6.2 6.4

4.4 4.6 4.8 5 5.2 5.4 5.6 5.8 6 6.2 6.4

4.4 4.6 4.8 5 5.2 5.4 5.6 5.8 6 6.2 6.4

4.4 4.6 4.8 5 5.2 5.4 5.6 5.8 6 6.2 6.4

4.4 4.6 4.8 5 5.2 5.4 5.6 5.8 6 6.2 6.4

4.4 4.6 4.8 5 5.2 5.4 5.6 5.8 6 6.2 6.4

4.4 4.6 4.8 5 5.2 5.4 5.6 5.8 6 6.2 6.4

0
5

10

0
5

10

0
5

10

0
5

10

0
5

10

0
5

10

0
1
2

FIGURE 18.34  Example of PWM control signals for each of the six converters and the 
period flip-flop (twice the switching period).

 



539Use of IPM within a “Network of Switches” Concept

0 10 20 30 40 50 60 70 80 90 100
0

100

200
Magnitude spectrum of input voltage

Frequency (Hz)

0 10 20 30 40 50 60 70 80 90 100
Frequency (Hz)

0 10 20 30 40 50 60 70 80 90 100
Frequency (Hz)

0 10 20 30 40 50 60 70 80 90 100
Frequency (Hz)

In
pu

t v
ol

ta
ge

0

20

40
Magnitude spectrum of input current

In
pu

t c
ur

re
nt

0

100

200
Magnitude spectrum of output voltage

O
ut

pu
t v

ol
ta

ge

0

20

40
Magnitude spectrum of output current

O
ut

pu
t c

ur
re

nt

0 1000 2000 3000 4000 5000 6000 7000 8000 9000 10,000
0

100

200
Magnitude spectrum of input voltage(b)

(a)

Frequency (Hz)

0 1000 2000 3000 4000 5000 6000 7000 8000 9000 10,000
Frequency (Hz)

0 1000 2000 3000 4000 5000 6000 7000 8000 9000 10,000
Frequency (Hz)

0 1000 2000 3000 4000 5000 6000 7000 8000 9000 10,000
Frequency (Hz)

In
pu

t v
ol

ta
ge

0

20

40
Magnitude spectrum of input current

In
pu

t c
ur

re
nt

0

100

200
Magnitude spectrum of output voltage

O
ut

pu
t v

ol
ta

ge

0

20

40
Magnitude spectrum of output current

O
ut

pu
t c

ur
re

nt

FIGURE 18.35  Sample of important waveforms for 1.44 kHz switching frequency on dif-
ferent zoom windows. (a) 100 Hz and (b) 10k Hz.
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The choice of window function depends upon the trade-off between sharpness 
of peaks and decay of side-lobes. A Fourier analysis software package that offers a 
choice of several windows is desirable to eliminate spectral leakage distortion inher-
ent with the FFT.

For the spectral-separation requirement of a direct power converter, the Blackman 
window is the best at bringing out the weaker term as a well defined peak.

18.7.3 FFT  in MATLAB

MATLAB after Version 6.0 uses an implementation of the FFT called FFTW. The 
FFTW package was developed at MIT by Matteo Frigo and Steven G. Johnson 
(about 1997). Comparative studies performed on a variety of platforms show that its 
performance is typically superior to that of other publicly available FFT software, 
and it is even competitive with vendor-tuned codes (like in some hardware Spectral 
Analyzers). Contrary to vendor-tuned implementation, its performance is portable: 
the same program will perform well on most computer architectures without modi-
fication. Hence the name “FFTW” stands for the self-proclaimed title of “Fastest 
Fourier Transform in the West.”

No tuning or window selection is required in MATLAB when the dimension of 
the DFT is a power of 2. Moreover, for DFT dimensions that are powers of 2 between 
214 and 222, special preloaded information from MATLAB’s internal database is used 
to optimize the computation.

The execution time for 1,048,576 real samples is less than a fraction of a second 
for a modern laptop [55].

18.7.4 A nalysis of a Direct Converter

	 A.	Operation
We will use the above choice of a MATLAB DFT algorithm to the case of a direct 

converter. The operation of this multiconverter structure was explained in previous 
papers [15–19], and it follows the control of six Current Source Converters inter-
connected to provide a voltage source character on the load directly from the line-to-
line grid voltages (Figure 18.34). The Space Vector Modulation is implemented herein 
with the sequence:

	 Zero-state → active 1 → active 2 → active 2 → active 1 → zero-state

that is very advantageous in terms of minimizing the number of switching processes. 
The two zero-states within a sampling interval are equal with each other. A sample 
of the result is shown. We can see that three converters work at a given moment only. 
Moreover, pulses are distributed with the same sampling period.

A complete harmonic analysis is performed for a switching frequency of 1.44 kHz, 
for a converter with a highly inductive load, when a 35 Hz output waveform is cre-
ated with a lower voltage magnitude (Figure 18.35).
	 B.	Feed-Forward Compensation of the Grid Voltage

The operation of each converter produces a modulation of the output voltage with 
the envelope of the three-phase grid voltage. The time·voltage product corresponding 
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to each pulse will thus depend on the instantaneous grid voltage. This yields a time-
varying spread-spectrum of the output voltage and input current.

A compensation of the PWM generator based on the actual value of the grid volt-
age helps in providing the load with the desired time·voltage product for each PWM 
pulse. This has advantages in both stability of any closed–loop system and compen-
sation of grid unbalances. Harmonic results for compensation of an 85% unbalance 
are shown for the first phase voltage (Figure 18.36). Differences can be seen in the 
spectra of the output voltages at under 400 Hz.

For a balanced grid, there should be no difference in between the spectra of the 
output voltage with or without compensation (also called adaptive PWM [25]) if the 
DFT parameters are selected properly. This is because there should be enough cycles 
of fundamental frequency to average the varying effect of the grid voltage envelope 
when the resolution is set to 1 Hz or under. This remark can also be used backwards, 
as a tool to detect proper use of the FFT/DFT analysis.
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FIGURE 18.36  (a) Output voltage for the balanced input grid voltage; (b) Output voltage for 
85% unbalance in the first phase of the grid voltage; (c) Spectra for PWM without compensa-
tion; (d) Compensation with input voltage measurement.
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FIGURE 18.36 (continued)  Stochastic ripple cancelation for interleaving the PWM 
controllers.
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	 C.	Synchronized PWM
The study of Space Vector Modulation algorithms has outlined the advantages 

of using an integer ratio between the sampling/switching frequency and fundamen-
tal frequency equal to a multiple of 6. This will benefit from all the symmetries in 
the complex plane representation and would avoid fluctuation of the cycle-by-cycle 
RMS (a cycle being defined at fundamental frequency).

However, spectral analysis with a fractional ratio between switching and funda-
mental frequencies shows that differences are minimal when the acquisition time is 
long enough (around 50 cycles). No important leakage is seen.

	 D.	Using Interleaved Carriers
Interleaved operation of power converters is well-known for conventional bridge-

type converters. Each dual (or bidirectional) converter corresponding to an output 
phase is controlled with a SVM carrier at 120° from each other. Contrary to inter-
leaving conventional bridge-like converters, the instantaneous references for the 
three converters are different. Hence, the input current presents a stochastic ripple 
reduction of minimum √ N = √ 3  =  1.73 only [56]. All other waveforms and har-
monics stay the same as in the case without interleaving (Figures 18.37 and 18.38).

18.7.5 A utomation of Multipoint THD and HCF Analysis

Figures 18.39 through 41 show results for a back-to-back converter with a stepped-up 
420 V DC bus, and open-neutral. Obviously, the number of actual switching processes 
differs from the direct converter despite the same PWM frequency of 1.44 kHz.
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FIGURE 18.37  Stochastic ripple cancellation for interleaving the PWM controllers.
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FIGURE 18.38  PWM control signals for each of the six converters, under interleaved oper-
ation (compare to Figure 18.34).
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18.7.6  Comments on Computer Performance

Table 18.3 suggests running times for two conventional Windows-based com-
puter architectures. The processing speed can be increased further by running 
the MATLAB code on the laptop’s more powerful Graphics Processing Unit 
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FIGURE 18.40  HCF for output voltage at different output magnitude and frequency.
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card (GPUs like NVidiaGT555M with 144 CUDA cores) through the MATLAB’s 
Parallel Computing Toolbox. Users suggest a four times speed-up compared to the 
quad-core CPU.
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converter analysis

All Electric Aircraft concept, 455
bi-directional power switches, 458, 459
clamping reactive energy, 461
designing PWM algorithm, 458
Frenic-MX, 455
inductive load, 456
null-states, 458
possible space vector positions, 

457–458
power switch implementation, 458–459
rotating vectors, 457
stationary vectors, 457
Varispeed F7, 455
voltage sources, 456
Yaskawa’s AC7 Matrix Converter, 455

Accelerated tests, 229; see also Lifetime
acceleration factor, 230
activation energy method, 229–231
for electronic equipment, 229
intermittent operating life test, 233
for power cycling, 232–234
principle power cycling, 233
temperature cycling, 231–232
for thermal related wear-out, 230
time-to-failure, 230
voltage related acceleration factor, 231

Acceleration factor, 228, 230
voltage related, 231

Accelerator TM, 265
AC/DC converter, 9; see also Adjustable speed 

drives (ASD)
AC/DC current source converter, 437, 439
AC/DC grid interface, 363; see also Closed 

loop current control methods; Diode 
rectifier; Grid synchronization; Pulse 
width modulation control

AC side inductance, 364–365, 367
bridge converter and output voltage 

waveforms, 366
conduction time interval, 365
DC bus voltage, 364, 367
DC side inductance, 364
exercises, 405–406

GTO device uses, 366
high harmonic grid currents, 363
output voltage control, 363
overvoltage at switching, 364
power converters, 363
power semiconductor devices, 363
pulses within grid current, 367
PWM controller, 364
rectifier bridge output, 367

AC/DC SCR-based rectifier, 433
AC filter, 492
Activation energy, 224–225

method, 229
Active filter, 383, 385
Active gate drivers, 48; see also High-power 

semiconductor devices; Insular gate 
bipolar transistor (IGBT)

active voltage balancing circuit, 48
implementation, 50
modern gate drivers, 49
principle circuits for, 49
unequal voltage sharing across IGBTs, 48

Active injection circuits, 383, 385
Adjustable speed drives (ASD), 8; see also Power 

electronics
AC/DC converter, 9
brake circuit, 11–12
controller, 13–14
DC capacitor bank, 10
DC reactor, 11
intermediate circuit, 10
motor connection, 13
protection circuits, 12
sensors, 12
soft-charge circuit, 11
three-phase, 9
three-phase inverter, 12

Advanced control systems, 222
Advanced Electrical Power Systems 

(AEPS), 293
AEPS, see Advanced Electrical Power Systems 

(AEPS)
All Electric Aircraft concept, 455
Aluminum

capacitors, 91–92
heat-sink, 296

Analog Devices’ ADMC201/./331, 265
Application-specific integrated circuits (ASIC), 

13, 245, 282
ASD, see Adjustable speed drives (ASD)

Index
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ASIC, see Application-specific integrated circuits 
(ASIC)

Automotive sector, 4; see also Transportation 
electrification systems

B

Back-EMF voltage, 450
Bartlett window, 538
Bi-directional power switches, 458, 459
Bi-directional power transfer with ZVT, 325; see 

also Zero-voltage transition (ZVT)
output filter effect on resonant operation, 326
power stage with dual module, 326
resonant capacitors voltage, 327
resonant operation, 326
three-phase system with resonant 

circuits, 327
B4 inverter, 346; see also Z-source inverter

asymmetrical phase voltages, 350
constraints, 351
controlling through sinusoidal references, 348
definition of PWM algorithms, 351–353
drawback of, 350
phase shifted references, 349
phase voltage generation, 346
pole voltages, 347
states and voltages, 347
topology, 342
vectorial analysis of, 346–351
vectorial representation, 349
voltage variation influence and compensation, 

353–355
voltage vector on circular trajectory, 350
waveforms in fundamental frequency, 347

Blackman window, 538
BLDC motor, see Brushless DC motor 

(BLDC motor)
Boltzman constant, 224
Boost converter, 369; see also Insular gate 

bipolar transistor (IGBT)
grid interface control, 369
second harmonic in reference signal, 369–370
single-switch three-phase, 372

Boost DC/DC converter, 421
power transfer through, 423

Boost inductance, 368–369
Bootstrap

capacitor, 302
diode, 302
power supply, 302, 303

Brake circuit, 11–12; see also Adjustable speed 
drives (ASD)

Brushless DC motor (BLDC motor), 245
BSIMProPlus, 236
BTABERT, see RelXpert
Buck converter, 194

C

Capacitance, 91
Capacitor, see Voltage sources
Capacitor impedance, 92
Carrier signal, 63
Cauer model, 218
Central Processing Unit (CPU), 256
Ceramic substrate, 409
Choke, see DC reactor
Circuit with grid-side inductance, 368
Circular chain control, 430
Circular corona, 447
Circulation currents, 424, 425

PWM references, 426
PWM sequence generation, 427

Clamping device, 187
Clamping reactive energy, 461
Clarke transform, 134; see also Space vector 

modulation theory
exercises, 174

Closed-loop control practical aspects, 279, 290; 
see also Current control; Current 
measurement

Closed loop current control methods, 386; 
see also Proportional-Integrative-
Sinusoidal controller (P-I-S controller)

applying voltage on d-axis, 392–393, 394
cross-coupling terms, 390–391
minimum time current control, 388, 390
phase current tracking methods, 395
PI control system, 386
PI current loop, 386–387
step-down current modification 

effect, 393
switch table and hysteresis control, 393, 395, 

396, 397
transient response times, 387
voltage limitations, 388, 389

Coffin-Manson model, 232
Combination converters, 490, 491
Compensation with virtual negative 

inductance, 452
Computer run time reduction, 535; see also 

Processing power
Conduction intervals, 470
Conduction loss, 309, 411
Constantane, 280
Control circuitry, 383, 384, 385
Controller, 13; see also Adjustable speed 

drives (ASD)
Conventional back-to-back converter, 530
Conventional topology of power filter, 501
Converter; see also AC/AC matrix converters; 

Boost converter; Inverter
AC/AC direct converter, 514
AC/DC converter, 9
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AC/DC current source converter, 437, 439
back-to-back, 530
boost DC/DC converter, 421
buck converter, 194
combination converters, 490, 491
power converters, 363
Z-source converter, 356–357

Converter control system, 515, 518
for capacitor voltage, 452
changes in cross-currents, 419, 420
with compensation, 452
solutions, 418
switching table, 419
voltage vectors from switching states, 419

CoolMOS devices, 23, 53–54
Copper, 280
Counter

signal decoding, 251
timing manipulation, 258–259

CPU, see Central Processing Unit (CPU)
Critical energy, 227
Cross-currents, 419, 420
Crowbar technique, 187
CSI, see Current Source Inverters (CSI)
Current

calculated with moving average, 505
transforms, 286–287

Current commutation, 434, 459, 460
change in pulse shape, 435
control for, 435
factors in, 435
multistepped switching, 459
overlap, 435, 436
state transition, 460–461

Current control, 420–421; see also Feed-forward 
controller; Proportional-Integrative-
Sinusoidal controller (P-I-S controller)

accumulator method, 288
algorithm, 501
anti wind-up protection, 289–290
in coordinates, 284
in (d, q) components, 287–289
feedback signal error, 285
feed-forward algorithm, 501
harmonic reference, 284, 285, 286
incremental controller, 288
open-loop transfer function, 284–285
rotating-reference frame, 284
steady-state value of time function, 285
system stability, 286
time-domain error signal, 285
tuning proportional-integral-derivative 

controllers, 288–289
ultimate sensitivity method, 289

Current controller with voltage limitation, 389
Current feedback compensator, 124; see also 

Deadtime interval

Current measurement, 279; see also Current 
sampling; Shunt resistor

current sensing transformer, 282–283
Hall-effect current sensors, 282
Kelvin method, 279–280
open-loop Hall sensor, 282
PWM synchronization, 283–284

Current sampling, 283
sampling frequency, 284

Current Source Converters, 433, 449, 452, 470; 
see also Current commutation; Pulse 
width modulation algorithm; Pulse 
width modulation control

AC/DC SCR-based rectifier, 433
AC-side of, 449
advantages and disadvantages, 433
back-EMF voltage, 450
control system for capacitor voltage, 452
control with compensation, 452
DC/AC current source topology, 433
to eliminate LC resonance, 451
grid currents, 440
harmonic coefficient, 449
harmonics cancellation, 449
HCF, 450
High-Pass Filter, 451
output phase voltages after LC filter, 438, 439
resonance prevention, 449, 451
resonance with CSI-filter assembly, 449, 451
switching functions to define operation, 

436–441
switching states and currents for, 434
system level waveforms, 437, 438, 440

Current Source Inverters (CSI), 525
algorithm, 526
converters, 526
resonance with CSI-filter assembly, 449, 451

Cyclo-converters, 511; see also Multilevel 
converters; Pulse width modulation 
generator

comparison, 518
four-quadrant, 513
four quadrant direct AC/AC converter, 515, 

517
load-side current, 515
operation of, 513
performance comparison, 515
phase current, 514
power stage for 4-quadrant converter, 515, 517
two-quadrant, 513, 514, 515, 516

D

Datasheet, 55
DBC substrate, see Direct Bonded Copper 

substrate (DBC substrate)
DC/AC current source topology, 433
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DC bus capacitor, 90; see also Three-phase inverter
aluminum capacitors, 91–92
capacitance, 91
capacitor impedance, 92
electrolytic capacitor equivalent circuit, 91
ESL, 92
ESR, 92
parameters in selection of, 92

DC capacitor bank, 10; see also Adjustable speed 
drives (ASD)

DC coils, see DC reactor
DC Link, see Intermediate DC circuit
DCM, see Discontinuous mode of operation 

(DCM)
DC reactor, 11; see also Adjustable speed drives 

(ASD)
Deadtime digital controllers, 253
Deadtime generator, 269

circuit time diagram, 253
Deadtime interval, 120; see also Pulse width 

modulation, carrier-based
compensation, 123–124
drawbacks, 123
generation of, 121
IGBTs, 120
length estimation, 121
effect of load current during, 122
modified corrective voltage, 124
MOSFETs, 120
voltage error, 122, 123

Defuzzification approach, 261; see also Fuzzy logic
Desat protection, 182, 183; see also Three-phase 

power converter
Design for reliability (DFR), 222, 238

solutions, 236
Design of experiments method, 223
DFR, see Design for reliability (DFR)
DFT, see Discrete Fourier Transform (DFT)
Digital hardware implementation, 250
Digital processor in power converter control, 253; 

see also Fuzzy logic
analog devices, 256–257
DSPs, 256–257
microcontrollers, 254–255
microprocessors, 253–254
motor control DSPs, 256
multiprocessor system, 257–258
transputer devices, 258

Digital PWM controllers with counter, 246; 
see also FPGA implementation of 
SVM controllers

pulse width control, 247, 248
three-phase PWM generation with counter, 247

Digital signal processor (DSP), 8, 249, 281, 405
D-I-H method, see Direct-inverse-half method 

(D-I-H method)
Diode-clamped multilevel converter, 489–490

Diode rectifier, 363, 501
DC/DC converters, 368
inductive filter on DC side, 367
performance of, 365
topologies of, 364
voltage on DC intermediary circuit, 364
voltage ripple, 367

D-I-O method, see Direct-inverse-one method 
(D-I-O method)

DIP, see Dual inline package (DIP)
Direct AC/AC converter analysis, 532, 540; see 

also Intelligent power modules in 
direct AC/AC converter; Intelligent 
power modules in network of switches

accuracy, 537
acquired time signal sampling, 534
Bartlett window, 538
Blackman window, 538
choice of window function, 540
computer performance, 545
computer processing power, 545
computer run time reduction, 535
DFT, 533–534, 536
Euler-Fourier integral, 534
feed-forward compensation of grid voltage, 

540
FFT in MATLAB, 540
Hamming window, 538
Hanning window, 538
harmonic analysis, 532
harmonic component calculation, 534
HCF for output voltage, 545
interleaved carriers, 543, 544
multipoint THD and HCF analysis 

automation, 543
output voltage spectra, 541
processing power evolution, 533
PWM control signals, 538
resolution, 535, 536
space vector modulation, 540
spectral results in different time windows, 537
stochastic ripple cancelation, 542, 543
synchronized PWM, 543
THD for output voltage, 544
THD of input current, 546
waveforms for switching frequency, 539

Direct Bonded Copper substrate (DBC substrate), 
296, 297; see also Intelligent power 
modules (IPM)

advantages of, 297
alumina, 298
aluminum nitride, 298
beryllium oxide, 298

Direct-inverse-half method (D-I-H method), 153; 
see also Switching sequence

pulse generation, 154
three-phase voltage waveforms, 155
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Direct-inverse-one method (D-I-O method), 153; 
see also Switching sequence

pulse generation, 154
three-phase voltage waveforms, 155

Direct Memory Access (DMA), 271
Direct transfer function, 463
Discontinuous mode of operation (DCM), 210
Discrete devices, 409
Discrete Fourier Transform (DFT), 533–534
Displacement factor control, 473
Distributed generation, see Grid interfaces
DMA, see Direct Memory Access (DMA)
Drain-source (Emitter–collector), 315
Drain-source voltage, 328
DSP, see Digital signal processor (DSP)
Dual inline package (DIP), 203
Dumping effect, 422
Duty cycles, 421

with AC variation, 62
to inductor current transfer function, 422–423

Dyadic matrix converter theory, 509

E

EconoPACK modules, 203
EconoPIM modules, 203
Electrolytic capacitor, 529

equivalent circuit, 91
Electromagnetic inference (EMI), 5, 49, 279, 198

standard requirements, 16
Emitter–collector, see Drain-source 

(Emitter–collector)
Enclosures, 205

cooling, 206
Energy transfers, 370
Equivalent series inductance (ESL), 92
Equivalent series resistance (ESR), 92
ESL, see Equivalent series inductance (ESL)
ESR, see Equivalent series resistance (ESR)
Euler-Fourier integral, 534
Event Manager, 266

deadtime generator, 269
hardware implementation of SVM, 268–269, 

270, 271
individual PWM channels, 270
software implementation of carrier-based 

PWM, 267
software implementation of SVM, 267–268
structure, 266–267

External periodic signal, 250

F

FACTS, see Flexible AC Transmission System 
(FACTS)

Failure, physics of, 238
Failure rate, 221; see also Power electronics

component, 223–225
for diverse components, 225–226
for electronic components, 225
system, 223

Failure Rate Based Spice (FaRBS), 236
Failures-in-time (FIT), 221
FaRBS, see Failure Rate Based Spice (FaRBS)
Fastest Fourier Transform in the West (FFTW), 540
Fault management system, 222
Feedback control loop, 244
Feed-forward controller, 399, 401; see also 

Proportional-Integrative-Sinusoidal 
controller (P-I-S controller)

for additional degree of freedom, 399
operation synchronization, 402, 403

FFTW, see Fastest Fourier Transform in the West 
(FFTW)

Field programmable gate array (FPGA), 13, 197, 
245

Field-Stop (FS), 36
FIT, see Failures-in-time (FIT)
Flash memories, 270

benefits, 272
chips, 272
comparison, 275
hardware architecture with, 272
memory look-up tables, 272
for power conversion control, 273
for PWM waveforms optimization, 273, 274
serial peripheral interface principles, 271
state sequences, 273

Flexible AC Transmission System (FACTS), 499
Flyback power converter, 209; see also Three-

phase power converter
features, 211
right-half-plane zero frequency, 211
waveforms for, 210

Flying capacitor multilevel converter, 487–489
Foster model, 219
Fourier series, 74
Four leg inverter, 201; see also Three-phase 

power converter
4-level converter, 488
4-Q converter circuit, 517
Four quadrant direct AC/AC converter, 515, 517
Four quadrant IGBT Cyclo-converter 

comparison, 518
4-Wire method, see Kelvin method
FPGA, see Field programmable gate array 

(FPGA)
FPGA implementation of SVM controllers, 250; 

see also Digital PWM controllers with 
counter

counting signal decoding, 251
digital hardware implementation, 250
external periodic signal, 250
logic decoder, 250, 252
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FPGA implementation of SVM 
controllers  (Continued)

memory look-up table, 250
SVM algorithm implementation, 251
SVM digital synthesis, 252
switching sequence, 250, 251

Free-wheeling diodes, 29; see also Power 
MOSFET device

Frenic-MX, 455
Frequency changer, 462–463, 509
FS, see Field-Stop (FS)
Fuse, 183; see also Three-phase power converter

action on high fault current, 184
branch-circuit rated class, 185
DC circuit, 185
IGBT-based circuit, 185
for medium voltage applications, 186
melting of, 184
placement of, 185
rated current of, 184
RK, 185–186
selection, 184
UL classification, 185, 190

Fuzzy logic, 260
-based control relations, 261
controller rule, 264
fuzzy estimation of time intervals, 263
fuzzy subsets, 261
linear defuzzification approach, 261

G

Galvanic isolation, 416
Gate control designs for equal current sharing, 

415–416
Gate driver, 32, 296; see also Power MOSFET 

device
control for current sharing, 416

Gate turn-off (GTO), 165; see also High-power 
semiconductor devices

devices, 312
thyristors, 5, 51, 363

Generalized vector transform, 521; see also 
Intelligent power modules in network 
of switches

direct transfer function, 521–522
intermediary factor, 522–523
orthonormalized base vectors, 522
sinusoidal waveform, 521
vector space dimension, 521, 522
to work with non-sinusoidal references, 

523–525
Glue logic circuitry, 477
Grid

currents, 440, 504; see also Total harmonic 
distortion (THD)

voltage as feed-forward component, 520

Grid interfaces, 14; see also Power electronics
control, 369
DC current injection, 15–16
EMI interference, 16–17
EMI standard requirements, 16
for extended power range, 501
frequency and voltage variations, 17
grid harmonics, 15
maximum power connected at low-voltage 

grid, 17
operation modes, 14
power converter switching nature, 14
power factor, 15

Grid synchronization, 403; see also AC/DC grid 
interface

circuit, 403, 404
PLL circuit principle, 404
PLL control issues, 405
for three-phase converters, 405

Ground fault, 181–182; see also Three-phase 
power converter

GTO, see Gate turn-off (GTO)

H

Hamming window, 538
Hanning window, 538
Harmonic component calculation, 534
Harmonic content of grid current, see Total 

harmonic distortion (THD)
Harmonic current factor (HCF), 76, 100, 145, 

450; see also Vectorial PWM
for different number of sampling intervals, 163
exercises, 175
harmonic coefficient, 449
for modulation methods, 163
output voltage, 496, 545
variation with modulation index, 77

Harmonic elimination, 498–499
Harmonics cancellation, 449
Harmonic signal injection, 376

advantages, 377
Harmonic spectrum calculation; see also Three-

phase inverter
decomposition in quasi-rectangular 

waveforms, 79–80
decomposition in simple square-waves, 80
exercises, 93
from inverter waveforms, 78
PWM waveform decomposition, 80
vectorial composition, 81
vectorial method, 80–81
waveform with parameter α, 79

H-bridge converter, 485–487
Heat capacity, 218
Heatsink, 415
Heat spreader, 217
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HEV, see Hybrid electric vehicle (HEV)
Higher power delivery, 381
High modulation index, 475, 477, 479
High-Pass Filter, 451
High-power converters, see High-power 

semiconductor devices; Power 
electronics

High-power devices, 61
High-power semiconductor devices, 23; see 

also Active gate drivers; Insular gate 
bipolar transistor (IGBT); Power loss 
estimation; Power MOSFET device

advanced power devices, 51
datasheet information, 55–56
exercises, 56–57
GTOs, 51
high-frequency, high-voltage devices, 53–54
IGBT-RB, 52–53
IGBT-RC, 52
IGCT, 51–52
using new substrate materials, 54–55
power semiconductor market, 23–26
specialty devices, 51
technology evolution, 24–25

High-voltage DC (HVDC), 5, 485
lines, 499

High voltage motor drives, 499–500
H-infinityloop-shaping method, 222
Homopolar vector, see Zero vector
HVDC, see High-voltage DC (HVDC)
Hybrid electric vehicle (HEV), 26
Hybrid IGBTs, 409

I

IGBT, see Insular gate bipolar transistor (IGBT)
IGBT-RC, see Reverse Conducting IGBT 

(IGBT-RC)
IGBTs paralleling constraints, 411; see also 

Insular gate bipolar transistor (IGBT); 
Power converters

current mis-sharing avoidance, 411
current sharing during transient, 413
current unbalance dependence, 415
dynamic and static derating factor, 414
effective gate voltage decrease, 414
emitter connection for reduced parasitics, 414
emitter resistance, 413
gate control voltage, 413
heatsink, 415
parasitic oscillation avoidance, 414
parasitic resistances, 413
to reduce current imbalance, 413
static derating factor, 412
steady-state current imbalance, 411
temperature imbalance, 411, 414
transconductance characteristics, 413

turn-on and-off imbalances, 411
voltage-current characteristics, 411–412

IHM, see Integrated hybrid modules (IHM)
IM, see Induction machine (IM)
IMS technology, see Insulated metal substrate 

technology (IMS technology)
Indirect matrix converter, 476–477, 481
Induction machine (IM), 345
Inductive load, 456
Insular gate bipolar transistor (IGBT), 5, 24, 

34, 101, 246, 309, 370; see also 
Active gate drivers; High-power 
semiconductor devices; IGBTs 
paralleling constraints; Power loss 
estimation; Power MOSFET device; 
Reverse Conducting IGBT (IGBT-RC); 
Zero-voltage transition (ZVT)

advantages of, 34
chip, 295–296
cross-conduction avoidance, 44
current within gate circuit, 42
deadtime, 120
derating of different, 412
digikey offer for, 25
dv/dt at turn-on, 41–42, 43
energy transfer, 370
equivalent model of, 35
exercises, 56–57
FS, 36
gate drivers, 39
gate resistor effect, 41
for high-current applications, 409
high-power single-die, 409
hybrid, 409
ideal SOA and limitations, 45
IGBT-RB device, 52–53
induced gate voltage peak, 44
inverter loss over time, 38
laminated bus bar at IGBT module 

connection, 205
limits of, 35
market, 25
maximum current, 38
modules, 204
NPT, 36
operation, 34–39
optimal design of gate resistor, 41–45
packages, 202
parallel, 410
peak voltage at diode turn-off, 43–44
performance evolution, 24
Powerex IGBT technologies, 53
principle of, 37
protection, 45
PT, 36
requirements, 39–41
short-circuit in, 185
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Insular gate bipolar transistor (IGBT)  (Continued)
SOAs, 45
static derating factor dependence on, 413
switching characteristics of, 34
technology launch year, 37
trench gate technology, 38
turn-off waveforms, 29
turn-on waveforms for, 27
unequal voltage sharing across, 48
voltage equation for gate circuit, 42

Insulated metal substrate technology (IMS 
technology), 298; see also Intelligent 
power modules (IPM)

Integrated circuit (IC), 243, 376; see also 
Three-phase power converter

high-voltage, 281
for power supplies, 207
PWM control IC, 208

Integrated gate commutated thyristor (IGCT), 
7, 51–52; see also High-power 
semiconductor devices

Integrated hybrid modules (IHM), 203
Intelligent power modules (IPM), 280, 293, 527; 

see also Intelligent power modules in 
direct AC/AC converter; Varistors; 
Voltage source inverter

advantages, 294–295
aluminum heat-sink, 296
bootstrap capacitor, 302
bootstrap diode, 302
bootstrap power supply, 302, 303
conventional, 305
DBC substrate, 296, 297–298
to de-energize load, 304
device review, 298–301
drawbacks, 295
dual diode bridge circuitry, 304
gate driver, 296
history, 293
IGBT chip, 295–296
IMS technology, 296, 298
IPM/IRAMS modules implementation, 505
local power supplies using, 301–304
nonlinear gate resistance, 297
other approaches, 298
packaging, 296
substrate, 296
switch-mode unregulated dc/dc converter, 

303, 304
transfer mold technology, 296
VLSI, 293

Intelligent power modules in direct AC/AC 
converter, 525; see also Intelligent 
power modules in network of 
switches; Thermal performance

converter operation with constant DC 
current, 527

CSI, 525, 526
electrolytic capacitor, 529
hardware development, 525
IPM implementation, 527
performance, 529
product requirements, 528–529
PWM algorithm, 526

Intelligent power modules in network of switches, 
501; see also Cyclo-converters; Direct 
AC/AC converter analysis; Generalized 
vector transform; Intelligent power 
modules in direct AC/AC converter; 
Pulse width modulation generator

control system, 515, 518
current control algorithm, 501
currents calculated with moving average, 505
diode rectifier, 501
grid current, 503, 504
grid interface, 501
IPM/IRAMS modules implementation, 505
light third harmonic, 503, 505
multilevel converter, 511, 512
power conversion, 501
power filter topology, 501, 502
power loss distribution, 503, 505–507
synchronization with grid voltage, 501–502

Interleaved carriers, 543, 544
Interleaved operation of power converters, 424–425

interleaving possibilities, 427, 428
topologies used, 426

Intermediate DC circuit, 10; see also Adjustable 
speed drives (ASD)

Inter-phase reactors, 417
connections of, 417

Inverter; see also B4 inverter; Converter; Current 
Source Inverters (CSI); Voltage source 
inverter; Z-source inverter

leg, 62–63
switching states, 171
three-phase, 12
four leg inverter, 201
voltage gain, 126

Isolation circuits, 158

J

Junction temperature, 55

K

Kelvin method, 279–280

L

Lifetime, 221; see also Accelerated tests; Power 
electronics; Reliability

acceleration factor, 228
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activation energy, 224–225
bathtub curve for, 221
calculation and modeling, 228
capacitor, 226
component failure rate, 223–225
failure and, 223
failure modes for power semiconductor 

device, 226
failure rate for diverse components, 225–226
fault tree for power converter, 228
improvisation, 222–223
modeling with physics of failure, 234
multiple mechanism model, 229
problem setting, 228
system failure rate, 223
wear-out mechanisms, 226–227

Limit cycles in power supplies, 274
Line-to-line voltage (VLL), 9, 365
Liquid thermal conductivity, 219
Load sharing, 12; see also Adjustable speed 

drives (ASD)
Logic decoder, 250, 252
Low harmonics reduction from geometrical 

locus, 447
Low modulation index, 475, 478, 480
Low-pass filter (LPF), 63, 76, 370
LPF, see Low-pass filter (LPF)

M

Manganin wire, 280
Marine power systems, 5–6
Master-slave control, 430
Matrix converter; see also Cyclo-converters; 

Multilevel converters
AC/AC, 507, 508
dyadic, 508
implementation with IPM/IRAMS, 509
load voltage, 511
topology with unidirectional switches, 508–511
with VSI modules, 507

Maximum modulation index, 145
Mean time between failures (MTBF), 221
Medium-power converters, see Power electronics
Memory look-up table, 250, 272
Metal oxide varistors (MOVs), 187, 188
Microcontrollers in power converter control, 

254–255; see also Software 
implementation in microcontrollers

counter timing manipulation, 258–259
with power converter interfaces, 263, 264–265
reference signal approximation, 260
SIN look-up table, 260
SVM software implementation, 259, 260

Microprocessors in power converter control, 
253–254; see also Fuzzy logic

Miller effect, 315

Miller plateau, 26
Minimum squared error, 447
Mixed-mode motor controller ICs, 245–246
m-level multilevel converter, 487, 489

3-phase converter, 493
MLV, see Multilayer Varistor (MLV)
Modulation function, 461, 462; see also 

Switching reference function
Modulation index, maximum attainable, 469
MOSFET device, 209

latch-up, 30; see also Power MOSFET device
Most significant bits (MSB), 250
Motor connection, 13; see also Adjustable speed 

drives (ASD)
Motor control coprocessors, 265–266
Motor control DSPs, 256
Motor drives, 179; see also Three-phase power 

converter
MOVs, see Metal oxide varistors (MOVs)
MSB, see Most significant bits (MSB)
MTBF, see Mean time between failures (MTBF)
Multiconverter power electronic systems, 18; 

see also Power electronis
advantages, 18–19
applications, 18
drives, 18

Multilayer Varistor (MLV), 187
Multilevel converters, 485, 511, 512; see also 

Cyclo-converters; Matrix converter; 
Pulse width modulation generator

combination converters, 490, 491
diode-clamped multilevel converter, 489–490
dual-IPM based, 512
flexible AC transmission system, 499
flying capacitor multilevel converter, 487–489
4-level converter, 488
Fuji IPM modules, 52
harmonic spectra for un-modulated, 495
H-bridge converter, 485–487
High voltage motor drives, 499–500
HVDC lines, 499
m-level 3-phase converter, 493
m-level multilevel converter, 487, 489
passive filters, 492
principle, 485
semiconductor ratings, 491
three-level converter, 486, 487
voltage levels in 4-level flying capacitor 

converter, 488
waveform optimization, 486

Multilevel waveform, 486
Multistepped switching, 459

N

NanoHenries (nH), 188
Natural sampling method, 95
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NERC, see North American Electric Reliability 
Corporation (NERC)

Network of switches, 501
New inverter topologies, 341

alternative solution, 344
B4 inverter topology, 342
DC/DC converter, 344
loss estimation, 345
machine operation, 344
reduced component count, 342
rotating magnetic field, 343
sinusoidal wave, 343
unidirectional load current, 342, 343

nH, see NanoHenries (nH)
Nonlinear gate resistance, 297
Non-punch through (NPT), 35

approximate launching year, 37
IGBT, 36
maximum current achievable, 38
principle of, 37

North American Electric Reliability Corporation 
(NERC), 235

NPT, see Non-punch through (NPT)
Null-states, 458

time allocated to, 468–469

O

OEM, see Organization of Electronics 
Manufacturers (OEM)

Office of Naval Research (ONR), 293
ONR, see Office of Naval Research (ONR)
Operating temperature, 55
Operation of two-quadrant power converter, 

515, 516
Organization of Electronics Manufacturers 

(OEM), 1
Output–input relationship, 462
Output phase voltages after LC filter, 

438, 439
Output voltage vectorial positions, 497
Overmodulation, 125–126

for SVM, 164–165

P

Parallel converters, 409
Paralleling inverter legs, 416; see also Converter 

control system; Small-signal model
control system, 418
current control, 420–421
direct connection, 417
(d, q) vs. (d, q, 0) control, 423–424
galvanic isolation, 416
inter-phase reactors, 417
load types, 418
PI control, 424

Parasitic bipolar transistor, 31; see also Power 
MOSFET device

Park/Clarke set of transforms, 286–287
Park transform, 135; see also Space vector 

modulation theory
exercises, 174

Passive filters, 492
Passive injection circuits, 383
PCBs, see Printed circuit boards (PCBs)
PEBB, see Power Electronics Building Block 

(PEBB)
Performance indices, 73, 76

content in fundamental (z), 76
current distortion factor, 78
DF2 for regular SVM, 78
frequency analysis, 74–76
HCF, 76–77
modulation index, 76
output with filter of power supply, 78
spectral function, 75
THD coefficient, 76, 77

Phase control, 9
Phase locked-loop (PLL), 376
Phase voltages, 373
PI, see Proportional-integral (PI)
P-I-S controller, see Proportional-

Integrative-Sinusoidal controller 
(P-I-S controller)

PLC, see Programmable logic circuit (PLC)
PLL, see Phase locked-loop (PLL)
Pole voltage, 335–336
Power conversion, 501
Power converters, 1, 89, 501; see also 

Adjustable speed drives 
(ASD); Grid interfaces; High-
power semiconductor devices; 
Intelligent power modules (IPM); 
Multiconverter power electronic 
systems; Power electronics; 
Transportation electrification 
systems

advanced efforts in, 2
core of, 8
energy conversion towards load, 364
fault tree for, 228
grid harmonics, 15
grid-tied power supplies, 6–7
medium voltage, 7
microprocessors/microcontrollers, 253–255
motor drives, 6
peak current for compensation, 503
performance of, 279
power removal, 215
60°-wide intervals, 503
technology status, 1
traditional industrial applications, 6
working on grid application, 101
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Power converters, component-minimized three-
phase, 341, 360; see also B4 inverter; 
New inverter topologies; Z-source 
inverter

cost reduction, 341
direct converters, 345–346
dual-stage automotive motor drive, 357
grid interfaces with power factor correction, 

341
IGBT-based AC controller, 346
two-leg converter, 355–356, 357

Power converters, parallel and interleaved, 409, 
431; see also Circulation currents; 
IGBTs paralleling constraints; 
Interleaved operation of power 
converters; Paralleling inverter legs; 
System controller

built of high-power vs. lower-power devices, 
409–411

circulation currents, 424
conduction loss, 411
exercises, 431
gate control for current sharing, 415–416
paralleling power semiconductor switches, 

410
PWM algorithm selection, 427, 428, 429
switching loss, 410
zero-sequence current, 424

Power electronics, 19; see also Failure rate; 
Lifetime; Reliability; Thermal 
management

application areas, 1
circuits, 7
failure categories in, 226
power switch availability, 8
technologies, 381

Power Electronics Building Block (PEBB), 293
Powerex IGBT, 53, 180
Power filter, conventional topology of, 501
Power filter topology, 501, 502
Power loss, 530

distribution, 532
for IPM package, 503, 505–507

Power loss estimation, 46; see also High-power 
semiconductor devices; Insular gate 
bipolar transistor (IGBT); Power 
MOSFET device

conduction loss, 47
diode turn-off, 47
switching characteristics, 46
switching-loss energy, 46
turn-off energy, 47

Power modules, 203
Power MOSFET device, 23, 26; see also High-

power semiconductor devices; Insular 
gate bipolar transistor (IGBT); Power 
loss estimation

additional diodes, 30
capacitances, 26–27
control, 32
deadtime, 120
evolution of, 30
exercises, 56–57
figure of merit, 32, 33, 34
free-wheeling diodes, 29
Fuji device performance, 31
gate-drain capacitance variation, 28
gate drivers, 32
gate-source capacitance, 28
gate switching characteristics, 28, 29
internal structure of, 30
Miller plateau, 26
ohmic region analysis model, 27
operation, 26–32
parasitic bipolar transistor, 31
performance index, 26
SOAs, 45
technology evolution, 31, 33
transient analysis model, 27
transistor base, 30
turn-off waveforms, 29
turn-on waveforms for, 27

Power semiconductor
components, 23; see also High-power 

semiconductor devices
devices, 186
paralleling, 410

Power source, nonconventional, 6
Power stage for 4-quadrant converter, 

515, 517
Power switch implementation, 458–459
Power transfer, 463
Preprogrammed PWM, 81; see also Three-phase 

inverter
advantages and disadvantages, 81
binary-programmed PWM, 87
bipolar and unipolar PWM waveforms, 82
eliminated harmonics, 84
Fourier coefficients, 85
Fourier series, 82, 83
fundamental component, 82
line-to-line voltage with eliminated 

harmonics, 86
for single-phase inverter, 82–84
for three-phase inverter, 84–87

Printed circuit boards (PCBs), 202, 236
Processing power, 545

evolution, 533
performance, 545

Programmable logic circuit (PLC), 8
Proportional-integral (PI), 380

compensator, 123
controller, 284, 420
control system, 386, 424
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Proportional-Integrative-Sinusoidal controller 
(P-I-S controller), 395, 397; see also 
Feed-forward controller

compensated controller, 398
control system principles, 401
drawback of, 399
enhancing PI regulator, 398
Laplace transform for error signal, 396
open-loop transfer function, 398
steady-state error, 399, 400
use of PI controllers, 402

Protection circuits, 12; see also Adjustable speed 
drives (ASD)

PT technology, see Punch-through technology 
(PT technology)

Pulse-based deadtime compensator, 124; see also 
Deadtime interval

Pulse width modulation (PWM), 8, 12, 63, 95, 
131, 243, 346, 364, 418; see also Pulse 
width modulation, carrier-based; 
Sinusoidal carrier based PWM; Space 
vector modulation (SVM); Three-
phase inverter; Vectorial PWM; Volt-
per-Hertz control

asymmetrical, 96
bus compatible digital interfaces, 249–250
discrete, 281
exercises, 127, 175
generation in three-phase system, 99
harmonic elimination and regular-sampled, 107
harmonic spectra for sinusoidal, 496
HCF for, 105
high frequencies, 106
modulator references for discontinuous, 102
module role, 243
operation in low-frequencies, 104–106
pulses on different intervals, 104
PWM control IC, 208
sampling frequency vs. output frequency, 105
sequence generation, 427
sinusoidal, 96, 493–496
software inputs, 478
staircase, 115
symmetrical, 96
synchronized, 543
for three-phase resonant converters, 337–338
time intervals involved, 144
uniform-sampled, 96
voltage generation, 494
Volt/Hertz drives, 101, 103
analog PWM controllers, 243
bus compatible digital PWM interfaces, 

249–250
counter timing manipulation, 258–259
deadtime digital controllers, 253
feedback control loop, 244
limit cycles in power supplies, 274

mixed-mode motor controller ICs, 245–246
motor control coprocessors, 265–266

Pulse width modulation algorithm, 63–68, 441, 
461, 492, 526; see also Pulse width 
modulation control; Sinusoidal 
carrier based PWM; Space vector 
modulation; Voltage source converter

to avoid shoot-through, 525
designing, 458, 479, 481
harmonic elimination, 498–499
harmonic spectra for sinusoidal PWM, 496
HCF of output voltage, 496
to improve efficiency, 495
indirect matrix converter, 476–477, 481
modulation function, 461, 462
output voltage vectorial positions, 497
principle, 492–493
PWM voltage generation, 494
quasi-rectangular waveforms decomposition, 

498
rectified AC input voltages, 477, 480
selection, 427, 428, 429
sine-triangle PWM, 494
sinusoidal PWM, 493–496
space vector modulation, 497–498
switching sequence, 495
third harmonic injection in reference signal, 

494
Pulse width modulation algorithm 

implementation, 243, 275; see also 
Digital processor in power converter 
control; Digital PWM controllers 
with counter; Event Manager; Flash 
memories

accuracy of PWM generator, 274
quantization resolution effect, 276
resolution and accuracy, 273
Schmitt trigger comparator, 243
single-channel pair PWM control, 249
SLE4520 circuit, 249
steady-state output oscillations, 274
step-by-step motor, 245

Pulse width modulation algorithm optimization, 
446

circular corona, 447
comparative results, 447–449
low harmonics reduction from geometrical 

locus, 447
minimum squared error, 447

Pulse width modulation control, 368, 441; 
see also Pulse width modulation 
generator; Single-switch applications; 
Six-switch converters; Space vector 
modulation; Topologies with current 
injection devices

analog controllers, 243; see also Digital 
PWM controllers with counter
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harmonic elimination programmed 
modulation, 441–442

phase current after LC filter, 442–444
reference signal, 441
shutdown pins, 244
signal determination, 443
signals for logic circuitry, 444
single-channel pair, 249
sinusoidal modulation, 442
switching state selection, 443
trapezoidal PWM, 441

Pulse width modulation control implementation, 
477–479, 481

glue logic circuitry, 477
numerical values for time intervals, 478, 481
PWM software inputs, 478

Pulse width modulation generator, 103, 243, 244, 
518–521; see also Cyclo-converters; 
Pulse width modulation control

accuracy of, 274
grid voltage as feed-forward component, 520
load current, 518
output voltage, 518–519
shutdown pins, 244
space vector, 519, 520
three-phase, 245
unbalanced grid voltage, 520
voltage vector control, 520

Punch-through technology (PT technology), 35
approximate launching year, 37
IGBT, 36
maximum current achievable with, 38
principle of, 37

Pulse width modulation, carrier-based, 95, 127; 
see also Deadtime interval; Pulse 
width modulation (PWM); Three-
phase inverter

algorithms, 95–101
component on fundamental frequency, 113
control voltage compensation, 112
exercises, 127–128
Fourier coefficient relationship, 112
harmonic reduction implementation, 106–108
harmonic results for load current, 115
maximum modulation index, 97
minimum pulse width, 108–114
modulation index and voltage reference 

magnitude, 112
motor drive applications, 101
operation limits, 120
overmodulation, 125–126
polynomial equation, 117, 118
pulse dropping avoidance, 114–119
pulse dropping effect, 109
pulse dropping interval effect, 110, 111
pulse dropping region, 111
pulse limitation effect, 110

reference function, 100
reference signal sampling, 99
reshaping control voltage, 114
sinusoidal PWM, 96
staircase PWM, 115
switching waveforms for short pulse, 109
third-harmonic injection, 100, 116
trapezoidal and staircase references, 98
triangular waveform shapes, 95
vector control operation waveforms, 119
voltage dependency on modulation index, 111
voltage gain linearization, 126–127
zero current clamping, 124–125

Q

Quasi-rectangular waveforms decomposition, 498
Quasi-resonant circuit for ZCT, 329
Quasi-resonant converter topologies, 335; see 

also Resonant three-phase converters
pole voltage, 335–336
resonant DC bus, 336–337

R

Radiation emissivities, 206
Rail propulsion systems, 5; see also 

Transportation electrification systems
Ram Air Turbine system (RAT system), 5
RAMP, 236
RAT system, see Ram Air Turbine system (RAT 

system)
RB-IGBT, see Reverse blocking IGBT 

(RB-IGBT)
RCD, see Resistance-Capacitance-Diode (RCD)
Rectified AC input voltages, 477, 480
Rectifier, 470

as current source converter, 470, 474
waveforms for, 473

Reference modulation waveforms, 466
Reference waveform, 434
Regeneration, 12; see also Adjustable speed 

drives (ASD)
RELCALC, 236
Relex Reliability Studio, 236
Relex Scandinavia, 236
Reliability, 220, 239; see also Lifetime; Power 

electronics; Thermal management
DFR, 238–239
factory reliability testing, 237–238
failure rate, 221
FIT, 221
improvisation, 222–223
mathematical models, 239
MTBF, 221
power electronics specifics, 236–237
software tools, 235
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Reliability  (Continued)
standards, 234–235
Telcordia model, 235
tools from theory of, 235–236

RelXpert, 236
Resistance-Capacitance-Diode (RCD), 192
Resonance

with CSI-filter assembly, 449, 451
prevention, 449, 451

Resonant controller, see Proportional-Integrative-
Sinusoidal controller (P-I-S controller)

Resonant converter topologies, 312
Resonant DC bus, 336–337
Resonant snubber, 194
Resonant three-phase converters, 309; see also 

Quasi-resonant converter topologies; 
Zero current transition (ZCT); Zero-
voltage transition (ZVT)

applications of, 314
exercises, 338
IGBTs, 312, 313
PWM for three-phase resonant converters, 

337–338
resonant-converter topologies, 312
silicon-controlled rectifier, 311
soft-switching operations, 313
switching loss comparison, 313, 314
switching loss reduction, 309–311
system implications of resonant circuits and 

efficiency improvements, 312–313
turn-off waveforms, 311
turn-on waveforms, 310

Reverse blocking IGBT (RB-IGBT), 459
Reverse Conducting IGBT (IGBT-RC), 52; see also 

High-power semiconductor devices; 
Insular gate bipolar transistor (IGBT)

devices, 345
RK fuses, 185–186; see also Fuse
RMS, see Root mean square (RMS)
Root mean square (RMS), 61
Rotating vectors, 457

S

Safe operating area (SOA), 45
Schmitt trigger comparator, 243
SCR, see Silicon-controlled rectifier (SCR)
S-D-H method, 154; see also Switching sequence

pulse generation with, 155
Semiconductor devices, 61; see also Insular gate 

bipolar transistor (IGBT)
equivalent model of thermal system, 216
failure modes for power, 226
reliability testing, 237–238
wear-out mechanisms in power, 226–227

Semiconductor ratings, 491
Sensors, 12; see also Adjustable speed drives (ASD)

S-G-S method, see Symmetrically generated 
SVM method (S-G-S method)

SHERLOCK, 236
Shunt resistor, 279

integrated power modules, 280
less waveform distortion, 281
low-pass filter on measurement path, 281
made of, 280
sensing resistors, 280
signal from, 280
voltage drop, 281

Shunts, 279
Shutdown pins, 244
SiC, see Silicon-carbide (SiC)
Silicon-carbide (SiC), 7

device technology, 54–55
Silicon-controlled rectifier (SCR), 9, 311, see 

Thyristor
Simple direct SVM, see S-D-H method
Sine-triangle PWM, 494
Single inline package (SIP), 203
Single-switch applications, 368

bend-point value, 374
boost converter grid interface control, 369
boost inductance, 368–369
circuit with grid-side inductance, 368
converter input currents and voltages, 371
current average relationship, 374
current levels, 370
DC/DC converters, 368
discharge interval, 373, 374
double DC stage, 368
duty cycle modulation results, 375
energy transfer, 370
harmonic signal injection, 376, 377
input current theoretical waveform, 376
low harmonics content of input currents, 378
low-pass grid filter, 370
mathematical expressions for currents, 373
modulation function, 375
negative effects of input filter, 376
output voltage on input current harmonics, 376
reference signal for PWM control, 372
sinusoidal waveform grid current, 368
six order harmonic, 372
THD for input current, 376, 377
three-phase boost converter, 372, 369
ON time of switch, 372

SIN look-up table, 260
Sinusoidal carrier based PWM, 461; see also 

Pulse width modulation algorithm
direct transfer function, 463
frequency changer, 462–463
output–input relationship, 462
power transfer, 463
static VAR compensator, 462, 464–465

Sinusoidal waveform grid current, 368
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SIP, see Single inline package (SIP)
Six-step operation, 71–72, 137

output voltage waveforms and state coding 
for, 138

Six-switch converters, 377; see also Vectorial 
PWM

bidirectional power flow, 378
controllable power factor, 380
DC bus voltage utilization, 381
delta control of power converters, 379
grid voltages, 378–379, 380
to obtain three-phase voltages, 381
PI controller, 380, 381
scalar control of DC voltage, 379
switching vectors, 381, 382
three-phase grid interface with six 

switches, 379
vectorial methods, 379
voltage equations, 379, 380
waveforms characterizing modulation with 

no-switching, 382
SLE4520 circuit, 249
Small-signal model, 421

boost DC/DC converter, 421
duty cycle to inductor current transfer 

function, 422–423
power transfer through boost DC/DC 

converter, 423
Snubber circuits, 188; see also Three-phase 

power converter
active snubbering, 197
active voltage overshoot protection, 197
capacitor voltage, 195
charging time interval, 195
circuit examples, 194
collector–emitter voltage, 189
component selection, 192
distributed resonant snubber, 197
exercises, 212
losses in snubber resistor, 192
maximum desired voltage, 191
moment of time, 196
regenerative, 193
resistor, 191
resonant snubbers, 193–197
snubber and switch equivalent circuit, 189
snubber capacitor, 190, 191, 192
snubber resistor, 192
theory, 188–192
trajectories during operation, 188
undeland, 192–193

SOA, see Safe operating area (SOA)
Soft-charge circuit, 11; see also Adjustable speed 

drives (ASD)
Soft shutdown method, 183; see also Three-phase 

power converter
Soft-switching operations, 313

Software implementation in microcontrollers, 
258; see also Microcontrollers in 
power converter control

algorithm, 262–263
counter timing manipulation, 258–259
time interval constants calculation, 259

Space vector generation, 466
Space vector modulation (SVM), 131, 250, 419, 

444, 465, 497–498, 540; see also 
Pulse width modulation (PWM); 
Rectifier; Space vector modulation 
theory; Symmetrically generated 
SVM method (S-G-S method); Time 
intervals; Vectorial PWM

adaptive, 146
with adaptive compensation, 150
algorithm, 147, 251, 520
averaging theory, 152, 157
conduction intervals, 470
converter states, 445
current source converter, 470
current space vector positions, 445
digital synthesis, 252
displacement factor control, 473
hardware implementation of, 268–269, 270, 271
high modulation index, 475, 477, 479
low modulation index, 475, 478, 480
maximum output voltage reduction, 146
overmodulation for, 164–165
phase shift, 467
pulse generation within, 446
as rectifier-inverter back-to-back system, 

470, 480
reference modulation waveforms, 466
sinusoidal input currents with phase shift, 475
software implementation of, 267–268
space vector generation, 466
space vector PWM strategy, 445
state sequence, 466, 467
switching combinations, 470, 471
switching reference function for, 151
switching vectors, 472
third harmonics in SVM generation, 152
vectorial positions, 476
vectors selection, 467
vector states, 475, 476
voltage space vector generation by, 146

Space vector modulation theory, 131; see also 
Space vector modulation (SVM); 
Three-phase inverter; Vectorial PWM

application, 136
base vector selection, 133
Clarke transform, 134
exercises, 174
history and evolution of concept, 131–132
maximum modulation index, 145
orthogonal base vectors, 133
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Space vector modulation theory  (Continued)
Park transform, 135
pulse width calculation, 144
review of, 131
three-phase system, 132
time interval derivation, 143–145
vectorial transforms and advantages, 132–134
zero vectors, 144

Space vectors, 131; see also Space vector 
modulation theory

generation of voltage, 146
positions, 457–458

Sparse converter, see Indirect matrix converter
SPC, see Statistical process control (SPC)
Spectral analyzers, 536
Spectral function, 75
STATCOM, see Static Synchronous 

Compensator (STATCOM)
State sequence, 466, 467
State transition, 460–461
Static Synchronous Compensator 

(STATCOM), 499
Static VAR compensator, 462, 464–465, 509–510
Stationary vectors, 457
Statistical process control (SPC), 222
Stator voltage equation, 168–169
Steady-state output oscillations, 274
Step-by-step motor, 245
Step-down conversion with ZCT, 329; see also 

Step-up conversion with ZCT
capacitor discharge, 332
current through output diode, 330
load current through power switch, 331
output diode turns-on, 332
output voltage and resonant period, 332
sinusoidal variation in current, 331
voltage across capacitor, 331
voltage and current waveforms, 330

Step-down conversion with ZVT, 317–322; see 
also Step-up power transfer with ZVT

conduction loss, 322
current through output diode, 320–321
current through resonant circuit, 320
impedance, 319
load current, 322
output diode current, 321
resonant frequency, 319
switching loss for light load, 322
voltage across diode, 319
voltage across resonant capacitor, 320
voltage across resonant inductor, 321
voltage across power switch, 322
voltage and current waveforms, 318

Step-up conversion with ZCT, 332; see also 
Boost converter; Step-down 
conversion with ZCT

step-up converter, 333

voltage across capacitor and inductance, 335
voltage across parallel resonant 

circuit, 334
voltage and current waveforms, 333

Step-up power transfer with ZVT, 322; see also 
Step-down conversion with ZVT

current through anti-parallel diode, 324
current through capacitor, 323–324
voltage across capacitor, 323
voltage and current waveforms, 325

Stochastic ripple cancelation, 542, 543
Storage temperature, 55
Stress factors, 224
Subcycle method, see Natural sampling method
Suboscillation method, see Natural sampling 

method
Surge arrestors, 187
SVM, see Space vector modulation (SVM)
Switched-Mode Rectifier, see AC/DC current 

source converter
Switching

combinations, 470, 471
processes distribution, 530, 531
states and currents, 434
table, 419
vectors, 472

Switching functions, 87; see also Three-phase 
inverter

DC current, 88, 89
to define operation, 436–441
exercises, 93
load voltages, 88

Switching loss, 410
comparison, 313, 314
reduction, 309–311

Switching reference function, 150; see also 
Vectorial PWM

derivation, 150–151
for PWM generation, 158
for regular SVM, 151
third harmonic, 151, 152

Switching sequence, 152, 250, 251, 495; see also 
Vectorial PWM

continuous reference function, 152–157
discontinuous reference function, 157–162
exercises, 175
with four states, 159
harmonic results for PWM, 156
modified space vector modulation, 160
output phase current, 162
pulse generation, 154, 155, 160
selection, 159–161
sharing of zero-state intervals, 153
spectra for PWM, 157
switching loss, 161
three-phase voltage waveforms, 155
vectorial discussion, 161
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Switch-mode unregulated DC/DC converter, 
303, 304

Switch operation, basic, 62
Symmetrically generated SVM method (S-G-S 

method), 154
pulse generation with, 156

System controller, 429–431
to achieve control S/H, 430
circular chain control, 430
communication link loss, 431
master-slave control, 430

System implications of resonant circuits and 
efficiency improvements, 312–313

System level waveforms, 437, 438, 440

T

Tail effect, 51
T-Cube systems, 236
Telcordia model, 235
Thermal management, 215, 239; see also Power 

electronics; Reliability
Cauer model, 218
equivalent model of thermal system, 216
Foster model, 219
freezing point of cooling agents, 218
heat capacity, 218
heat spreader, 217
liquid thermal conductivity, 219
theory, 215–217
thermal calculations, 215
thermal conductivity of different materials, 

218
thermal efficiency of cooling methods, 217
thermal time constant, 219
transient equivalent circuit and temperature 

evolution, 220
transient thermal behavior, 220
transient thermal impedance, 218–220
transient thermal model, 219

Thermal performance, 529
conventional back-to-back converter, 530
new topology based on multiple-IPM 

modules, 531
power loss, 530, 532
switching processes distribution, 530, 531

Thermal time constant, 219
Third harmonic injection in reference signal, 494
Three-level converter, 486, 487
Three-phase AC–AC matrix converter, 456
Three-phase boost converter, 369
Three-phase converter, 96–97; see also Pulse 

width modulation (PWM); Three-
phase inverter

parallel connection of six-switch, 429
3-phase converter, m-level, 493
Three-phase grid interface with six switches, 379

Three-phase inverter, 12, 61, 92, 101; see also 
Adjustable speed drives (ASD); DC 
bus capacitor; Harmonic spectrum 
calculation; Preprogrammed PWM; 
Pulse width modulation (PWM); Pulse 
width modulation, carrier-based; 
Space vector modulation theory; 
Switching functions; Vectorial PWM

basic switch operation, 62
braking leg in power converters, 89
circuit equations, 69
circulation for converter leg control, 63
control of each switch, 64
current source inverter, 434
current space vector trajectory derivation, 

137–142
current vector trajectory, 140, 141
DC and phase currents, 90
DC current spectrum, 91
derating based on temperature, 90
derived from single-phase topology, 69
duty cycle with AC variation, 62
exercises, 93, 128, 175
flux trajectory, 143
harmonic results, 68
high-power devices, 61–62
inverter leg, 62–63
leakage inductance, 142
load connections, 69
modulation index, 76
operation and functions, 68–72
output phase current, 139
output voltage, 66, 138
PWM algorithm, 63–68
six-step operation, 71–72
spectra of different operation modes, 67
star-connected three-phase load, 68
step-down DC/DC conversion, 61
switching angles for harmonic cancelation, 107
switching frequency, 72, 73
switching vectors, 137, 138
vector flux, 142
vectorial analysis of, 137
voltage construction on load, 70
voltage-source inverter, 137
voltage space vector, 140
voltage waveforms, 139
waveforms characterizing converter 

operation, 65
zero vector, 142

Three-phase phase-controlled rectifier, 7
Three-phase power converter, 9, 179, 212; see 

also Adjustable speed drives (ASD); 
Flyback power converter; Fuse; 
Intelligent power modules (IPM); 
Multilevel converters; Snubber circuits

active control, 200
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Three-phase power converter  (Continued)
auxiliary power, 207
building structures of conventional inverter, 202
common mode current, 199
common mode EMI reduction, 198–201
common mode transformer, 200
converter packaging, 204–205
desat protection, 182, 183
enclosures, 205–206
exercises, 212
four leg inverter, 201
gate driver faults, 197
grid applications, 180
ground fault, 181–182
IC for power supplies, 207–208
IGBT modules, 204
laminated bus bar at IGBT module 

connection, 205
motor drives, 179
neutral point voltage variation, 198
neutral voltage and inverter operation states, 

199
overcurrent protection, 180–183
overtemperature protection, 186–187
overvoltage protection, 187–188
packages for power semiconductor devices, 

202–204
power device selection, 179
power distribution, 204
power modules, 203
power to, 501, 502
protection, 180
PWM without zero states, 202
references for three phase currents, 501, 503
shoot through, 182
short-circuit between two phases, 181
single-switch flyback power supply, 209
soft shutdown method, 183
system protection management, 198

Three-phase PWM generation with counter, 247
Three-phase single-switch boost converter, 369
Three-phase system, 132
Thyristor, 131; see also Integrated gate 

commutated thyristor (IGCT); 
Silicon-controlled rectifier (SCR)

circuit, 7
GTO thyristors, 5, 51, 363

Time interval constants calculation, 259
Time intervals, 467–469; see also Pulse width 

modulation generator
calculation of, 468
maximum attainable modulation index, 469
numerical values for, 478, 481
for SVM based on stationary vectors, 470, 

472, 475
time allocated to null-states, 468–469
waveforms at matrix converter terminals, 469

Timer interface module, 265
Topologies with current injection devices, 381

active filter, 383, 385
active injection circuits, 383, 385
control circuitry, 383, 384, 385
passive injection circuits, 383

Topology based on multiple-IPM modules, 531
Total harmonic distortion (THD), 15, 100, 262, 363

coefficient, 76
exercises, 93
of input current, 546
for output voltage, 544
variation with modulation index, 77

Transfer mold technology, 296
Transient thermal model, 219
Transportation electrification systems, 4; see also 

Power electronics
automotive sector, 4
aviation, 4–5
marine power systems, 5–6
propulsion systems, 4
railways, 5

Transputer devices, 258
Trench-gate IGBTs, 309
Trench gate technology, 38
Turn-off characteristics, 328
Turn-off waveforms, 311
Turn-on waveforms, 310

U

UL, see Underwriters Laboratory (UL)
Unbalanced grid voltage, 520
Underwriters Laboratory (UL), 185

classification of low-voltage fuses, 185, 190
Unfiltered grid current, 503, 504
Uninterruptible power supply (UPS), 1
UPS, see Uninterruptible power supply (UPS)

V

Varispeed F7, 455
Varistors, 187
VCO, see Voltage-controlled oscillator (VCO)
Vectorial positions, 476
Vectorial PWM, 131, 174; see also Harmonic 

current factor (HCF); Pulse width 
modulation (PWM); Space vector 
modulation theory; Switching 
reference function; Switching 
sequence; Three-phase inverter; Volt-
per-Hertz control

active power, 169
comparison, 162–163
distortion factor vs. modulation index, 164
exercises, 174–175
inverter switching states, 171
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link to vector control, 147–150
loss performance, 162
overmodulation for SVM, 164–165
power transfer during transients, 169, 170
RMS of additional voltage, 173
stator voltage equation, 168–169
switching performance, 162
transient response improvisation, 168–174
voltage vectors generation, 171, 172

Vector space, 131
dimension of, 132
transformations, 133

Vector states, 475, 476
Very-large-scale integrated circuits (VLSI), 293
VLL, see Line-to-line voltage (VLL)
VLSI, see Very-large-scale integrated circuits 

(VLSI)
Voltage and current waveforms, 318, 325, 330, 333
Voltage compensator, 123; see also Deadtime 

interval
Voltage-controlled oscillator (VCO), 404
Voltage feedback through PI compensator, 123; 

see also Deadtime interval
Voltage levels in 4-level flying capacitor 

converter, 488
Voltage source converter, 433

reference waveform, 434
Voltage source inverter, 525

PWM generator for, 443
Voltage sources, 456
Voltage vectors, 419

control, 520
Volt-per-Hertz control (V/Hz control), 101, 165; 

see also Pulse width modulation 
(PWM); Vectorial PWM

circular corona, 166
high-frequency operation mode, 167–168
low-frequency operation mode, 165–167
operation modes, 165, 166
operation within 30° sector, 167
pulse width changes, 167
spectra for different PWM patterns, 168

W

Waveforms
at matrix converter terminals, 469
for operation without modulation of 

rectifier, 473
for switching frequency, 539

Wear-out mechanisms, 226
in semiconductor die, 227
thermo-mechanical, 227

Y

Yaskawa’s AC7 Matrix Converter, 455

Z

ZCT, see Zero current transition (ZCT)
Zero current clamping, 124

dependence on current frequency and 
magnitude, 125

Zero current switching, 312
Zero current transition (ZCT), 328; see also Step-

down conversion with ZCT; Step-up 
conversion with ZCT

drain-source voltage, 328
loss reduction at turn-off, 328, 329
quasi-resonant circuit for, 329
tail current, 328
turn-off characteristics, 328

Zero-sequence current, 424
Zero vector, 142, 144

voltage vectors generated during, 171
Zero-voltage switching (ZVS), 34, 283, 312
Zero-voltage transition (ZVT), 315; see also 

Bi-directional power transfer with 
ZVT; Resonant snubber; Step-down 
conversion with ZVT; Step-up power 
transfer with ZVT

equivalent circuit for IGBT device, 316
gate characteristics comparison, 316
gate voltage at turn-on, 315
Miller effect, 315
power semiconductor devices, 315
quasi-resonant circuit for, 317, 318
tail current, 316
turn-off process, 316

Z-source converter, 356–357
Z-source inverter, 356, 358

as boost converter, 357
boost factor, 359–360
control signals, 359
global voltage gain, 359
second harmonics in capacitor voltage, 357, 

358
short-circuit interval, 359

ZVT, see Zero-voltage transition (ZVT)
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